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Abstract
BY

TONI LÓPEZ

PROSPECTS OF VOLTAGE REGULATORS FOR NEXT
GENERATION COMPUTER MICROPROCESSORS
Synchronous buck converter based multiphase architectures are evaluated to
determine whether or not the most widespread voltage regulator topology can
meet the power delivery requirements of next generation computer
microprocessors. According to the prognostications, the load current will rise to
200A along with the decrease of the supply voltage to 0.5V and staggering tight
dynamic and static load line tolerances. In view of these demands, researchers face
serious challenges to bring forth compliant solutions that can further offer
acceptable conversion efficiencies and minimum mainboard area occupancy.
Among the most prominent investigation fronts are those surveying
fundamental technology improvements aiming at making power semiconductor
devices more effective at high switching frequency. The latter is of critical
importance as the increase of the switching frequency is fundamentally recognized
as the way forward to enhance power density conversion. Provided that switching
losses must be kept low to enable the miniaturization of the filter components, one
primary goal is to cope with semiconductor and system integration technologies
enabling fast dynamic operation of ultra-low ON resistance power switches.
This justifies the main focus of this thesis work, centered around a
comprehensive analysis of the MOSFET switching behavior in the synchronous
buck converter.
The MOSFETs dynamic operation, far from being well describable with the
traditional clamped inductive hard-switching mode, is strongly influenced by a
number of frequently ignored linear and nonlinear parasitic elements that must be
taken into account in order to fully predict real switching waveforms, understand
their dynamics, and most importantly, identify and quantify the related
mechanisms leading to heat generation. This will be revealed from in-depth
investigations of the switched converter under fast switching speeds and heavy
load.
Recognizing the key relevance of appropriate modeling tools that support this
task, the second focal point of the thesis aims at developing a number of suitable
models for the switching analysis of power MOSFETs.
Combined with a series of design guidelines and optimization procedures, these
models form the basis of a proposed methodological approach, where numerical
computations replace the usually enormous experimental effort to elucidate the
most effective pathways towards reducing power losses. This gives rise to the

concept referred to as virtual design loop, which is successfully applied to the
development of a new power MOSFET technology offering outstanding dynamic
and static performance characteristics. From a system perspective, the limits of the
power density conversion will be explored for this and other emerging
technologies that promise to open up a new paradigm in power integration
capabilities.

To Yoli
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Preface
With the rapid advances in computer processing speed and consequent
increasing demands in energy consumption of CPUs, soon it became obvious that
breakthroughs may need to be realized to enable compliant power units featuring
compact size and high efficiency. It was then, around year 2000, when a group of
scientists led by Prof. Dr. Thomas Dürbaum decided to start it all up at the Philips
research labs from Aachen, Germany.
In the power electronics community, researchers were already wondering about
what could be done to drive such stringent loads. The Center of Power Electronics
Systems (CPES) from the VirginiaTech institute, among others, had already
started exploring numerous converter topologies as alternatives to the most widely
adopted hard-switching scheme: The buck converter.
The strategy in Aachen was far more conservative and yet not less ambitious.
The key question to start up with was: What makes the MOSFETs so hot? At that
time, many specialists believed that the ON state resistance and the Miller
capacitance were the major causes of losses in the converter. As MOSFET
technologists effusively exploited the simple and extensively used QGD·RDSon
expression as baseline for their technology developments, soon it was realized that
behind the apparent simplicity of the buck converter there were numerously
hidden, generally unwanted elements that made fast switching operation a far
more complex combination of dynamic effects than initially expected. The added
difficulty was such that switching phenomena may only be accurately describable
with an awfully large nonlinear impedance network. ‘That’s fun!!’ Or that is at
least what I thought back then when I first glanced at a first attempt to model the
converter with more than 30 lumped elements: ‘Parasitic elements come always
for free’, Thomas used to say. ‘Well…’ I used to think, ‘if it was so, MOSFETs
would be a lot cheaper’.
The complexity of the equivalent network that accurately described switching
transients had to be implemented in a circuit simulator. The Aachen team had thus
the task to build a dedicated macro MOSFET model for SPICE. Combined with an
extensive device characterization for the calibration of the model parameters, the
numerical calculations should enlighten the foundations of switching phenomena,
which will then lead the team to the right answer to the initially formulated
question. This answer would be of great value to Philips Semiconductors (now
NXP Semiconductors), as they could already experience that their figure of merits
started to be highly inaccurate and even misleading. Therefore, collaborations
between the two organizations started.
Shortly after everything was in place and rolling, I joined the Aachen team,
formed by Reinhold Elferich, Dr. Tobias Tolle, Thomas and myself. The team
from Philips Semiconductors was led by Dr. Phil Rutter, from Hazel Grove, U.K..
Colleagues like Steven T. Peake and Nick Koper were crucial to provide us with
model data from device physics calculations and other relevant information to

xiv
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investigate the performance benefits of solutions such as power multichip
modules, which were emerging at that time as potential alternatives to overcome a
number of limitations of existing discrete solutions.
Through this intensive communication the so-called virtual design loop concept
emerged as a methodology for Hazel Grove to receive direct feedback from circuit
simulations regarding the performance of their novel virtual MOSFET structures,
which they could refine accordingly before their actual technological
implementation.
Unfortunately for us, Thomas joined the University of Erlangen (Germany) and
later, Tobias moved to Philips Lighting, leaving Reinhold and myself as the only
members of the Aachen team.
The disentanglement of Philips Semiconductors that gave birth to NXP
Semiconductor changed the course of events quite considerably. Results were
transferred to NXP so that Phil’s team could carry on with their relentless
technology developments employing the new methods and modeling tools,
whereas I continued a parallel work in collaboration with Prof. Dr. Eduard
Alarcón, from the Polytechnic University of Catalunya, Barcelona, Spain, who
gave me all the support I have ever needed to turn this industrially oriented project
into an academic thesis.
As the reader will notice, this treatise goes beyond finding the answer to the
initial formulated question. Essential to meeting the target requirements has been
an overview of all critical aspects of the converter by means of active simulations.
Thus, Chapter 2 through Chapter 5 extensively analyzes a number of circuit and
device models mainly devoted to MOSFET switching analysis. Each modeling
approach is thoroughly described in separate chapters in terms of implementation,
functionality, computation requirements and performance predictions. The latter
are extensively supported with experimental data.
The potential use of every model will be highlighted in each corresponding
chapter by means of analyzing particular aspects of the converter circuit.
Therefore, in Chapter 2, an in-depth analysis of power MOSFETs’ switching
behavior and related loss mechanisms will be provided based on a MOSFET
model for circuit simulations. In Chapter 3, a piecewise linear model will be
developed to study switching phenomena at a fundamental level. Different case
examples will be presented to illustrate the need to move towards integrating
power solutions. In Chapter 4, a power loss model will be used to breakdown the
losses of a multichip module and quantify important loss mechanisms under fast
switching operation. Chapter 5 focuses on design guidelines for converter
optimization. Relevant elements of the converter will be considered, including the
passive filter elements and the gate drivers. Special emphasis will be given to the
design of the power MOSFETs and the selection of the switching frequency and
number of phases.
Chapter 6 exploits the developed models to determine the performance
limitations of the converter topology and proposes measures to enhance its
performance. Based on the guidelines of Chapter 5, the power density and
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efficiency limits of the converter based on present and future technologies will be
identified. Finally, roadmap targets and improvement options for next generation
power solutions will be presented and discussed.
Conclusions and future work will be exposed in Chapter 7.
The appendix sections offer technical details that, for the sake of completeness,
allow the reader to dwell on some of the central discussions with extensive
ancillary information.
Because this dissertation would not have been possible without them, thanks go
to Dr. Phil Rutter, Prof. Dr. Thomas Duerbaum and Prof. Dr. Eduard Alarcón. My
thanks go as well with great appreciation to Reinhold Elferich, Dr. Tobias Tolle
and Nick Koper for their incommensurable guidance. Special thanks go to Steven
T. Peak, Jim Parkin, Steven Hodgskiss, Victor Guijarro and Mark Gadja from
NXP Semiconductors for their priceless support.
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Introduction

The challenges of powering modern computer microprocessors are so relevant
that major advances in the power electronics industry are motivated by the
evolution of the energy consumption of CPUs. So much so, that recent innovations
in low voltage semiconductor technology, packaging, integration, control schemes
and system architectures have been vastly conditioned by the energy needs of the
microprocessor and related solutions for conversion and transfer of power.
From the power supply standpoint, high-end computer microprocessors are one
of the most demanding electronic loads, for a combination of numerous stringent
performance requirements have to be simultaneously met. Namely, CPU power
delivery solutions must critically comply with large conversion ratios, high current
operation, low output voltage ripple, high power density, high efficiency and wide
bandwidth response to rapid load changes all in one and the same design.
The level of sophistication demanded to energize power hungry CPUs have
rapidly increased over the past decades. This chapter outlines the evolution of the
microprocessor load from their early days to the present time. Focusing on server,
workstation and high-end desktop computer applications, future perspectives on
microprocessor energy requirements are presented and analyzed. The predictions
justify the current efforts in research and development to seek for effective power
delivery solutions for next generation computer microprocessors. A constructive
overview of the state of the art on this subject is provided, which will lead to the
objectives of the thesis and a precise definition of its contributions. The last
sections of the chapter describe the adopted methodological approach for
addressing the challenges set forth, which constitute the central focus of the
dissertation.

1.1 The microprocessor load
Ever since the release of the first microprocessor back in 1971, the power
consumption of CPUs has increased more than two orders of magnitude,
exceeding 130W in modern high performance computers. With the staggering
advances in integration technology, the minimum feature size of transistors in
state of the art CPU microstructures has decreased from 10µm to 45nm in 40
years, and appears to continue to shrink down to the 32nm scale by year 2010 [1][7]. This miniaturization trend combined with Moore’s empirical observation and
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the increasing operating clock frequency has resulted in a progressive increase of
the power density, presently approaching 100W/cm² in existing high performance
microprocessors. Putting it into perspective, such concentration of generated heat
greatly exceeds that of the heating coil of a kitchen hot plate [8]. With the power
density of CPUs ascending to even higher levels, severe thermal management
limitations for heat removal are expected to become the single greatest jeopardy to
further advances in computer performance in the coming years.
In view of the apparent thermal dissipation constraints, hardware solutions have
been found and applied to mitigate heat generation while maintaining or even
increasing computational speed. Some relevant measures have been the
implementation of the CMOS technology in the 80s, the constant improvements
on gate oxide materials for leakage mitigation, the reduction of the supply voltage,
the standardization of advanced configuration and power interface (ACPI)
specifications, and the more recent introduction of multi-core architectures, among
others [9]-[11].
These solutions have in turn leveled off the power scaling curve in the last
years as reflected in the evolution chart of the high performance Intel® family of
Figure 1.1.1. The power consumption of modern microprocessors has well
exceeded 100W, reaching over 150W in some overclocked CPUs. For the next 5
years, the typical consumption is expected to rise to an average of 180W 1 [5]-[8],
[12]-[30].
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Figure 1.1.1 Average power consumption evolution of Intel® microprocessors.

Because of its square proportionality to switching losses, the reduction of
supply voltage has undoubtedly been one the key measures to slow down the
1

These power levels are far from deserving careless attention of their environmental and
economical impact when considering the massive expansion of computer systems, particularly,
server farms and supercomputers. A number of governmental agencies, industry consortiums and
conservation organizations have taken consequent action to implement standards and regulations
that enable computer power savings and promote the advances of energy efficiency in data
centers and business computing ecosystems [31]-[38].
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increase of heat generation despite of significant developments in computation
speed. The reduction of the supply voltage further helps to mitigate reliability
issues concerning short-channel effects like punchthrough, oxide breakdown and
injection into the oxide [39], which become increasingly relevant as processing
geometry shrinks and processor speed increases. As depicted in Figure 1.1.2, the
supply voltage has dropped by more than 5 volts in the last 20 years. For reasons
of signal integrity and device performance however, significant technical advances
are required to keep on reducing the voltage level, which according to the present
slow scaling pace, is not expected to drop below 0.5V in the next 5 years.
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Figure 1.1.2 Voltage supply evolution of Intel® microprocessors (specified at full load) [5]-[8],
[12]-[30].

The continuous rise of transistor count and clock frequency has generally been
accompanied by the demand of higher current operation. In the last decade alone,
the current supply has progressively increased by one order of magnitude, as
depicted in Figure 1.1.3. The forecast indicates a monotonic increase in the next
years, with the possibility to reach 200A peaks by 2014. Negative implications
associated with the distribution of high current throughout the CPU chip area
include heat generation, metal migration and system malfunction due to voltage
fluctuations across the power distribution grid (also called power delivery network
PDN) and interconnections to the voltage supply [40], [41].
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Figure 1.1.3 Current supply evolution of Intel® microprocessors [5]-[8], [12]-[30].

Consumption, distribution and dissipation of power are not however the only
ongoing difficulties that can potentially deteriorate the performance and reliability
of computer systems. Power generation is also among the forefront challenges to
endeavor [11]. Of critical importance are the static and dynamic forms in which
the energy must be provided to the microprocessor in order to guarantee proper
operation. The quality of the DC voltage level is one essential steady state
condition for the load. Namely, the DC voltage supply must remain within a
specified margin defined by a tolerance band, which takes into consideration
deviations in components spread, temperature ranges, aging factors and ripple
voltage. Figure 1.1.4 illustrates the evolution of the maximum voltage deviation in
case of the Intel® CPU family. The tolerance band is presently around ±20mV for
modern microprocessors, typically implying a static voltage ripple from the power
supply of no more than ±10mV. These values are expected to lower in the next
five years in proportion with the supply voltage so as to maintain a relative low
error margin.
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Figure 1.1.4 Evolution of maximum steady state output voltage deviation of Intel®
microprocessors [5]-[7], [12]-[30].

A second relevant static aspect of the microprocessor load is the defined linear
dependence of the supply voltage and the load current, known as the load line.
Such relation helps to improve the dynamic response of the power supply to
sudden load changes. The associated regulation technique that deliberately adds a
slope to the output characteristic is referred to as adaptive voltage positioning
(AVP), and was widely introduced at the beginning of the second millennium
[42]-[44]. With the AVP, the average DC output voltage is skewed to a higher
value at light loads and to a lower value at heavy loads. Thus, when a load current
step-up transient generates a voltage decay transition, the biased voltage produces
enough headroom for this transient before reaching the lower regulation limit.
Conversely, the positive-going transient after a sudden reduction in load current
will be accommodated with sufficient amount of headroom to avoid upper limit
control saturation.
The load line is fully defined with two parameters: The voltage at zero current
operation, and the resistance determining the voltage decay rate as a function of
the load current. Such a load line resistance has been decreasing since the
introduction of Pentium® IV processors from the 2mΩ range down to present
values slightly below 1mΩ, as illustrated in Figure 1.1.5. Expectations situate it
around 0.5mΩ in five years as a consequence of the predictions of higher current
and lower voltage operation.

Chapter 1. Introduction

2

31

P4

1.8
P4
90nm

Load line resistance (mΩ)

1.6

Xeon
Quad Core

1.4
1.2
1

Core i7
0.8
0.6
0.4
0.2
0
2002

2004

2008

2008

2010

2012

2014

Year

Figure 1.1.5 Load line evolution of Intel® microprocessors [5]-[7], [12]-[30].

Steady state characteristics aside, critical dynamic aspects of the
microprocessor load include current slew rate, maximum voltage overshoot and
settling time. The current slew rate essentially defines the maximum speed at
which the load current can change as a consequence of sudden variations in CPU
usage. A limited slew rate is necessary due to the parasitic inductances in the
power distribution grid and output filter capacitors. During the current ramp, the
induced voltage across the parasitic inductances produces spikes across the supply
terminals of the CPU that may yield circuit malfunctions and other system
reliability problems. These voltage spikes are produced from what is known as the
di/dt problem since the magnitude of the voltage ripple is affected by the
instantaneous change of current with respect to time. Current fluctuations are
primarily derived from dynamic resource utilization fluctuations, which are
heavily influenced by architectural power-saving events such as clock and power
supply gating and idle or sleep modes. The industry trends towards aggressive
power management and voltage scaling in multi-core designs makes it
increasingly important to understand the susceptibility to voltage fluctuations
across the PDN at both on-chip and PCB levels. This is being addressed by the use
of distributed power delivery models, such as the partial element equivalent
circuit (PEEC) and related lumped power ground network (PGN) models that are
designed to analyze both PCB and local on-chip voltage variations [45]-[48].
The determination and specification of the maximum current slew rate of the
CPU is important for the design of the power supply, in particular, the output filter
size and control bandwidth. The decoupling capacitors of the output filter play an
important role in the PDN as they act as charge reservoirs for the switching
circuits, and thus must be considered in the design of PDN target impedances
suitable to provide decoupling in a wide frequency range [49], [50].
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As a consequence of persistent higher operating clock frequencies and growing
current demands, the current slew rate at the package terminals of the CPU has
dramatically increased by almost two orders of magnitude, going from 24mA/ns to
1.2A/ns in the last ten years, as shown in Figure 1.1.6. Extrapolations for the next
five years result in slew rates in the order of 2.5A/ns.
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Figure 1.1.6 Current slew rate evolution of Intel® microprocessor (package terminals) [5]-[7],
[12]-[30].

Another key parameter of the load from the power supply design standpoint is
the absolute maximum voltage overshoot that may occur when the microprocessor
goes from full to light load. The overshoot level is presently specified at 50mV
over the maximum DC value, as Figure 1.1.7 illustrates for the case of the Intel®
products. Although this boundary has been maintained in the last years, a worstcase scenario contemplates 30mV decay in the next 5 years.
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Figure 1.1.7 Maximum voltage overshoot evolution of Intel® microprocessors [5]-[7], [12]-[30]

Although it may occur repetitively, the microprocessor can only be exposed to
voltage overshoots of limited time length, which is defined by the settling time
parameter. The maximum settling time specified to avoid malfunctions and fast
deterioration of modern CPUs is in the order of a few tenths of microseconds, as
indicated in Figure 1.1.8. Reducing the settling time in next generation
microprocessors as expected will significantly impact both the output filter and
control loop requirements of the power supply.
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Figure 1.1.8 Evolution of maximum settling time to load transients of Intel® microprocessors
[5]-[7], [12]-[30].
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The evolution of high performance microprocessors shows that the continuous
enhancements in processing speed and functionality of every new process
technology tends to result in more stringent electrical specifications, which are
required to maintain proper and reliable system operation. The progression in this
group of high end microprocessors has clearly led to power consumption levels
that are inadmissible for mobile computer applications. Thus, a second group of
microprocessors emerged a decade ago to satisfy the rapid growing customer
demands for portability [49]-[54]. The design of this new category of mobile
CPUs is based on exclusive energy efficient circuit techniques and architectures
[55], [56], the technology of which has enabled the commercialization of laptops
featuring long battery autonomy, slim form factors and light weight. Despite of
the reduced energy consumption, other important constraints such as size, heat
generation and energy conversion, can make the realization of power supplies for
mobile CPUs as challenging as of those for servers and workstations.
A summary of past, present and future CPU load characteristics is given in
Table 1.1-I and
Table 1.1-II for the Intel® family groups of high-performance and mobile
microprocessors, respectively. The values contained in these tables are the primary
basis for the analysis and discussions of the following chapters, particularly
Chapter 5 and Chapter 6.
Table 1.1-I Past, present and future of high-performance Intel® CPUs [5]-[7], [12]-[30].
Past
(2002)

Present
(2008)

Future
(2014)

Pentium® IV

Core™ i7

TBD

Maximum power consumption1 (W)

103

130

180

Minimum supply voltage2 (V)

0.87

0.65

0.5

3
Maximum supply current (A)

90

145

200

Tolerance band (mV)

±19

±19

±7

Load line (mΩ)

1.9

0.8

0.5

Current slew rate (A/ns)

0.5

1.2

2.5

Dynamic voltage overshoot (mV)

50

50

20

Settling time (µs)

25

25

10

Specification
Microprocessor’s name

1

Total contribution of the multiple voltage supplies; ²Core supply voltage; ³Core current consumption.
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Table 1.1-II Past, present and future of mobile Intel® CPUs [5]-[7], [49]-[54].
Past
(2004)

Present
(2008)

Future
(2014)

Pentium® M

Core™ 2
Extreme

TBD

30

55

65

Minimum supply voltage² (V)

1.24

0.9

0.6

Maximum supply current³ (A)

21

64

80

Tolerance band (mV)

±25

±20

±10

3

2.1

1

Current slew rate (A/ns)

0.5

0.6

1

Maximum voltage overshoot (mV)

230

150

50

Specification
Mobile microprocessor’s name

Maximum power consumption1 (W)

Load line (mΩ)

1

Total contribution of the multiple voltage supplies; ²Core supply voltage; ³Core current consumption.

1.2 The microprocessor power supply
Most generally, an electric power supply is a power electronic system
principally concerned with processing energy. It converts electrical energy from
the form supplied by a source to the form required by an electric load. The input
source of dedicated microprocessor power supplies may typically be of the form
of a DC voltage (around 9V to 19V for laptops and 12V for servers, workstations
and desktops), which must be converted to lower DC voltage levels. Because of its
primary ability to maintain the output voltage compliant to the load requirements,
these power supplies commonly receive the name of voltage regulators (VRs).
The VR function is broadly used nearly in every other electronic system, which
may explain the wide variety of existing solutions for its implementation [57],
[58]. VRs especially designed for modern microprocessors are perhaps the most
sophisticated of all solutions encountered today [59], [60].
The first microprocessors, however, consumed low power and did not
necessarily require dedicated power supplies since the demanded voltage and
current levels were common in many parts of the computer system. Thus,
inexpensive linear VR based solutions [61] were the primary choice until high
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power consumption microprocessors such as the Pentium® entered the scene and
brought along the introduction of more sophisticated energy efficient alternatives.
Soon the power consumption became not just one of the greatest concerns of
computer system designers. The relentless demands for excellence in bandwidth
response, output ripple and power density triggered a call to the power electronics
community to quickly tackle the new challenges and bring forth innovative
solutions [62]-[66].
1.2.1

Voltage regulator (VR) specifications

In order to aid the development of advanced VRs, microprocessor
manufacturers began to publish design guidelines intended to provide a detailed
description of the electrical performance of the load, requirements of the
associated power supply, conditions of operation and recommended
implementation practices [67]-[81]. Intel® VR guidelines consider two general
approaches commonly applied to modern computer systems: The voltage
regulator module (VRM) and the voltage regulator down (VRD), the latter also
referred to as enterprise voltage regulator down (EVRD) when dedicated to high
performance microprocessors. A VRM is a VR that is plugged into a baseboard
(or motherboard) via a connector or soldered in with signal and power leads (see
section 1.2.9). On the other hand, a VRD or EVRD is a VR that is permanently
embedded on the mainboard. Some major aspects of each VR category are
highlighted in Table 1.2-I.
Table 1.2-I VR considerations of VRD and VRM based solutions [83].
VR considerations

VRD

VRM

Motherboard space
utilization

Mainly determined by
inductors and heatsink

Defined by connector size.
VRM must fit within system
height constraints

Environmental
conditions

Ineffective cooling airflow.
Motherboard temperature
strongly affected by VR

Efficient air cooling of VRM
board and components. Thick
PCB traces

Cost‐performance

Cost effective at low and
moderate current loads

It might be more cost and
space effective than VRDs for
high performance CPUs

Replaceability and
maintenance

Not applicable in most
cases

Possibility of replacements
for repair, expand or upgrade

Testing and evaluation

Difficult

Module can be independently
tested for performance
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evaluation

Note that despite of the modular and thermal advantages that VRM may offer,
VRDs have become the most typical solution adopted in desktop applications
primarily due to cost reasons; and so is the case in laptops and slim server
computers, where tight height constraints further restrict the use of VRMs.
The main VR characteristics covered by Intel® specifications are represented
in the diagram of Figure 1.2.1 and briefly described as follows:
(1) Power-in aspects are concerned with the form of the energy provided by a
separate power source at the input of the VR, which involves the
specification of the corresponding voltage and current waveforms. The
input voltage consists typically of a 12V DC level with a limited specified
tolerance margin. On the other hand, the input current is characterized by a
smooth shape, which results from the use of a bypass filter that limits the
slew rate. The input filter must be located on the VRM or on the
baseboard. Recommendations on the inductor and bulk decoupling
capacitors that define the filter size are typically provided.
(2) Power-out specifications refer to the form in which the output energy must
be delivered to the load. The most relevant aspects have already been
presented in section 1.1. In addition to those, other specifications related to
processor power-up sequencing and shut-down response are provided.
(3) Control signals are available for the microprocessor to manage the output
voltage of the VR according to its individual requirements. This provides
the flexibility of employing common platforms for different CPUs as well
as the possibility to minimize power consumption during idle periods of
operation by means of reducing the supply voltage. Two digital inputs are
accessible for such functionality: The voltage identification digital (VID),
and the load line select. The VID is used by the microprocessor to generate
an output reference voltage with a precision of up to 7 bits. The load line
select consists of a three bits code to adjust the output voltage droop.
Additional input signals allow disabling the VR function whenever needed
as well as sensing voltage deviations during load transients. In notebook
applications, control signals may be available to support high light load
efficiency by means of alternating between different phase operating
modes.
(4) Output indicators provide relevant information to the microprocessor such
as the finalization of the start-up sequence, VR overheating and load line
regulation status.
(5) Environmental conditions must be compliant with the specified
requirements of operating temperature, humidity, electrostatic discharge,
shock, vibrations, electromagnetic compatibility (EMC), reliability and
safety regulations. Of relevant importance is to limit the maximum
temperature operation for reasons of reliability and lifetime. In case of

38

Chapter 1. Introduction

VRDs, board temperature is presently restricted to a maximum of 105°C
when using low cost printed circuit board (PCB) materials. For VRMs
board temperature shall not exceed 90°C. These conditions include an
ambient temperature range of 0°C to 45°C with minimum airflow of
400LFM (Linear Feet per Minute) or 2m/s, which frequently corresponds
to the residual airflow from the CPU fan as no dedicated air cooling
conditions are deployed.
(6) Mechanical guidelines impose constraints involving the physical
dimensions of the VR. Although these are generally conditioned to
traditional tower mount desktop or workstations, smaller form factors are
emerging and gaining market share such as the 1U rack mount server,
where the total height is only 1.75 inches. This solution restricts the use of
low cost bulk capacitors on the baseboard and other components with
heights greater than 1 inch, which include the standard 2.5 inch height
VRMs.

(5) Environmental
conditions

(1) Power-in

(3) Control signals

...
VRM/VRD

(2) Power-out

(6) Mechanical guidelines

...
(4) Output indicators

Figure 1.2.1 Microprocessor VR system diagram representing five main categories of aspects
addressed by Intel® guidelines.

Intel® VR guidelines are subject to change as innate consequence of
technology advances. A number of revisions have been released ever since the
publication of the first version more than 10 years ago [67]-[82]. Within each new
revision, added or modified specifications and other mandatory features often
significantly impact the power electronics industry in general, and motherboard
manufacturers in particular. The importance of these changes is such that they
usually dictate the rate of innovation and development efforts of new technologies
and form the basis of new reference designs. Monitoring the evolution of these
guidelines thus provides good insights as to where microprocessor power
management is heading to.
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VR guidelines for servers and workstations

One of Intel® most recent VR guidelines revisions, the VRM/EVRD 11.0 [80],
focuses on requirements for high-end CPU based server/workstation platforms.
Some specifications described in that document are summarized in Table 1.2-II.
Excluding Power-out, the parameters of all other system categories have not
significantly changed with respect to revisions 10.x [74]-[77], and may remain so
for the next couple of years.
Table 1.2-II Relevant aspects covered by Intel® VRM/EVRD 11.0 guidelines [80].
System category

Parameter(s)

Specification

Power‐in

Voltage

12Vdc +5%/‐8%

Current slew rate

0.5A/µs

Power‐out

Dynamic/static voltage and current

See section 1.1

Control signals

Voltage identification VID

7 bits resolution

Load line select

3 bits resolution

Ambient temperature

0°C to 45°C

VRM board temperature

90°C at connector

Minimum airflow

400LFM

Board height

66.34mm

Board length

96.52mm

Connector current rating

130Adc

Environmental
conditions

VRM Mechanical
guidelines

1.2.1.2

VR guidelines for notebooks

With the release of the mobile Pentium® III microprocessor, Intel® introduced
dedicated power delivery guidelines known as Intel mobile voltage positioning
(IMVP) specifications [84], [85]. IMVP is primarily based on the AVP concept
(see section 1.1) to effectively reduce power dissipation and boost battery lifetime
in notebook computers. IMVP emerges as a smart voltage regulation technology
to further minimize leakage related losses, thereby enhancing the CPU
consumption during the periods of inactivity. Energy loss savings from idle
operation can be substantial since the times of inactivity are generally the longest
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in mobile computers. Systems supporting IMVP can experience power savings up
to 75% depending on the statistical distribution of idle operation.
In addition to the already introduced VID control input, Intel® latest IMVP
revision (IMVP-6) [86] includes the definition of three VR signals to specify
different CPU operation modes: High load, low load and idle load (the later
referred to as deeper sleep mode). These signals are used by the VR control to
optimize the conversion performance as well as the voltage supply level to the
CPU.
Other particular VR requirements for mobile CPUs include higher input
voltage (up to 19V), tight dimension constraints (commonly less than 15mm) and,
in contrast to high performance microprocessors, moderate output power demands
[87] (compare Table 1.1-I with
Table 1.1-II).
1.2.1.3

The DrMOS specification

The technological pathways of VRs are adeptly converging towards the
sophistication of functionally integrated hardware solutions. Such proliferation is
the industry attempt to undertake the microprocessor demands for high power
density energy conversion. Some of these recent innovation efforts have resulted
in power semiconductor integrated modules referred to as DrMOS [82]. The
different requirements needed to enable DrMOS have been specified by Intel® for
effective implementation in PC platforms. The aim of this specification is to
enable features that are necessary to develop an integrated system such that interoperability between various devices and controllers is feasible. Further details of
DrMOS will be provided in section 1.2.8.
1.2.2

Basic circuit topology

Because of the imperative need of high efficient energy conversion, modern
microprocessor VRs are switched mode power supply (SMPS) based [88]. The
most extended SMPS topology used to perform the required DC-DC step-down
conversion function is the synchronous rectifier buck converter (SRBC) of Figure
1.2.2. The half-bridge configuration comprises power metal oxide semiconductor
field effect transistors 2 (MOSFETs) [89]. The upper and lower devices are named
control MOSFET (CtrlFET) and synchronous MOSFET (SyncFET), respectively.
The SRBC is an advanced version of the basic buck converter topology, where
the rectifying diode is replaced by an active device (SyncFET) which is controlled
to conduct or block current in synchronism with the CtrlFET [90], [91]. This
additional switch and associated control complexity represents the most viable and
effective alternative to mitigate the principal efficiency limitation of the diode’s
forward voltage in low voltage applications.

2

The use of MOSFET devices will be justified in section 1.2.4.
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In the SRBC, both active devices operate sequentially in switched-mode to
chop the DC input voltage, thereby generating a unipolar square waveform at
switch node voltage vx. The basic characteristics of the vx signal are readily
defined by input voltage Vin, switching frequency Fs and duty cycle d, the latter
being determined by the CtrlFET ON conduction time over one switching period
(Ts). The ideally lossless low pass filter formed by Lo and Co is such that mainly
the DC component of vx is extracted at the output (voltage Vo).
The switching frequency dictates the cut-off frequency of the output filter and
thus the physical dimensions of its elements. That is, for a given fixed output
voltage ripple, the increase of switching frequency yields a higher cut-off
frequency and hence a smaller filter size.
CtrlFET

vx

Vin

Lo

Vo

Drivers and
control

Co
SyncFET

Figure 1.2.2 Synchronous rectifier buck converter (SRBC) topology.

In addition to enabling higher power density, the increase of the switching
frequency further allows a faster load transient response and a reduced dynamic
voltage overshoot since the stored energy in the output filter becomes smaller.
This argument alone justifies the continuous efforts to come up with practical
ways to boost Fs, which is central in this thesis work. Typical switching
frequencies in existing commercial solutions go from 300kHz to 1MHz.
The challenges of increasing Fs are directly related to switching losses, which
predominantly occur in the power MOSFETs. Attempts to mitigate them usually
compromise other loss mechanisms, such as the conduction losses [92]. One main
source of switching related losses is the hard-switching operation of the CtrlFET.
In this mode, the load current commutes during the time in which the voltage
across the device is still high (i.e. around Vin). The simultaneous presence of high
current through the device and high voltage across it produces high stress and
energy dissipation in every switching cycle. The effect can be reduced by applying
soft-switching techniques, some of which give rise to other types of converter
topologies: Soft-switching converters [93], [94]. Soft-switching is characterized
by ideally lossless switching events, implying that either current or voltage is zero
during commutation, that is, zero current switching (ZCS) or zero voltage
switching (ZVS).
Alternative soft-switching topologies known as resonant converters have been
proposed and analyzed for microprocessor VRs due to their presumable suitability
to efficiently operate at high Fs. Most of these resonant SMPS [95] feature
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reduced switching losses by virtue of ZVS attained in the power switches.
Although, as it will be shown, ZVS can also be fully realized in the SRBC,
resonant topologies can effectively exploit the use of transformers to perform
energy transformations that minimize the additional current swing (i.e. resonant
current) required to achieve ZVS, thereby mitigating the associated losses that
such RMS current increase may produce. The use of transformers however adds
design complexity and troublesome miniaturization challenges.
Nonetheless, despite of these alternative solutions and the hindrances of
switching losses, the SRBC continues to be the topology of choice for
microprocessor VRs. The combination of extreme simplicity, cost-effectiveness,
maturity, extensive use and potential qualities for integration and compactness
makes the SRBC topology as of today irreplaceable.
What appears to be uncertain is whether the SRBC topology will still be
feasible for next generation VRs, and whether its practical use will be subject to
key conditionals, in which case the determination of these will be essential to lay
out the development of potential enabling technologies.
The SRBC can operate in a number of control modes and modulation schemes
[62], [88], [91], [96]-[98] some of which include pulse width modulation (PWM),
pulse frequency modulation (PFM), discontinuous conduction mode (DCM),
continuous conduction mode (CCM) and quasi-square wave (QSW). Combining
them may maximize the performance over the entire load range.
1.2.3

System architecture

The evolution of VRs is highly influenced by the power delivery architecture of
the computer system, which has conversely evolved from centralized to
distributed designs to supply energy not just to the CPU, but also to other power
hungry loads such as RAM memory modules, video cards and chipset controllers.
A centralized power system consists of a single power supply residing in a
particular location and powering all system’s elements through a network of
cables and PCB buses. With the demands of high current operation and power
quality, this conceptual approach has become obsolete since the parasitic elements
of the interconnections can excessively increase power loss and compromise the
signal integrity of the intended power delivery form.
Distributed power architectures (DPA) were created to address these issues by
essentially bringing power processing closer to where energy will be used
[99]-[105]. Such concept gave rise to a special class of power supplies known as
point-of-load (PoL) converters [106]. A PoL converter is in essence a dedicated
VR (high or low power) that supplies power locally to a complex load according
to its particular requirements. PoL has proven to effectively boost power
conversion density while improving efficiency, steady-state and transient
regulation. The PoL approach is in line with present system design development
trends, forming the basis for the power supply-in-package (PSiP) and power
supply-on-chip (PwrSoC) concepts that have recently gained much attention in the
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power supply industry [107]. Front-end PoL is thus a central topic of this thesis in
the context of power supply miniaturization capabilities.
Generally, DPA based on an intermediate bus architecture (IBA) may consist
of a series of cascaded power stages with intermediate buses or power rails as
illustrated in Figure 1.2.3, [108]-[111]. In complex computer systems like servers,
the structure may be composed by exchangeable functional cards or processing
modules powered by on-board power stages. In order to power a large number of
system card loads, a main DC bus of 48V may be adopted. Each on-board central
power stage then converts this voltage to lower levels, thus providing an
intermediate bus voltage of, for instance, 12V. This secondary power rails
distribute the energy throughout the computer card. In the final stage, individual
PoL converters power the different loads, which may include multiple high
performance CPUs or GPUs.
The subsystem of high power PoL converters comprises a number of paralleled
connected SRBCs to drive a common load, forming what it is known as a
multiphase architecture [112], [113]. When the load is a microprocessor, the
associated PoL converter becomes part of a VRD or VRM, which may basically
consist of a large number of paralleled SRBCs, also called phases or unit cells.
Some commercially available high performance workstations already employ
VRDs with 16 phases.
Computer card n

Intermediate DC bus

12V

Mains ac
voltage

EMI filter

PFC
converter

Isolated dc-dc
converter

On-board
PoL 1
converter
Intermediate DC bus
Computer card 2
PoL 2

48V

12V

On-board
PoL 1
converter
Computer card 1 Intermediate DC bus
PoL 2 PoL n
12V
On-board
PoL 1
converter
PoL 2 PoL n
5V

3.3V

PoL n

Figure 1.2.3 Diagram of a distributed power architecture (DPA) in a computer server.

Multiphase cells operate at a common frequency (i.e. Fs), but are phase shifted
so that switching occurs at regular intervals lower than Ts. Namely, a phase
controller staggers the switching time of each SRBC in an interleaved fashion
such that the phase angle of consecutive phases is 360°/n, n being the number of
unit cells. As a result, the effective ripple frequency at the output of the parallel
connection is n·Fs, thereby improving both dynamic and static performance.
Another significant advantage of the multiphase architecture is that, as the load
current distributes among the different phases, so does the generated heat, hence
reducing the power demands of each individual converter and improving the
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thermal design. This, in turn, may be translated into lower costs (i.e. simpler
packaging and reduced chip size area) and higher power density (i.e. smaller
heatsinks).
Although system complexity is increased (by the need for instance of including
current sharing monitoring and control), the multiphase architecture represents
today the only practical approach to drive high performance computer
microprocessors. Primarily, all proposed PoL subsystem structures from recent
publications are based on the existing multiphase approach. A central focus of
attention is currently on multiphase control algorithms to further improve
conversion efficiency, particularly at light loads, by means of methods such as
phase shedding or PFM (see section 1.2.7), which have already been succesfully
applied to battery operated systems.
One relevant subsystem level solution that has recently been proposed consists
of a PoL featuring two cascaded power stages [114], thus forming a local
intermediate bus voltage of closer value to Vo. The arrangement allows significant
reduction of power losses in the second stage due to reduced voltage switching.
The high currents at such energy conversion level imply though that the first stage
must also consist of multiple parallel converters. Consequently, the benefits of the
approach in terms of overall efficiency and power density do not always seem
significant when compared (under optimum conditions) to the conventional
multiphase architecture for the same number of total phases [115]. Nevertheless,
the solution may be considered as alternative to avoid the need of resolving
extreme low duty cycles, which may impose a practical limit in the conventional
topology as microprocessor voltage continues to scale down.
1.2.4

Semiconductor power devices

As mentioned earlier, power switched devices are key elements of the VR since
their associated power losses usually account for a significant portion of the
overall generated heat [116]. The loss contribution is such that it often represents
the main barrier to achieve higher system efficiency and Fs operation. Thus,
meeting forthcoming VR specifications highly relies on performance
improvements in the semiconductor device.
The SRBC was introduced in section 1.2.2 along with the power MOSFET as
switching device. Among all transistor structures, the power MOSFET is the
preferred implementation because it combines a series of basic characteristics that
makes it the most suitable semiconductor device for the low voltage range of
interest [117]. The power MOSFET is compatible with the demands of high
switching frequency and high load current due to its inherent fast switching speed
capabilities, low ON conduction resistance (RDSon) and high input gate impedance.
The unique advantages are such that other basic silicon based structures have
hardly ever been considered for microprocessor VRs [118].
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The variety of existing process capabilities enables a number of different
MOSFET types. The most extended of all is the n-channel enhancement-mode
MOSFET, for it offers the best performance and desired functionality [89].
On the other hand, the arguments for which to decide how the structure of this
device type can be best adapted to the targeted application are subject to
continuous debate. The two basic structures under consideration are the lateral
power MOSFET and the vertical trench power MOSFET [119], whose cell crosssectional representations are depicted in Figure 1.2.4. As it can be observed, the
fundamental difference between the two devices lays on the fact that, unlike the
planar arrangement, the vertical structure employs the substrate material to form
the drain contact.
To be able to carry high currents, many of these individual unit cells are
connected in parallel and arranged in regular spaces defined by a cell pitch, which
determines the density of cells per unit area [89]. Therefore, the required current
level capability, the cell pitch and the unit cell size basically determine the total
semiconductor area. Minimizing it is crucial to reduce manufacturing costs, which
is one of the main driving aspects to decide between one and the other solution.
Dielectric

Channel

Channel

Source
n+

Source
n+

p+

Dielectric

Drain

Gate
n+

n-drift

n+

Gate
pbody

pbody

p-epi

n-epi

Substrate (n+)

Substrate (p+)

Drain
(a) Trench power MOSFET

(b) Lateral power MOSFET

Figure 1.2.4 Cross-sectional representation of two kinds of power MOSFET structures: (a) Vertical
trench power MOSFET; (b) Lateral power MOSFET.

There are two major reasons why the planar approach is unsatisfactory with
regard to area occupancy. First, the drain-source spacing has to be increased in
comparison to low power MOSFETs in order to obtain a high voltage blocking
capacity. And second, the three electrode connections have to be made from the
upper surface (the one opposite to the substrate). While this facilitates the
monolithic integration of components, it complicates the interconnection in a
single device package. Both effects reduce the effective area of utilization to form
the active region.
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Vertical trench power MOSFETs (or trench MOSFETs) mitigate this problem
by forming the MOS channel on the vertical walls of a trench, which is etched into
the semiconductor material and filled with dielectric and a gate electrode, thus
allowing closer cell spacing and increased current density.
Consequently, trench MOSFETs offer low specific RDSon (RDS(on)sp) in detriment
of parasitic gate charge, which has been traditionally higher than in lateral
MOSFETs. The latter has been the main argument (together with the monolithic
integration quality) to encourage the use of lateral MOSFETs for high switching
frequency despite of the cost penalty associated to the low utilization factor of the
semiconductor area [120].
For its cost-effectiveness however, the majority of semiconductor
manufacturers have progressively adopted the use of trench MOSFETs, which
have accordingly evolved at a much faster pace than any other structure [121]. As
a result of the remarkable improvements achieved in every technology generation,
trench MOSFETs have quickly caught up with lateral devices in terms of
switching capabilities whilst maintaining a continuous decay in RDS(on)sp [122],
[123].
In the last decade alone, silicon based trench MOSFET technologies have
tremendously improved by as much as 90% in RDS(on)sp, as shown in the evolution
chart of Figure 1.2.5. The data refer to 30V power MOSFETs, which is the typical
device voltage rating for the 12V conversion level. The trend line clearly reveals a
progressive saturation of RDS(on)sp as it approaches the fundamental 1D limit of
silicon [124], which describes the theoretical relationship between the drift region
resistance and the OFF state blocking voltage (BVDSS). Having reached the 1D
limit suggests that Si is approaching maturity, and thus a continuous cost effective
innovation rate will be difficult to maintain in the near future.
Specific on‐resistance RDS(on)spec at VGS=4.5V
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Figure 1.2.5 Specific ON resistance evolution of 30V power MOSFETs. Sources: [122], [123],
[125]-[128] and NXP internal competitor analysis.
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A number of variations of the basic trench MOSFET structure have been
developed to further improve the performance of the device in the switchedconverter. The main driver has been primarily directed at producing the lowest
possible RDS(on)sp for an acceptable switching performance. To meet this challenge,
solutions based on the charge-balanced concept such as superjunctions and the
isolated field-plates along the drift region have been demonstrated to achieve
RDS(on)sp values below the fundamental 1D limit [125]-[128], as Figure 1.2.5
shows. The charge-balanced concept exploits the so-called reduced surface field
(RESURF) effect to enable the increase of conductivity in the drift region without
compromising BVDSS. Unconventional device structures such as the RESURF
stepped oxide (RSO) and the split-gate RSO have proven to be very effective
especially for high voltage applications. Their industrialization [129] however
suffers from significant cost premiums due to troublesome technological issues
such as tight silicon specification requirements, additional mask layers and
stringent process tolerances.
In order to achieve the best trade-off between BVDSS and RDS(on)sp, other
alternative cost-effective trench structures [130] employ a relatively thick gate
oxide at the bottom of the trench and reduced drift region, thereby allowing the
reduction of both gate-drain charge QGD and RDSon for the same BVDSS capability.
Some of these trench structures have proven to produce RDS(on)sp values around
12mΩ·mm², which compare competitively with the more complex RESURF
devices [133], [134].
Another alternative device structure known as the NexFET™ [131]-[132]
adopts a hybrid approach between lateral and trench MOSFETs. This solution
allows achieving lower RDS(on)sp than the lateral devices and better switching
performance than the trench MOSFETs, thereby making it suitable for
applications demanding high current and high switching frequency operation.
Besides the innovations on device structures, investigations are further devoted
to advances in alternative semiconductor materials that can potentially offer
superior physical and electrical properties than Si. Compound semiconductors like
SiC, GaAs and GaN provide greater thermal conductivity, electric field
breakdown strength and current density capabilities [138]. Although these
materials were long ago discovered, their progress has lagged behind silicon due
to the difficulties of growing good quality crystals. In recent years though, the
advances on these semiconductor compounds have been tremendous, allowing the
fabrication of reliable power devices exhibiting significant advantages over
silicon. The manufacturing cost and complexity of the required technology
platforms are still high, which has restricted their use to particular applications in
high voltage, ultra high frequency or optoelectronics.
Foreseeing the window of possibilities in power electronics, great effort has
been put into the development of cost-effective GaN based technologies, which
have been recently claimed by International Rectifier Corp. [139]-[141]. The main
breakthrough regarding this has been to overcome the great difficulties of
successfully growing GaN on Si substrates. Combined with high electron mobility
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transistor (HEMT) structures [142], the result has been a GaN technology
platform based solution viable for a wide range of power electronics applications,
including microprocessor VRs. According to the projected evolution of this GaN
technology, a dramatic reduction in FoM and RDSon will be attained in the coming
years, thus creating a new paradigm of opportunities for extreme high power
density conversion. Figure 1.2.6 depicts the evolution of various FoM for 30V Si
power MOSFETs and presents the projected expectations of the low voltage GaN
HEMT devices. The curves suggest GaN as a potential candidate to replace Si and
achieve breakthrough performance improvements of one order of magnitude in
less than five years.
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Figure 1.2.6 Evolution of various figure of merits (FoM) for 30V Si power MOSFETs and
projected expectations for low voltage GaN devices. Sources: [139]-[141] and NXP internal competitor
analysis of Si devices.

These tremendous improvements may have to be accompanied by novel
parasitic free packages that improve the existing LFPAK [143], DirectMOS [144]
or PolarPak [145], as well as new driving solutions, as it shall be discussed in the
following sections.
1.2.4.1

Device modeling and optimization tools

The analysis and design of these novel materials and device structures require
sophisticated modeling tools to provide sufficiently accurate performance
predictions in the application. The most extended tools are multidimensional
device physics simulators based on numerical methods such as the finite element
(FE) [135]. These software packages can produce outstanding accurate results but
generally demand significant computation power and long simulation times, which
restrict their use to rather simple device/circuit simulations in mixed-mode.
For the sake of simplicity and reduced computations, device physicists rely on
figure of merits (FoM) for device optimization and technology comparisons [136],

Chapter 1. Introduction

49

[137]. These FoM characterize the performance of the MOSFETs in the switchedconverter by way of a power loss index deduced under optimum circuit
conditions. Due to differences in operation, individual FoM are defined for the
CtrlFET and SyncFET. Typically, the SyncFET FoM is defined by the product
RDSon·QGt, where QGt is the total gate (input) parasitic charge. The CtrlFET FoM
differs from the previous expression in that it only considers the portion of QGt
associated to the transfer capacitance, hence resulting in the product RDSon·QGD.
Both FoM derive from simplified loss calculations that neglect a number of
circuit elements under the assumption of low or moderate switching speeds. Upon
fast switching though, the expressions become inaccurate because some of those
disregarded elements start influencing dramatically the dynamic behavior of the
switches. This is illustrated in the loss graphs of Figure 1.2.7 where the increase of
the parasitic MOSFETs charges leads to a reduction of switching losses. Figure
1.2.7(a) shows that increasing by factor of 3 the SyncFET charge QGt causes a
17% loss reduction. The example of Figure 1.2.7(b) indicates that the total
MOSFETs losses may be reduced by more than 3% after an increase of CtrlFET
charge QGD. To explain such discrepancies with the predictions given by common
FoM, a thorough analysis of switching phenomena needs to be attained.
(b) Variation of CtrlFET QGD
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Figure 1.2.7 Power MOSFETs loss dependence on (a) SyncFET gate charge, and (b) CtrlFET
transfer charge. Simulation results of a typical SRBC for VRs.

Further relevant circuit parameters of fast switching are the parasitic inductance
of the device package, the half-bridge loop inductance and the gate resistance
among others. In order for these to be considered, more complex circuit models
and new FoM may need to be established and evaluated as Fs moves into the MHz
range. The new tools may need to be compatible with a co-design approach, where
the two perspectives of circuit and device physics are brought together in the
development process flow. Also, for the level of accuracy required, the issues
related to high computation power and long simulation times may have to be
addressed so as to generate stable simulated results within reasonable times.
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Gate driving schemes

Gate drivers provide a means to energize power MOSFETs so that they can
turn on and off according to the commands of the control system [146]. Driving a
MOSFET is essentially equivalent to charging a capacitance, and as such the
driving process may involve significant charge transfer related losses, particularly
at high switching frequency, high current applications.
When driving, the charging energy must be high enough to drive the power
MOSFET from a blocking to a conducting voltage level and vice-versa. For
convenience, in n-channel enhancement-mode device types, the blocking level is
usually zero volts with respect to the source terminal. This usually gives a
sufficient tolerance margin of two to three volts deviation from threshold voltage
VTH, thereby preventing the device from any undesired spurious turn-on caused by
coupled noise. Regardless of a tolerance margin, the ON state voltage level,
referred to as driver voltage VDRV, must correspond to the ohmic region of the
device. Determining the optimum VDRV for both SyncFET and CtrlFET is per se an
important design consideration that influences conversion efficiency. A trade-off
between ON conduction and switching loss arises as a consequence of the inverse
proportionality of VDRV over RDSon and its square dependence on the driving loss.
Commonly, voltage VDRV may be set anywhere between 4.5V and 12V depending
on the converter specifications and availability of the DC voltage levels.
The ability of gate drivers to produce fast switching transients is perhaps the
most important feature to allow the reduction of power MOSFET switching losses
and hence the increase of Fs. The form in which the energy is supplied to or
absorbed from the power MOSFET is the key driving aspect that determines the
switching speed. Fast switching can be achieved by means of high current driving
pulses so that charge can be quickly transferred from and to the device in the
shortest time possible. It is fundamentally indispensable to minimize the parasitic
elements of the gate circuit in order to enable these high current driving pulses. It
implies the reduction of parasitic elements in the gate circuit, such as the package
inductances, the polysilicon gate resistance of the power MOSFET and the ON
resistance of the gate switches. While the parasitic inductances may be addressed
by the integration of the driver and the switch (i.e. DrMOS concept), the gate
resistance can be reduced by improving the contribution of the spreading
resistance corresponding to the gate busbar structure that distribute the current
throughout the chip area of the device [147]-[149]. Other significant improvement
options include the use of gate switches that can sustain higher current levels (e.g.
five amps or more), thereby avoiding their saturation during the periods of charge
and discharge. Generally however, the increase in current capabilities is in
detriment of an increase of the parasitic charge of the gate switches, which also
contributes to switching loss. Selecting the right type of gate switches is therefore
another design task in the optimization of the driver circuit.
It is important that the gate resistance reduction is carried out in proportion
with the gate inductance in order to avoid excessive ringing during commutation.
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This ringing is a resonant oscillation between the gate inductance and the input
capacitance of the MOSFET that, when not sufficiently damped, it can lead to
circuit malfunction and additional EMI issues.
Figure 1.2.8 illustrates a simplified representation of a conventional gate driver
scheme, which comprises a half-bridge of low power MOSFETs driven by a
synchronization circuitry. The upper and lower driver MOSFETs operate
complementary. To avoid crossover conduction, a dead time is programmed
during which both devices are off prior to a switching event of the power
MOSFET.
The driving conditions of SyncFET and CtrlFET may differ considerably. The
SyncFET operates in ZVS, and as such the input capacitance can be considered
practically linear and lower than in hard-switching. Driving the SyncFET however
may be lossier than driving the CtrlFET since the die size of the first is
significantly larger (e.g. as much as four times, depending on the application), that
is, higher input capacitance. The size unbalance is consequence of the low duty
cycle operation that makes the SyncFET carry the load current for most of the
time.
VDRV

Control
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Control
Power
MOSFET

Figure 1.2.8 Conventional gate driver based on gate MOSFET switches.

The large size of the SyncFET input capacitance may have more negative
implications other than gate charge losses. First, without substantial reduction in
gate resistance, long switching times will critically limit the minimum duty cycle
operation and hence the maximum Fs. And second, the ON resistance during the
switching times is higher than during the ON time (i.e. time when the gate voltage
equals VDRV). Consequently, slowing the switching transients will result in higher
ON conduction losses.
The CtrlFET is a significantly smaller device and therefore the input
capacitance and associated gate losses are generally lower. Nonetheless, the
CtrlFET operates in hard-switching, and as such reducing the switching times is
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particularly critical so as to effectively mitigate switching loss in the power
device. Under hard-switching, the device undergoes a potentially lossy Miller and
di/dt plateau transitions, which are the most critical to reduce. One effective
measure to shorten the di/dt transition is by mitigating the source inductance of the
power device. Packages like the DirectFET [144] and the PolarPAK® [145] are
specially designed for that purpose, featuring a source inductance in the order of
just 100pH.
Although this and other solutions are well recognized under the assumption of
ideal clamped inductive switching mode, their effectiveness becomes uncertain at
high switching frequency due to the influence of neglected parasitic elements.
Their implications on switching losses and gate driving requirements thus need to
be addressed in order to identify adequate solutions. Some studies based on more
accurate models have already been initiated, revealing indeed the importance that
certain parasitic elements have on switching phenomena.
A different gate driving concept is that of resonant gate drivers. For years,
resonant gate drivers have been presented as alternatives to conventional solutions
to drive power MOSFETs with reduced energy loss. The conceptual idea of
resonant gate drivers consists of replacing the resistance of the path through which
gate charge flows in the conventional approach by an inductance, as shown in the
basic diagram of Figure 1.2.9. With the ideal absence of dissipative elements, the
full energy required to change the state of the power device can be controllably
recovered and returned to the power supply, or alternatively stored in auxiliary
tanks for reuse. Several basic circuit topologies have been proposed to most
effectively implement this concept [150], [151].
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Figure 1.2.9 Basic resonant gate driver.

Commonly, the inductance of the resonant gate drivers determines the
switching speed of the power MOSFET as the gate resistance does in the
conventional way. Thus, in high switching frequency applications, the use of low
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loss resonant gate drivers featuring low inductance may be of high interest, for
size and switching times need also be reduced.
On the other hand, reducing the gate inductance negatively impacts the gate
losses as soon as parasitic resistances cannot be neglected. In fact, the gate path
circuit is not exempt from dissipative elements as described above. Therefore,
whenever the inductance of the resonant gate driver is to be minimized, both the
parasitic charge and resistance of the gate switches may have to be considered in
the circuit optimization. This strong loss dependency on the switching speed in
resonant gate drivers contrasts with the behavior of conventional solutions.
Despite of the long list of publications about resonant gate drivers, there are no
conclusive results known to the author demonstrating that resonant gate drive
topologies may be beneficial for microprocessor VRs.
1.2.6

Filters

An inherent disadvantage of SMPS is that they represent a powerful source of
high frequency harmonics that can generate a great deal of conducted and radiated
EMI as well as high frequency ringing at the input/output(s) of the converter stage.
Existing guidelines and regulations [152] impose the use of proper layout designs
and filters that minimize their harmful effects. In the SRBC, this translates in the
need of adding a low-pass filter at the input of the converter, which may result in a
circuit like the one shown in Figure 1.2.10.
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Figure 1.2.10 Synchronous rectifier buck converter topology with a low-pass input filter.

High efficiency demands the use of reactive elements, these are, capacitors and
inductors for smoothing the output ripple. The effectiveness in carrying out this
function lays on the energy storage capacity of the filter elements, which is
proportional to their dimensions. Thus, the filter size increases with the smoothing
requirements and, as mentioned earlier, decreases with Fs. Since the filter
components largely dictate the size of the converter, the current trend is to keep on
increasing Fs in detriment of the efficiency, which, on the other hand, should not
excessively lower to avoid the use of bulky heatsinks that could counteract the
filter size reduction. Switching frequency Fs must therefore be adjusted to best
compromise between size and efficiency.
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Input filter

Filtering the current drawn by the SRBC such that it is compliant with current
Intel® specifications (see power-in specs in Table 1.2-II for the enterprise case)
can be accomplished with low equivalent series resistance (ESR) capacitors and a
power choke of approximately 1µH capable of carrying 10A [153].
The input capacitance size depends on the duty cycle and Fs. Its value has to be
high enough so that the voltage drop during CtrlFET conduction is limited. For
instance, a load of 200A will discharge an input capacitance of 47µF by 350mV
when converting 12V to 1V at 1MHz switching frequency. The ESR of 2x22µF
can be as high as 2mΩ at that frequency, thus producing an additional voltage
drop of 400mV. The losses caused by such ESR need to be sufficiently low to
guarantee the required capacitors’ lifetime and converter efficiency. Thus,
multiple parallel capacitors may be arranged to improve heat distribution and
reduce filter losses.
It turns out that, in order to perform the decoupling function effectively, the
input filter capacitor must be physically located as close as possible to the power
MOSFETs, thereby minimizing the half-bridge loop inductance. The stored
energy in the loop is responsible for overvoltage stress, ringing and additional
losses in the power switches under fast switching conditions. Thus, the use of low
equivalent series inductance (ESL) surface-mount technology (SMT) components
such as multilayer ceramic capacitors (MLCC) is probably the best currently
available choice. Other advanced solutions consider the possibility of integrating
the input capacitor together with the power MOSFETs, thereby reducing
considerably the half-bridge inductance to just a few hundreds of picohenries, as
reported in [154].
In desktop VRs, this input filter inductor may consist of a low-cost iron-powder
core wound with a single strand of magnetic wire on a vertically mounted toroid.
This type of inductor is cost-effective and occupies limited board space. However,
restrictions in component height to allow the location of the inductors close to the
processor and under the overhanging CPU heatsink may make vertically mounted
toroids unfeasible. Given that the current drawn from the input voltage must have
little AC-ripple, a possible low-cost alternative may be a ferrite rod-core inductor
comprising a cylindrical ferrite rod with a coil over it. The use of ferrite materials
allow for lower core losses but require the use of air-gaps to avoid saturation. In
the rod-core approach, the air-gap corresponds to the volume around the inductor.
Therefore, unlike the toroid inductor, the magnetic energy is not confined within
the volume of the component. While permissible as input filter, the rod-core
inductor may be prohibitive for the output since it must tolerate higher ripple
currents, and thus any uncontained significant AC field would produce EMI and
Eddy current losses in nearby conductors.
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Output filter

The advances in output filter components have experienced significant progress
driven by the demands of fast dynamic output response, reduced component
count, increased power density and high switching frequency.
The output inductor has evolved in both structure and magnetic material
characteristics. Traditional vertically mounted toroids have progressively given
way to SMT power cube packages offering reduced volume, improved heat
dissipation and easy-to-assembly advantages. At the same time, fundamental
research on magnetism has resulted in a variety of commercial and under
development core materials suitable for microprocessor VRs.
Essential for high switching frequency operation is to mitigate the three known
contributions to core losses [155]: The classical Eddy current loss, the hysteretic
loss and the excess (Eddy current) loss. Among the techniques to tackle this
difficult task include the formation of thin film based core structures from small
granular magnetic materials featuring low coercivity and reduced hysteresis area.
Materials’ anisotropy is also frequently exploited in combination with a proper
flux orientation arrangement to effectively avoid domain growth, a phenomena
which is responsible for excess Eddy current loss [156].
Furthermore, in order to cope with high temperature and high current density
operation, suitable magnetic materials must feature high magnetic flux saturation
(BSat), and a high Curie temperature (Tc).
Table 1.2-III presents a classification of relevant soft magnetic materials and
compares their main characteristics. Unlike the hard ones, soft magnetic materials
are easily magnetized and demagnetized. Depending on the type of material used,
these can be split into steels (or Si Steels), powdered iron, powdered alloys (such
as permalloys), ferrites, amorphous Fe-based, Co-based and nanocrystallines
[157]-[163]. As one can clearly see, the primary advantage of ferrites over the rest
of soft metal based magnetic materials is ferrite’s high electrical resistivity, which
keeps Eddy current losses low at high frequency. This property makes ferrites the
most commonly used material for high switching frequency converters. On the
contrary, ferrites have low relative magnetic flux saturation BSat, and thus are
unsuitable for high power density operation without the use of airgaps.
The field of soft magnetic materials has undergone a rapid progress in the last
30 years. The search has been focused on new materials with low coercive force
and high value of magnetic permeability and flux saturation, which has led to the
discovery of new amorphous alloys and nanocrystallines structures. Because of
their superior magnetic characteristics, these emerging materials have found rapid
use in various power electronics applications. Nonetheless, the high electrical
conductivity of these and other metal based composites constitutes a fundamental
barrier for high frequency operation. This problem has been circumvented by core
formation techniques based on stacking multiple electrically isolated thin layers of
magnetic material. Because of the resulting drastically increased effective
resistivity, these thin film based cores can operate at higher frequencies with
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reduced Eddy current losses compared to bulk cores of same dimensions and
material characteristics. This approach heavily relies on existing methods for film
deposition such as electroplating, sputtering and others, which can generate
multilayer stacks of just a few tenths of micrometers each. Although still under
development, thin film techniques have been successfully applied for on-chip
integration of low power coils [164]-[167].
Table 1.2-III Classification of soft magnetic materials and typical characteristic values.
Permeability
µr

Resistivity
ρ (Ω·m)

Curie temp.
TC (°C)

Coercivity
Hc (A/m)

Saturation
BSat (T)

Steel/Si Steel

2000

0.8·10‐6

700

40

1.9

Powdered iron

300

∼10‐6

700

280

1.2

Powdered alloy

104

0.15·10

500

80

1

Ferrite MnZn

1000

10

300

60

0.34

Ferrite NiZn

300

105

260

140

0.3

Amorphous alloy

6·105

1.3·10‐6

400

8

1.6

Nanocrytallines

105

1.2∙10‐6

600

0.5

1.2

Material

‐6

Sources: [157]-[163].

With regard to loss performance, Figure 1.2.11 shows how emerging
electroplated metal and granular film alloys are already competitive with ferrite
materials for high frequency [168]-[171]. The results invite to optimism regarding
the potential advantages of these emerging materials for microprocessor VRs in
the near future.
Nonetheless, Eddy current loss in both magnetic core and copper winding
continues to be a main barrier for high switching frequency operation, particularly
in operating modes implying high current ripples, such as QSW. The selection of
the right control scheme strongly influences the output filter size and ultimately
the power density of the converter.
Historically, the first output filter inductors employed in high-end computer
microprocessors were iron powdered vertically mounted toroids that featured low
material cost, high inductance, excellent heat dissipation, superior shielding
properties and limited board space.
As transient requirements increased and multiphase architectures were
introduced, iron powdered cores became impractical due to excessive Eddy
current and hysteretic losses. Magnetic materials suitable for higher frequencies
soon replaced the powdered iron material. One broadly adopted cost-effective
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material solution has been the ferrites due to their high resistivity. The
inconvenient low BSat of ferrites though has to be compensated with the use of
airgaps, thus limiting the maximum inductance value. Nevertheless, typical
targeted inductances in multiphase converters are sufficiently low, e.g. below
200nH, which makes low effective permeability airgaped ferrites suitable for high
current and high frequency.
10000
Ferrite NiZn

Specific power loss (kW/m 3)

Ferrite MnZn
Electroplated alloy CoNiFe

1000

Granular film alloy CoZrO

100

10

1
1

10
Frequency (MHz)

Figure 1.2.11 Core loss density comparison of various soft magnetic materials at a peak flux
density of 15mT. Sources [168]-[171].

The inductor size is determined by a large number of factors, some of which
include the current level, the magnetic flux saturation and the inductance value.
Taking them into account, designers came up with an optimized core package
design known as the power cube. While offering similar benefits compared to the
toroid core in terms of shielding capabilities and heat dissipation, the power cube
also provides compactness, reduced volume (both height and footprint) and easyto-assembly (SMT based) capabilities. The manufacturing techniques applied for
the power cube further guarantees a tight control of the inductance and ESR
spread, which enable the use of the inductor as an attractive lossless means to
monitor the output current flow. The latter is necessary in multiphase architectures
for current sharing control, as pointed out in section 1.2.3.
The power cube has also advantages over the toroid shape with regard to the
winding. Namely, the copper losses can be reduced by more than 25% due to the
fact that the coil mean-length-turn is considerably smaller with the coil inside the
core. This is important at high switching frequencies to minimize additional power
losses associated to skin and proximity effects.
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The power cube is in line with integration trends, where at very high
frequencies the inductor can be simply reduced to a short copper stripe surrounded
by a core material, thus forming a miniaturized power inductor of just a few tenths
of nanohenries [172].
These numerous advantages over the traditional toroid core are causing the
power cube to progressively become the most utilized core package in
microprocessor VRs. Inductor manufacturers currently offer these molded low
profile SMT inductors in a variety of sizes and inductance values, most of which
are manufactured with powdered iron materials for frequencies below 1MHz.
Smaller ferrite based high frequency power cube inductors are also provided by a
number of manufacturers for currents up to 100A.
Overall, the power cube inductor outperforms the traditional toroid inductor for
high power density VRs.
Besides common output inductors, a special class of coupled inductors for
multiphase architectures [173] was initially presented by year 2000, and rapidly
introduced in the market [174]. Several studies have shown that, by means of
magnetically coupling the inductor of each of the phases, output ripple
cancellation and transient response can further be enhanced. Presently, significant
work is being carried out to analyze and quantify the performance benefits of this
approach. Recent results demonstrate that certain coupling arrangements can
improve the output dynamic response, yet in detriment of the steady state output
ripple [175]. Another disadvantage of couple inductors may be the inconvenience
to implement phase shedding control to maximize converter efficiency at light
load.
Despite of the bulky appearance of the output power inductor, the output filter
capacitance of computer microprocessor VRs usually occupies more PCB area
than the inductance does. This is because the capacitance realization consists of a
large bank of parallel connected capacitors. The primary reason of paralleling
small capacitors as opposed to using just one of higher capacitance is the need to
reduce the equivalent intrinsic ESR and ESL seen by the load. These parasitic
elements are responsible for steady-state output voltage ripple and voltage spikes
during load transients, both of which need to be kept below certain limits. Since
capacitor paralleling add costs and area occupancy, it is essential to employ low
profile capacitors with reduced ESR and ESL as well as minimize the output
current ripple. For a given switching frequency, the latter can be achieved by a
proper selection of output inductors and number of interleaved phases.
The right balance between these various aspects needs to be attained by means
of an optimization process based on relevant adopted criteria. For years, the most
important design criterion has been around improving transient response, for what
increasing the switching frequency has become the most essential choice to reduce
the inductor size without increasing the ripple current per phase. Combined with
multiphase architectures, the switching frequency boost from 300kHz to 600kHz
and above has in the last years allowed the elimination of major bulk capacitors,
thereby reducing volume, PCB space and costs. Moreover, the output ripple
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voltage has been reduced because the bulky capacitors could be replaced by others
with low profile and reduced ESR and ESL. In fact, the increase of Fs may
become ineffective in terms of output voltage ripple reduction if the parasitic
elements are not mitigated along with the capacitance. This may occur, for
instance, if the corresponding capacitance reduction does not lead to any further
improvements in package size or integration capabilities.
Advances in capacitors technology have resulted in higher performance
miniaturized SMT polymer aluminum electrolytic capacitors (OS-CON). This
type of components has been quickly adopted by motherboard designers, who tend
to replace the traditional bulky leaded electrolytic capacitors. The short height of
these new capacitors makes them as well appropriate for laptop computers,
although in these applications other SMT chip polymer aluminum electrolytic or
tantalum capacitors may be the preferred choice for their extreme flatness and
smaller footprint [176].
Regardless of their reduced capacity, MLCC devices are key elements of the
output filter because of their reduced ESR and ESL. Presently, MLCC of up to
100µF capacity are commercially available in a 3.2x2.5mm case with typical ESL
and ESR of less than 1nH and 2mΩ, respectively. One trend is to make exclusive
use of MLCC to build the output filter capacitance, possibly requiring a reduced
portion of PCB area such as that of the central cavity of the CPU socket LGA 775
from Intel® [177]. The maximum switching frequency operation may primarily
dictate the size of the output capacitor bank, and ultimately, the power density of
the VR.
1.2.7

Control systems

Computer microprocessor VRs must unavoidably incorporate a number of
advanced monitoring and control schemes that are essential to fulfill the
troublesome tasks of maximizing performance, avoiding instabilities and
guaranteeing proper operation despite of disturbances, uncertainties and variation
tolerances in the source, load and circuit components [178]. Table 1.2-IV lists
relevant control and monitoring functions typically encountered in modern VRD
and VRM. From a system level perspective, several of these schemes coexist with
the primary purpose of protecting the system from excess of temperature and
current operation, as well as providing proper start-up functionality and power
delivery conditions.
Classified as control subsystems, on the other hand, multiphase inner loops are
employed to maintain balanced current sharing, enhance transient response and
improve converter efficiency. In addition, within each individual phase, local
control loops and monitoring schemes may be implemented to enable multimode
operation, accurate switching synchronization and optimum gate driving. The
following subsections highlight the principles and techniques of these fundamental
regulation systems.
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Table 1.2-IV Monitoring and control aspects in microprocessor VRs.
Control level

Functionality

VRD/VRM system

Over temperature protection
Over current protection
Start‐up sequence
Load line (AVP) and transient response

Multiphase PoL

Current sharing
Transient response enhancement
Phase shedding

Single phase

Multimode switching modulation

Gate driver

Dead time optimization
Driving voltage optimization
Synchronous rectification ON/OFF

1.2.7.1

Load line regulation

As mentioned in section 1.1, the load line regulation is based on the AVP
scheme. Its implementation is usually integrated in one of the control architectures
of Table 1.2-V.
Traditionally, the voltage mode control [179] (also categorized as active droop
control) and current mode control [180], [181] have been the most widespread
architectures for VR applications. In the voltage mode control, the difference
between the set-point and the feedback signal is compared to an artificially
generated sawtooth ramp to control the duty cycle. In one possible arrangement,
the set-point is composed by the output voltage plus a droop voltage of the load
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line, which is emulated by a sensed output current signal and a resistor. Such AVP
implementation is known as AVP- because the droop voltage is fed to the negative
input of the error amplifier. Alternatively, the droop voltage may be combined
with a reference potential to form a current dependent set-point signal, which is
then compared in the error amplifier with the output voltage of the converter. This
configuration is named AVP+ because the droop voltage is fed to the positive
input of the error amplifier.
Table 1.2-V Classification of relevant control architectures for the VR load line.
Voltage mode (active droop control)

AVP+
AVP‐

Current mode

Current peak
Current valley
Current average

Current mode with feedforward loop

Input current feedforward
Output current feedforward

V² scheme
Hysteretic

Voltage mode
Current mode

Current mode control is a multiloop approach where the inductor current is the
main control variable as opposed to the duty cycle in the voltage mode control.
Thus, the duty cycle conceptually becomes an auxiliary variable. Current mode
control results in an inner loop that regulates either the peak current, the valley
current or the average current. In either case, an outer control loop of the output
voltage specifies a target value for the current control. Such information is
combined with the droop voltage and input into the nested loop to generate the
right set-point for the load current.
The fact that the current mode control approximately transforms the output
inductor into a current source offers significant advantages over the voltage mode
control, some of which include easy compensation, proper current sharing
regulation, line rejection and optimal control in both CCM and DCM. On the
contrary, there are certain disadvantages such as subharmonic instabilities and low
audio susceptibility that make the voltage mode control a better choice in some
cases [182], [183].
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Other more advanced control methods have been developed with the purpose of
providing a faster transient response capability than the voltage and current mode
controls. Feedforward control loops offer dynamic advantages by virtue of
measuring the load current changes and feeding them to the process for corrective
action before they disturb the control parameters. Feedforward control is used in
conjunction with feedback control to provide multiple-input-single-output control.
Several implementations combining current mode control with load current
feedforward have been analyzed in [184]. By summing the error signal of the
output voltage control (outer loop) and the load current signal, and feeding the
sum to the current mode controller, the inductor current can automatically, and
with virtually no delay, follow the load current variations even without reaction of
the voltage regulation loop. The concept can be best exploited when the current
command signal and the inductor current are closely related. The V² control
emerges as an attempt to achieve this in a simple and yet effective implementation
approach [185]-[189]. In the V² architecture, the feedforward signal corresponds
to the converter output voltage, which inherently contains the information of the
inductor current generated by the ESR of the output capacitors. The feedforward
signal is then used as reference signal to the modulator as opposed to an
artificially generated sawtooth like in previous control schemes. A change in load
current will have an effect on the output voltage, thus altering the ramp signal.
This causes a rapid change in the modulator output to correct the duty cycle of the
switches without changing the error signal of the feedback loop. Such low
frequency loop provides DC accuracy and improves noise immunity. The
simplicity and effectiveness of the V² control has been successfully implemented
by several semiconductor manufactures offering to the industry a variety of IC
controllers for high performance VR applications [190].
Boundary control techniques with linear switching surface such as hysteresis
and sliding-mode control arise as alternatives to PWM controllers. The nonlinear
hysteretic control is the most popular in microprocessor VRs for its simple
implementation and extreme fast transient response [191]. As shown in Figure
1.2.12, a basic hysteretic controller uses only a comparator and a Schmitt trigger
to modulate the state of the switches as function of the difference between the
reference and feedback signals. Thus, as in the V² control, no reference sawtooth
generator or timing function whatsoever is fundamentally required.
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Figure 1.2.12 Basic representation of the hysteretic controller in a SRBC.

In voltage mode control, the feedback signal corresponds to the output voltage,
whereas in current mode control, the inductor current is used instead. In either
case, accurate sensing of the signal’s AC component is crucial for the hysteretic
control to function correctly. With proper signal sensing, no feedback loop
compensation is necessary to guarantee stability. The absence of a low frequency
bandwidth compensator makes the hysteretic control one of the fastest existing
close loop architectures, with potential for nearly instantaneous response to load
transients. Nonetheless, propagation delays exist, which affect the output ripple
voltage and the switching frequency operation. In addition, these parameters are
inherently dependent on the parasitic ESR and ESL of the output filter. The
switching frequency, although being very predictable from simple equations, may
further vary substantially with the input and output voltages, load conditions and
components spread. This may lead to undesirable chattering phenomena, EMI
issues and difficulties in the optimization of the switches and filter components.
These drawbacks have been addressed in the last years, resulting in several
solution approaches to essentially achieve nearly constant switching frequency
operation [192]. Among the proposed solutions, the variable width hysteresis
comparator approach [193], and the constant ON time or OFF time [194] and
adaptive ON time modulation [195] methods prove to be very effective. These
modulation techniques, summarized in Table 1.2-VI, correspond to PFM and can
be applied to other control strategies, particularly for operation in DCM, as it shall
be described in section 1.2.7.3.
For the AVP implementation both current and voltage need be simultaneously
measured. In the hysteretic voltage mode control, for instance, the droop
compensation is realized by subtracting the sensed current signal from the
reference signal at the input of the comparator [196].
Table 1.2-VI Classification of relevant modulation techniques.
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Constant frequency

Pulse width modulation (PWM)

Variable frequency

Pulse frequency modulation
(PFM)

Constant ON time
Constant OFF time
Adaptive constant ON time

1.2.7.2

Multiphase regulation

One of the most critical aspects of multiphase architectures is the control
mechanism by which all individual phases equally share the output power. A
stable and even load distribution improves performance and reliability without the
need of overdimensioned components due to reduced peak thermal stresses.
Current sharing techniques are brought up to achieve this goal. Load sharing
information is most commonly generated and distributed over a single
interconnection among the cells. Typically, the interconnection circuit is designed
so that a current sharing error signal is produced from the output current of one
cell and the average current of all cells. The error signal is then utilized to locally
readjust the compensation signal of the feedback loop, as shown in Figure 1.2.13
[197].
Other approaches exist where current sharing information is communicated
implicitly through the converter output, and no additional interconnections among
converter cells are required [198].
Current sharing in hysteretic control architectures may also be accomplished
with an alternative approach of phase selection. The algorithm by which it is ruled
controls that the active phase delivering the power at any given time corresponds
to that one carrying the lowest instantaneous current [199].
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Figure 1.2.13 Voltage modulation with current balance function.

A means for accurately sensing the current of the individual phases is
primordial in the majority of current sharing methods. Table 1.2-VII summarizes
the most commonly used current sensing methods. For the sake of maximizing
efficiency, the lossless approaches predominate, most of which may exploit the
RDSon of the power switches or the ESR of the passive filter components. In any
case, and since the voltage across the ESR cannot be measured directly, the use of
compensation filters is required to subtract the useful information from the
measured quantities.
Added control functionality to multiphase architectures has been provided to
leverage the transient response of conventional trailing and leading edge
modulations. In these basic topologies, the phases are synchronized with a fixed
clock and shifted phase such that the system may react to load steps with lags of
Ts/n, n being the number of phases, and with a corrective action just consisting of
a duty cycle readjustment.
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Table 1.2-VII Current sensing approaches.
External resistor
Output capacitor ESR
MOSFET RDSon
Output inductor ESR

With passive filter
With active filter

MOSFET RDSon & output inductor ESR
Sources: [185], [198], [202], [203].

The proposed dual-edge PWM control [200] combines both leading and trailing
edge methods without a fixed clock. This enables the controller to react by turning
on more than one phase at once whenever a load step occurs. The transient
response is thus improved compared to conventional modulators because the
phase activation frequency is not restricted to multiples of Fs. Furthermore, in case
of a transient step-up, paralleling multiple active phases allows faster current
buildup in the converter.
In order to maximize efficiency in the entire load range, multiphase
architectures may incorporate phase shedding control. At light load, conduction
loss is low compared to switching loss. Thus, in this case, the overall losses can be
effectively reduced by disabling phases. Phase shedding may however jeopardize
the benefits of interleaving with regard to output capacitance size, since the
reduction of phases may cause an increase of the output ripple voltage.
The optimum selection of the phase number as function of the load current has
been recently analyzed in [201]. The results suggest that the current range between
phase shedding thresholds may be approximately constant, which simplifies the
implementation of the control.
1.2.7.3

Multimode switching modulation

Multimode switching modulation represents an additional approach to phase
shedding for maximizing efficiency over a wide load range, particularly, at light
loads. The concept arises based on the fact that the switching modulation
technique leading to minimum power losses depends on the load current.
Switching modulation techniques have been classified earlier in Table 1.2-VI
as constant and variable frequency. Constant frequency PWM is effective at high
loads, where the converter runs in CCM. At light load, PWM suffers from
excessive switching losses. PFM thus becomes more effective since the switching
frequency can be drastically reduced without increasing the output ripple, that is,
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at low currents the output capacitors can maintain the voltage longer during the
OFF cycle.
Multimode switching modulation has been introduced in commercial products
to offer significant efficiency gains at light load. Controllers featuring hyper light
loadTM or deep sleep functionality are based on this concept and can increase the
system efficiency by more than 50% at very low currents [60]. Other commercial
parts use burst-mode control, which produces trains of fixed-frequency pulses
followed by OFF periods [204]. At some lighter load the controller may reach the
minimum duty cycle capability. What happens is that the energy being pushed into
the converter is in excess of the output power. Therefore, the controller may
typically respond by trying to omit cycles. This is commonly known as the
variable frequency pulse skipping mode, which is available in various commercial
controller ICs [205]. All these control techniques may be implemented both in
analog and digital based circuits [206], [207].
The ability to switch between modulation modes as function of the load current
has commonly been a feature of VRs for portable devices. For higher power
applications this technique is less frequently used, yet it is becoming increasingly
relevant due to the paramount importance that light load efficiency is acquiring.
1.2.7.4

Gate driving control

The simplest SRBC gate driver controllers have fixed delay times of sufficient
duration to insure that the ON state of the power switches do not overlap under
any conditions, thereby preventing shoot-through (or cross-conduction) related
losses. Such dead times must account for components spreads, temperature
dependencies and operating conditions, which usually result in excessive times
incurring SyncFET body diode conduction. Body diode conduction is undesirable
for it produces high ON conduction losses as well as additional ringing and
switching losses associated to reverse recovery. Consequently, control techniques
are required to adapt the switching time with enough delay so as to concurrently
shun both shoot-through and body diode conduction.
One proposed technique is the adaptive dead time control, which allows on the
fly delay readjustments by means of monitoring the gate voltages [208]. When the
SyncFET gate voltage goes below a certain threshold, it is assumed that the device
is off and thus the CtrlFET can be turned on. Similarly, the switched node falling
edge dead time undergoes a converse sequence of events. Additionally, the
SyncFET turn-on may also rely on the switch node voltage and a zero crossing
detector to determine the condition for device activation. Although this control
strategy can substantially reduce excessive dead times, body diode conduction
may not be fully prevented due to the propagation delays of the controller and
drivers.
Solutions have been introduced to overcome these propagation delays by
predictive gate driving. The technique works on the premise that the delay time
required for the next switching cycle can be self-adjusted by corrective action of
the chosen dead time from previous cycles. The concept employs a feedback
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control that adaptively detects and minimizes the body diode conduction cycle by
cycle. Regardless of the inherent propagation delays, the control ends up
producing the precise timing signals necessary to effectively operate near the
threshold of cross-conduction, thus virtually preventing body diode conduction
and reverse recovery losses. Predictive gate driving was initially proposed and
implemented by Texas Instruments [210]-[212].
An alternative approach to optimize the dead time is based on the idea of
minimizing some measure of the power loss. A number of works studying this
concept have been presented. In [213], the dead times are stepped to measure the
resulting change in the converter input current which is related to the efficiency.
The dead time is then adjusted in the direction of increasing efficiency. A similar
method proposed in [214] adjusts the dead times so that the duty cycle is
minimized, corresponding to maximized efficiency.
At light loads, the SyncFET may need to be deactivated in order to emulate
diode behavior and enable DCM. Many controller ICs implement this function by
detecting a negative inductor current [215]. Other solutions simply turn off the
SyncFET whenever a command of light load is received by the VR from the host
microprocessor [216]. To mitigate the need of high bandwidth sensing due to
propagation delays, adaptive and predictive techniques may also be suitable to
switch off the SyncFET at the right zero current crossing times.
The gate drive voltage of the power switches are other variables of adjustment
in addition to the dead times. Namely, the optimum gate voltages depend on the
load current. At high current, the gate voltage may require to be rather high so as
to minimize the RDSon of the switches. On the contrary, low gate voltages at light
load may be more beneficial since gate charging losses dominate over conduction
losses. Accordingly, an adaptive adjustment of the gate voltages may lead to
further efficiency improvements in the entire load range.
1.2.8

Packaging and integration

The market demand for increased power density conversion cannot be met with
conventional device packaging and interconnect technologies. Limitations in
interconnect density, thermal management, bandwidth and signal integrity need to
be addressed with advanced thermally efficient encapsulation and integration
techniques.
Inferior thermal dissipation imposes the most serious bottleneck for the
realization of superior performance power management solutions. Not only do the
thermal path characteristics and heat flux density dictate the maximum
temperature rise, but the limits in reliability, quality and yield as well. Therefore,
it is of primary importance to create a thermo-mechanical environment that does
not hinder the advances of new device technology generations.
The industry faces a difficult trade-off with popular semiconductor packaging
options. Traditional baseplate D-Pak and D²-Pak solutions offer good thermal
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dissipation capabilities but rather large footprints. In contrast, popular SOIC
outlines feature space efficient choices but poor thermal performances.
Innovation in power MOSFET packaging has followed a trend in SMT
technologies to enable the reduction in footprint whilst maintaining levels of
thermal resistance and reliability performance that compare to traditional larger
packages. Solutions like the DirectFET [144] offer double sided cooling to
achieve excellent heat removal capabilities around 1K/W with the size similar to
SOIC packages. The elimination of wire bonding, molding and lead frames further
allows significant reduction of parasitic elements. Other cost-effective solutions
showing competitive performance are the LFPak [143] and the PolarPak [145].
These devices also feature double sided cooling, thus providing low thermal
resistance in extremely compact housings.
Further miniaturization has been achieved through the ability of semiconductor
companies to deliver advanced processing and functional integration in the form
of power management system in package SiP and system on chip SoC. The rapid
proliferation of functionally integrated hardware solutions is seen as an inflection
point in the power supply industry, which is causing a dramatic move away from
traditional discrete solutions to an increasing emphasis on power supply products
deriving directly from semiconductor products and microelectronics technologies.
The success of integrated power systems lays on the significant performance
advantages of placing components physically close in a single chip or module.
Compactness allows not just miniaturization, but also a great deal of parasitic
elements reduction, which is fundamental to enable fast switching and hence high
frequency operation. Furthermore, the better parameter controllability of
integrated systems reduces tolerances and facilitates the introduction of key power
saving functionalities, such as predictive dead time control.
The decision whether to adopt SoC or SiP to best exploit the benefits of system
integration depends on a number of considerations. On the one hand, SoC implies
the multi-functional integration of essential and ancillary system components into
a single semiconductor integrated circuit. This inherently offers superior
miniaturization advantages, high interconnection density and a virtual suppression
of relevant parasitic inductances. The performance capabilities are, however,
generally bounded to the selected chip technology. This can be a major
performance limitation drawback since the optimum technology for achieving the
best possible result is not unique but varies depending on the function to be
implemented.
Serving the same purpose, SiP [217] provides integration by way of assembling
multiple chips in a single unit, package or module. Thus, SiP is frequently referred
to as multichip module (MCM) [123], [218], [219]. By proper interconnection of
these chips, the module can perform the desired function associated with a system
or sub-system. Bound wires are most frequently used to make the
interconnections, which may add generally low but noticeable parasitic
inductances and resistances, the later particularly due to current spreading issues.
In contrast to SoC, the SiP approach fundamentally allows the use of multiple
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front end technologies for discrete and integrated components to be combined in
one package, thus offering the best practical alternative for the implementation of
each function. This advantage has conditioned the main adoption of SiP in high
current, low voltage VRs.
SiP quickly emerged in the market segment of computer power management
around year 2000, and has progressively evolved ever since. Commercial MCM
products integrate the power MOSFETs, driver, controls and, in some cases, the
input capacitor filter of the SRBC in a single package. While the power devices
are based on trench MOSFET technology, drivers and control may be
conventional CMOS based, whereas the input filter may consist of MLCCs.
Practically all these integrated power module (IPM) products further feature
automatic dead time reduction control, internal thermal shutdown, power
sequencing functions, compatibility for multiphase operation and extremely low
profile, surface mounted package with a thermal resistances typically below 5K/W
(e.g. 8mmx8mmx0.85mm of PIP212 from NXP Semiconductors) [220].
The MCM approach was adopted by Intel® in 2004 as reference for the
DrMOS specification introduced in section 1.2.1.3. The importance of such
specification has made most competitor products to be DrMOS compatible.
Future MCM developments aim at continuing the reduction of the parasitic
elements, in particular, the half-bridge loop inductance [221]-[224], adding further
power saving functionality, such as the control modes for light load described in
section 1.2.7.3, and implement advanced packaging with, for instance, embedded
technologies [225], [226].
Ultimate approaches aiming at the full power supply integration such as the
PSiP, PwrSoC (see section 1.2.3) [107], [227], [228] or the combination of CPU
and power supply on the same organic land grid array (OLGA) [229], are still
major challenges even for low power portable applications since switching
frequencies cannot reach the levels where the size of the passive components
makes their integration feasible [107], [230]. Major breakthroughs like the GaN
power switch devices (see section 1.2.4) may first need to be introduced.
1.2.9

Commercial voltage regulators

In the last years, most commercial motherboards with embedded VRDs have
been employing multiphase architectures formed by three to five interleaved
SRBCs, depending on the characteristics of the CPU. Figure 1.2.14 and Figure
1.2.15 show one VRD design usually encountered in motherboards back in 2005.
In such arrangement, the maximum height of the VRD is determined by the leaded
aluminum electrolytic capacitors, followed by the toroid chokes. Power
MOSFETs are packaged in D-Pak, which do not require heatsink, yet occupy a
substantial PCB area comparable to that of electrolytic capacitors. The high
inductance of this package is one of the main limiting factors preventing higher
switching frequency operation. Three discrete MOSFET parts may be used per
phase, two of which are parallel connected to constitute the SyncFET, since it
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carries the output current during most of the time. A rod-core inductor may be
frequently employed as input filter for the reasons given in section 1.2.6.1. Note
that the overall VRD PCB area is significantly larger than the CPU socket area.
More recent high performance motherboards start to utilize VRDs with larger
number of phases as a response to the higher power demands of CPUs. Figure
1.2.16 shows an example of a sixteen phases VRD design to drive overclocked
Intel® Extreme Quad Core™ processors. As it can be seen from a first glance, the
cooling system around the CPU is far from basic. It features a large bridge
heatsink which is connected via a single copper heatpipe to another series of
heatsinks designed to cool the board’s power MOSFETs. Together with the
heatsink fan, this cooling system dictates most of the VRD volume, which is
significantly higher than in previous motherboard designs. The large number of
phases also leads to higher PCB area occupancy, even with the use of modern
passives, such as the power cube inductors and the low profile OS-CON
capacitors shown in detail in Figure 1.2.17. The reduced height of these
components, however, allows their placement close to the processor and under the
overhanging CPU heatsink. The increase of cost, volume and area of this extreme
design offers in turn high efficiency at full loads, thus generating the least amount
of heat to enhance overclocking capabilities and reliable operation.

Figure 1.2.14 VRD module and CPU socket of Asus A8N-VM CSM motherboard for AMD’s
Athlon™ 64bits processors.
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Figure 1.2.15 Three phases low switching frequency VRD of Asus A8N-VM CSM motherboard for
AMD’s Athlon™ 64bits processors.

Figure 1.2.16 Sixteen phases VRD of Asus P5Q-E motherboard for Intel® Extreme Quad Core™
processors.
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Figure 1.2.17 Sixteen phases VRD of Asus P6T Deluxe Intel® X58 motherboard for Intel® Core™
i7 processors.

A look at the sixteen phases’ solution of Figure 1.2.17 without heatsink reveals
the type of power MOSFETs and their arrangement on the motherboard. As
depicted in Figure 1.2.18, each phase consists of two LFPak surface mounting
based power switches. In contrast to other VRD designs with fewer phases,
paralleling is not necessary since the reduced current per phase can be reliably
handled by modern ultra low ON resistance power MOSFETs. Furthermore,
output ripple cancellation is remarkably enhanced by the high number of
interleaved phases, which reduces the OS-CON count and the high frequency
decoupling MLCCs confined in the CPU socket cavity area.
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Figure 1.2.18 Sixteen phases VRD without heatsinks of Asus P6T Deluxe Intel® X58 motherboard
for Intel® Core™ i7 processors.

Another generation of VRDs is based on DrMOS compatible MCM products.
An example of that is shown in Figure 1.2.19, corresponding to a state of the art
motherboard for Intel® Core™ i7 processors. Providing current from six phases,
this VRD employs some of the most modern components available in the industry.
Besides the MCMs, the output filter is formed by state of the art ferrite based
power cube inductors, and low profile polymer electrolytic capacitors. The VRD
also uses a rather voluminous heatsink for proper heat dissipation of the MCMs.
This heatsink primarily dictates the size of the VRD. The PCB area however is
comparable to that of VRD for lower power microprocessors. A top view of the
power supply without heatsink is shown in Figure 1.2.20. Comparing it to that of
Figure 1.2.14 and Figure 1.2.15 gives a good sense of how much power density in
VRs has improved in the last five years.
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Figure 1.2.19 Six phases DrMOS VRD of MSI X58 Pro motherboard for Intel® Core™ i7
processors.

Figure 1.2.20 Six phases DrMOS VRD without heatsink of MSI X58 Pro motherboard for Intel®
Core™ i7 processors.
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The large dimensions of most heatsinks in computer workstations are
prohibitive in laptops and some server computers. Such volume restrictions imply
achieving higher efficiencies at full load. This is currently possible in laptops
since the power consumption of the microprocessor is drastically lower, thus
simplifying the VRD structure to typically two phases, as shown in the example of
Figure 1.2.21. The use of low profile OS-CON is possible but unusual in ultra slim
laptops, where the utilization of polymer electrolytic or tantalum capacitors offers
superior form factors.
Figure 1.2.22 shows a commercial VRM solution in a standard board size. The
total PCB area occupied by VRMs is usually smaller than VRDs because the
output capacitors are not included in the module. Nevertheless, VRMs frequently
employ rather small heatsinks for its vertical arrangement allows for better heat
dissipation. Thus, overall, the volume of the VRM may be usually smaller than
that of VRDs.

Figure 1.2.21 Example of two phases VRD (left hand side of the image) for laptop computers.

(a)

(b)

Figure 1.2.22 Four phases VRM for PowerEdge 4600 processor, Dell 9T434. (a) Heatsink side,
(b) Opposite side.
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1.2.10 Survey on power MOSFET models for circuit simulations
As pointed out throughout this review chapter, one key challenge of the power
delivery system is to reduce the switches losses of the power MOSFETs. To
address this most effectively, the analysis of the switch device in the converter
circuit is fundamental so as to understand switching phenomena, identify relevant
loss mechanisms and find measures to mitigate them. A significant amount of
modeling approaches has been developed to assist these tasks. However, there
appears to be only a scarce number of effective methods for high switching
frequency when investigations demand accurate loss quantifications and
assessment of improvement options at both device and circuit levels.
To provide a sense of it, this section overviews existing power MOSFET
models for circuit simulation aiming at device performance evaluation.
In the literature of power MOSFET models for circuit simulations a number of
distinguished approaches can be classified and summarized as shown in Table
1.2-VIII. Essentially, two main categories exist that conceptually differentiate
between theoretical semiconductor device physics and empirical models. At this
point, the suitability of the latter ones may apparently be restricted to merely
circuit analysis, for the approach may not provide insights of the internal device
behavior (i.e. the black box concept). One should however become aware that the
representation, implementation and performance of the model will eventually
dictate the applicability and potential use of the model upon consideration.
Table 1.2-VIII Power MOSFET model approaches for circuit simulations.
Description
method

Semiconductor device physics
Analytical lumped
Numerical
distributed

Empirical
Analytical Numerical
lumped
lumped

Basic
representation

Approximated solution
functions

Partial differential
equations (PDEs)

Fitting
functions

Look‐up
tables

Implementation

Structural macro‐
model circuit

PDEs/spatial
discretization FD,FE

Structural macro‐
model circuit

Solver type

Impedance network

Mixed‐mode

Impedance network

Device variables
involved

Material related or
circuit related

Material related

Fitting parameters

Both models’ main categories commonly present methods based on analytical
and numerical solutions.
Models based on device physics closed-form expressions usually derive from
simplifications of the spatial distribution of the device structure into a network of
lumped elements, each of which represents an intrinsic functional (desirable or
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parasitic) discrete electrical entity [231], [232]. The resulting equivalent subcircuit network constitutes a structural macro-model, the parameters of which can
be device material or circuit related.
The main differences between existing macro-models lay on the network
topology and implementation approach [233]-[236], which may significantly
influence the simulation performance (e.g. convergency errors). Nevertheless, fast
computation times can be regarded as a common feature in most implementation
approaches of this kind. On the other hand, a major drawback of physical based
macro-models may be the limited accuracy caused by the underlying
approximations.
As an alternative approach, the partial differential equations (PDEs) governing
the device physics of a multidimensional spatial distribution may be solved by
numerical methods such as finite differences (FD) and finite elements (FE). These
methods can further be coupled to a lumped impedance network solver and thus
simultaneously resolve the PDEs and associated circuit network in what are
known as mixed-mode simulations.
Mixed-mode simulations allow the study and optimization of carrier dynamics
and device geometry in the actual switched-circuit. PDEs solvers deliver
outstanding accuracy when the physical and geometric parameters are wellknown. On the contrary, mixed-mode simulations usually require long
computation times and their use is presently restricted to rather simplified circuit
descriptions [237]-[241].
By means of device characterization techniques, empirical models aim at
reproducing the device behavior at its terminals without required knowledge of the
underlying physics. Nonetheless, the majority of advanced empirical models are,
in part, intrinsically physics based in the sense that their internal structure
conceptually resembles that of device physics macro-models. Thus, the word
“empirical” usually refers to the way by which the individual lumped elements
that constitute the macro-structure are represented. This approach significantly
simplifies the device representation, and most importantly, it extends the scope of
applicability beyond that of pure device black box models, as it allows exploring
the interaction between the different internal characteristics as well as their
contribution to the overall device behavior.
Applying the right testing conditions, individual device characteristics can
effectively be decoupled by measurements [242], or alternatively by accurate
device physics simulations [243].
The representation of these characteristics by lumped elements is usually based
on fitting functions [244] or look-up tables linked to voltage or current dependent
sources in the macro-model sub-circuit [236], [245]. Analytical expressions
derived from simpler MOSFET structures (e.g. standard low-power devices) are
often potential fitting functions. Their use is though purely empirical since the
dependent variables may lose their physical meaning [246].
Empirical models generally provide high accuracy with reasonable short
computation times. This is though restricted to the operating regions covered by
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the characterization data. Beyond these regions extrapolation techniques may yield
inaccurate simulations. Also, unlike device physics models, empirical models do
not generally offer direct correlations between device performance in the
switched-circuit and the physical parameters of the device.

1.3 Objectives of the thesis
In view of the current state of the art, the obvious question arises as to whether
the present basic VR topology will be suitable to fulfill the requirements of next
generation microprocessors. A rigorous analysis on fundamental limitations of the
SRBC needs to be carried out to estimate and compare the ultimate power density
levels attained with existing and forecasted technologies. The identification of
crucial circuit and device parameter dependencies on power losses are essential to
establish the conditions upon which certain system specification requirements can
be met. Such parameter correlations form the basis to lay out roadmap targets of
future VRs, which, based on the discussions thus far, may be potentially
constituted by improvement aspects related to control strategies, system
integration and power MOSFET performance. Accordingly, solutions may only be
considered within the framework of SRBC based multiphase architectures.
Nonetheless, clear indications as to whether alternative circuit topologies may or
not be better suited shall be revealed.
Upon such premises, the following particular VR aspects shall be addressed:
-

-

-

-

Guidelines for the design and optimization of multiphase SRBC. It
includes the optimum size of power MOSFETs, gate driving voltage,
optimum number of phases and filters size.
Provided that the focus is on maximizing efficiency at high switching
frequency, special attention is given to analyzing the performance of
power MOSFET technology trends in close correlation with the operating
conditions of the switched converter. Combined with a comprehensive
examination of switching phenomena and related power losses, this study
comprises the core of the thesis work.
With regard to gate driving, investigations on control parameters,
topologies and operation modes leading to both fast switching and reduced
losses shall be carried out. A procedure to derive the optimum driving
conditions for a given topology and converter specifications will be
proposed.
Concerning the output filter size, the advantages of going to higher
switching frequency operation shall be quantified. In particular, an
optimum switching frequency may be determined based on a series of
design criteria for reducing both converter size and component count. The
size and heat dissipation of the output filter inductor will strongly depend
not only on the load current, but also on the converter operation mode as
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-

-

well as the switching frequency. Thus, the analysis of AC inductor losses
will be essential to determine the right design parameters that compromises
between power density conversion and power losses.
Control strategies offering loss saving functionality will be explored to
maximize system efficiency in a wide load range. Techniques such as
phase shedding will be brought in to enable fine dynamic adjustments of
the number of phases as function of the load demands. The advantages of
dead time control algorithms shall also be examined paying rigorous
attention to efficiency gains at high switching frequency.
The move towards integrated solutions will mainly be motivated from
performance benefits on power density, switching loss savings and higher
switching speed capabilities. Arguments will be centered around
demonstrating the importance of further pursuing the reduction of critical
layout parasitics as the switching frequency goes above 1MHz.

The information resulting from these investigations will merely be referent to
technologists and physicists, serving as guidelines to develop optimized
technologies that can be most effectively applied to fulfill the outlined roadmap
targets. Improvement options may be manifold, and so may the combinations of
them leading to similar performance results. While the objective of this work is to
provide possible scenarios of compliant system operation, it will be the
technologists’ decision to select among them the most appropriate one as basis for
their development strategy. The best solution to be adopted may be strongly
dependent on many factors, such as technology trends, available expertise, time to
market and cost. Making the right choice at the right time will then be essential to
reach excellence in program delivery.
To this end, modeling tools are developed to form the main pillars of a
methodological approach for the analysis of switching behavior, conversion
efficiency predictions and optimization. As it will be described in the following
section, the proposed methodology consists of a combination of circuit and device
models with a series of analysis procedures, the applicability of which extend
beyond the particular purposes of this thesis work. Thus, emphasis is given to
provide a detailed description of the methods applied such that the reader can
identify from a much broader scope the potential advantages and benefits of the
approach to aid the development process of advanced power delivery solutions.

1.4 Methodological approach
Advanced microprocessor VRs pose a number of practical challenges to their
designers, who must tackle the task to analyze complex switching phenomena and
estimate their associated power losses [247]. For that matter, existing design
models [248], [249] may become exceedingly inaccurate because the
simplifications they are based upon may not be applicable in the framework of
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high current, high switching frequency operation. Perhaps the most critical
simplification is the omission of parasitic inductances, which turn out to play a
critical role at high switching frequency. Ignoring them may thus result in
misleading prognostications and improper optimization designs. As such, there is
the great need to develop dedicated design oriented loss models for modern VRs.
These models should allow sufficiently accurate performance estimations in a
wide range of the entire design space and still be practical for circuit designs.
Crucial goals are to derive design guidelines and FoM for loss minimization based
on functional relations between circuit design parameters and performance related
factors.
These modeling requirements are targeted in this thesis work. Following a
systematic methodology, the SRBC is comprehensively studied in the context of
computer microprocessor VRs, going from the fundamentals of switching
phenomena, to the optimization design and roadmap targets identification.
Circuit modeling is central in the proposed methodological approach, which
comprises four study phases. In every one of them, different modeling levels are
suitably employed according to specific analysis demands. Figure 1.4.1 shows the
scheme of the adopted procedure with a description of the primary purposes in
each course of action.

Spice model

•Detailed switching analysis
•Loss mechanisms identification
•Accurate loss estimation

(Level 0)

PLA model

•Fundamental switching analysis
•Derivation of waveform expressions
•Simplified representation of loss
mechanisms

(Level 1)
Check

Loss model

•Fundamental loss analysis
•Derivation of loss expressions
•Creation of design rules

(Level 2)

FoM

•Compact performance
characterization
•Circuit/device optimization
•Roadmap targets identification

(Level 3)

Figure 1.4.1 VR power efficiency study workflow consisting of four modeling phases.
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In the initial study phase, switching phenomena is rigorously analyzed for the
purposes of understanding fast switching operation, identifying loss mechanisms
and quantifying their effects.
Although featuring outstanding simulation accuracy, the proposed level 0
model (or SPICE circuit model) is typically associated to both high computational
power and long simulation times. Furthermore, the simulation analysis may be
rather cumbersome when requiring extensive parameter sweep calculations,
thereby often making level 0 impractical as circuit design tool.
In that respect, analytical modeling [250]-[254] may be a more convenient
approach as it aims at simplifying complexity and concisely describing the
essential and most relevant parameter correlations. Additionally, simulations
become simpler and faster, thus reducing the need of high computation power and
long processing times. Analytical models frequently neglect second order effects
and restrict their applicability to narrower operating regimes of interest. The art
for deriving practical analytical models lays on the ability to make the right
simplifications, in particular, those which can provide a compact mathematical
description of the significant aspects of the circuit behavior while maintaining
sufficient accuracy.
Accordingly, a piecewise linear analytical (PLA) model (or level 1 model) is
developed for the second study phase. As it will be shown, the SRBC operation is
divided in switching intervals and represented with various linear circuit models
from which waveforms are analytically defined. The ensuing equations elucidate
the foundations of switching phenomena without significant loss of generality and
simulation accuracy.
The focus of the third and fourth study phases is on the description and analysis
of power losses. The time dependent equations from the level 1 model aid the
derivation of closed-form expressions of individual switching loss quantities. As it
will be described, the adopted simplifications restrict the applicability of the loss
model to certain boundary conditions, which turn out to constitute a series of
design rules necessary to avoid critical loss mechanisms. The resulting loss
equations, though being less accurate than the numerical simulations of level 0
and level 1 models, form the basis to define FoM in the last study phase. These
FoM compactly characterize the performance of the switches in the converter
circuit and thus help designers optimize their parameters, compare technologies
and identify roadmap targets. The final design can eventually be checked with the
more accurate level 0 or level 1 model.
The proposed multilevel modeling structure is motivated by the adopted codesign approach in which the perspectives of device behavior, circuit topology and
control aspects are brought together in the analysis process. It is therefore intended
to provide sufficient levels of accuracy, comprehensiveness and rigor in
describing the performance limitations of the prescribed VR solution.
A matrix of correlation between the addressed power efficiency aspects and the
model levels is represented in Table 1.4-I. As indicated, model level 0 is mainly
devoted to the behavioral analysis of the power switches in the converter circuit,
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which allows the identification and understanding of switching phenomena. Once
the relevant switching aspects have been recognized and assessed, simplifications
are deduced to build model level 1, which concisely describes the essentials of the
converter’s switching operation while neglecting secondary order effects.
The study of control aspects by means of model levels 0 and 1 is of little
convenience due to the generally required high computation power. In contrast,
the underlying approximations of model level 2 allow proper assessments of
system control techniques to improve power efficiency. Model level 3 may also be
employed for loss savings related control analysis, although it is dedicatedly
developed for optimization purposes.
All these models are supported at all levels with experimental data and accurate
FE simulations. The latter complements the validation of the proposed model
levels in those operating regimes where measurements become inaccurate or
difficult to obtain.
Table 1.4-I Matrix correlation of the proposed co-design approach.

Device

Level 3
Measurements and FE
simulations support

Fundamental
switching
analysis

Converter circuit

Level 2

Optimization

Level 1

System control

Loss models

Loss analysis

Level 0

Accurate
behavioral
analysis

Switching models

Measurements and FE simulations support

These modeling tools are essential in the development process of next
generation VRs presented in this treatise. The process workflow of the proposed
method is illustrated in Figure 1.4.2. It starts with the characterization of current
state of the art VRs. A set of measurements from which to characterize the
existing system performance is required to determine the parameters of the
models. The accuracy of the measurements will be influential to generate
meaningful simulations that can reproduce the performance of current state of the
art solutions. Based on the market input (i.e. CPU and computer specifications),
such simulations will primarily consist of parameter variations and sensitivity
analysis to translate the load requirements into clear roadmap targets for the VR.
The identification of roadmap targets encompasses a precise definition of the
system characteristics and parameter values that elements of the VR may need to
feature in order to achieve the targeting performance. Any modifications in the
VR that allow meeting the roadmap targets will be defined as improvement
options.
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The key aspect of the proposed process flow is to iteratively identify the most
appropriated improvement options by means of active simulations. This gives rise
to the concept called virtual design loop, where numerical computations replace
the usually enormous experimental/empirical effort to elucidate the pathway
towards the most effective solutions. Thus, the ability of the models to accurately
predict performance trends as function of control, circuit and device parameters is
of critical importance for a successful technology development.
It is only then, after several virtual loop iterations have been run and the most
suitable solution chosen, when the development of the technology platform and
eventually the prototyping of the VR are worked out. The selection of the right
technology platform may typically result from trade-offs between technology
requirements (e.g. process capabilities and development effort) and performance
benefits.
The process flow begins once again after the new system is available and the
performance can be tested, hence validating the modeling predictions.
Note that the proposed development process flow can be generalized and
applied to other engineering disciplines.
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Figure 1.4.2 Next generation VR development process flow.

1.5 Thesis outline
The next four chapters of the thesis are dedicated to analyzing the above
introduced model levels. Each modeling approach is thoroughly described in
separate chapters in terms of implementation, functionality, computation
requirements and performance predictions. The latter are extensively supported
with experimental data, particularly for the case of the most sophisticated model
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level 0. The characterization work to determine model parameters from both
experimental and FE simulation data will be common to all model levels.
However, it will only be presented and illustrated in Chapter 2 for the case of
model level 0.
The potential use of each model will be highlighted in each corresponding
chapter by means of analyzing particular aspects of the VR. Therefore, Chapter 2
provides an in depth analysis of power MOSFETs’ switching behavior based on
model level 0. In Chapter 3, the use of model level 1 will serve to study the critical
aspects of the SRBC topology. Different case examples will be presented to
illustrate the need to move towards integrating solutions. In Chapter 4, model level
2 will predict the loss breakdown of a MCM solution to reveal the relevant loss
mechanisms under fast switching operation as well as effective control methods to
mitigate them. Chapter 5 focuses the attention on design guidelines for optimizing
the VR for a particular application. All elements of the VR are considered,
including the passive filter elements and the gate drivers. Special emphasis is
given to the design of the power MOSFETs, the selection of the switching
frequency and the optimum number of phases.
Chapters 6 exploits the developed models to examine SRBC based multiphase
architectures in order to determine the limits of operation and propose measures
for boosting the overall performance of the VR. Based on the guidelines of
Chapter 5, the power density and efficiency limits of the converter based on
present and future technologies will be identified. Finally, roadmap targets and
improvement options for next generation VRs will be presented and discussed.
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Chapter 2

Model level 0:
Switching behavior of power
MOSFETs

This chapter describes the model level 0 introduced in the previous chapter.
One main goal is to provide the reader with sufficient knowledge on the adopted
modeling approach, characteristics, basic structure, advantages and drawbacks of
its use and associated analysis methods.
Within the scope of the investigations, the chapter includes simulation results
corresponding to state of the art SRBCs for VRs, which are compared to extensive
experimental data. The validation assesses the accuracy of the model to reproduce
switching waveforms and estimate power losses.
The purposes of the model are thus to accurately represent the behavior of the
power MOSFETs in the switched converter, understand fast switching
phenomena, identify mechanisms of power losses and quantify their effects. To
meet all these requirements, model level 0 is based around an accurate behavioral
model of power MOSFETs.
Furthermore, those circuit components of the switched converter that may
potentially influence the operation of the power switches are properly modeled
according to the analysis demands. The model description of these circuit
elements is provided in the different sections of the chapter.
For its complexity and relevant importance in the converter circuit though,
most of the chapter is devoted to the modeling of the power MOSFETs. The
proposed MOSFET model consists of a proper combination of individually
identified device inter-terminal elements 3, such as the capacitances, channel and
body diode, each of which are characterized and represented by means of lumped
elements. The superposition of the electrical effects produced by these elements
effectively reproduces the behavior at the terminals of the device. One of the
benefits of this implementation is that it provides consistent simulations of the
MOSFET’s internal operation corresponding to each of the extracted device
characteristics. Such ability aids the purpose of elucidating switching phenomena
and their impact on the converter performance.
3

All circuit elements considered herein are assumed time invariant, unless otherwise
specified.
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Besides the basic structure, composition and adopted approach, the description
of the converter components includes the derivation of model parameters, which
result from experimental characterization and, alternatively, accurate FE
simulations. Both methods will be briefly outlined and their use compared and
justified for each particular case.
The resulting converter model combines power switches, gate drivers,
input/output filters and layout parasitic elements to form a complex lumped
network structure that may be solved with circuit simulators such as SPICE. In
addition to the power circuit, a PWM control and gate drive logic with dead time
adjustments are implemented in the simulator to enable switching synchronization
and power balance control. The control module further incorporates an algorithm
for the estimation of initial values of the state variables so as to simulate switching
cycles in steady state conditions. This allows skipping the transient time of a
usually large number of switching periods, which in turn significantly reduces
simulation times.
The analysis of simulated waveforms will not only be the basis to understand
fast switching operation but also to identify and quantify associated loss
mechanisms. Special emphasis is given to a proposed systematic procedure to
perform the loss breakdown by separation of loss components. Although the losses
not related to the power MOSFETs are not addressed in detail, the results of the
loss extraction yield quantities associated to several identified loss mechanisms
which happen to be critical to identify key parameters influencing the performance
of the overall converter.
The proposed loss breakdown and analysis methods will be illustrated with
various case examples that demonstrate the benefits of the approach to help
investigate switching phenomena, identify major loss contributors and propose
measures to improve converter performance.

2.1 Power MOSFET model for circuit simulations
Given the need to effectively combine device behavior and circuit analysis in
one single simulation environment, the goal is to develop an accurate power
MOSFET model for circuit simulators that features device analysis capabilities.
As highlighted in Chapter 1, empirical models appear to be the right choice for
this purpose as they offer a proper balance trade-off between required computation
power and simulation accuracy, which cannot be met with FE simulations in
mixed mode.
Thus, the following is a description of an adopted behavioral modeling
approach. The proposed model aims at reproducing the device behavior at its
terminals by proper combination of individual device characteristics. By means of
the right testing conditions, such characteristics can be derived from experimental
measurements resulting in: DC output characteristics in first and third quadrant,
avalanche breakdown, capacitances, gate resistance, package impedances and

Chapter 2. Model level 0: Switching behavior of power MOSFETs

109

body diode reverse recovery. Numerical FE device simulation is principally an
alternative method to acquire one or more of these characteristics by means of
rather simple simulation setups, as it shall be shown later on. Once available, the
data may be represented in terms of look-up tables, fitting functions and
differential equations. These can then be combined in a simulation model that
reproduces the actual device behavior at its terminals, to which the original testing
conditions have been applied. The resulting empirical model is meant for circuit
simulators like SPICE in order to cope with rather complex circuit environments.
The accuracy of the loss predictions of the complete circuit and individual loss
contributors is determined by the employed characteristics and can be tailored to
the analysis demands. In this regard, both characterization methods (i.e.
measurements and FE simulations) play different roles. Within experimental
limits, measurements allow validating device simulations. The latter in turn is not
only useful to replace cumbersome measurements; it also enables to cover
characterization ranges that go beyond experimental limits and hence to complete
the desired characteristics. In cases where no experimental data are available, like
for instance in the process development of a novel technology, FE simulations
may be the only means to generate accurate characterization data.
The following sections outline implementation issues of the behavioral model,
describe methods for comprehensive device characterization, which is the crucial
part of the approach, and explain analysis opportunities by means of simulation
examples.
2.1.1

Model structure and implementation

The dynamic behavior of the power MOSFET may be represented with the
lumped network structure of Figure 2.1.1. Note that, for simplicity, all parasitic
lumped elements associated to the package, substrate and polysilicon gate are at
this point omitted. As shown in the circuit diagram, three current sources are
parallel connected to individually model the channel, body diode and avalanche
breakdown current contributions. These are icn, idio and iAB, respectively. Added to
these current paths, the model further considers the three equivalent parasitic
terminal capacitances of the MOSFET, namely CGS, CGD and CDS. In order to
properly represent the behavior of each individual characteristic, the elements of
the model may be dependent on inter-electrode voltages vDS and vGS. In particular,
diode current idio may additionally be time dependent so as to represent the
dynamics of reverse recovery, as it shall be described in detail later.
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D
CGD

iG

iDcap

iD

G
vDS

vGS

CGS

CDS

icn(vDS,vGS)

idio(vDS,t)

iAB(vDS,vGS)

S
Figure 2.1.1 Circuit diagram of the power MOSFET model for circuit simulations. For simplicity,
terminal parasitic elements are omitted.

Establishing appropriate criteria to de-embed the terminal currents into the
defined current contributions is the major subject of the modeling approach. This
is extensively discussed in the next section in the context of model parameter
extraction. This section focuses on the model implementation in circuit simulators.
Regarding DC output characteristics, the channel current is defined in both first
and third quadrants, i.e. both directions of drain current flow. The channel
behavior considerably varies in each quadrant, for which different empirical
functions are utilized. In the first quadrant it follows that,
,

·

…
·

·

1

…

·

·

·

·

(2.1)
1

Coefficients c0 to c4 are dependent on vGS. Together with constant κe, these
coefficients are determined from fitting procedures of the original MOSFET
characteristics. The resulting relations with vGS are implemented with look-up
tables. Parameter Adie is the effective active chip area of the power device, which
is introduced in the equation to enable die area scaling. This feature will be
extended throughout the rest of the model components and frequently employed in
subsequent analysis.
Third quadrant operation is highly influenced by the so-called body-effect,
which describes the changes in the threshold voltage as function of a negative vDS
[255]. The analysis of this effect in high density trench power MOSFETs is
provided in Appendix A and Appendix B.
An empirical equation that reproduces the channel DC behavior under the
influence of the body-effect is,
,

·
· 1

·

…
·

(2.2)
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Similarly to (2.1), c5 to c7 correspond to fitting coefficients. Expressions (2.1)
and (2.2) fully describe the DC characteristics of the channel. Combining them
yields the expression for the channel current,
,

,

,0 …
,0

·
,

·

(2.3)

Note that functions max and min restricts the use of the functions to their
respective boundary limits.
Besides the channel current, the third quadrant DC output characteristics are
further composed by the body diode current. Its DC component is assumed to be
uniquely dependent on vDS since the drain current dependence on the gate voltage
is entirely attributed to the channel. This is justified in the Appendix A and
Appendix B by means of extensive simulations and experimental analysis. Thus,
in DC operation it follows that,
,

_

∞

(2.4)

The right hand of (2.4) represents the body diode’s response to a step function.
The implementation of the DC diode current is based on (2.2) at a given gate
voltage, that is,
,

_

(2.5)

Where VGSd is usually well below zero. As it shall be illustrated later in this
5 is sufficient in the devices characterized so far.
chapter, condition
Similarly, the avalanche breakdown is implemented by a diode function in the
first quadrant as,
,

_

·

,0

(2.6)

Constants
and
allow adjusting the avalanche voltage level as well as
.
its dependence on
In the next section, the use of (2.1)-(2.6) will be illustrated to fit the
characteristics of a particular MOSFET technology. The equations are suitable for
most of the vertical MOSFET structures studied thus far. However, certain device
technologies may involve the definition of alternative empirical functions.
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The latter is also the case for the dynamic model of the body diode, which is
defined as an extension of its DC characteristics by means of the following
integral equation,
,

·

…

1

,

_

(2.7)

Empirical equation (2.7) compactly represents the dynamics of reverse
and
. The empirical model
recovery, which may be adjusted by parameters
is an adaptation of the simple diode model from Lauritzen [256]. A detail
description of the model performance and comparison to other implementation
approaches are provided in Appendix C. Note that forward recovery is neglected
since it has not been observed in the studied low voltage devices.
The diode capacitance is implicitly described by the model element CDS. The
implementation of this and the other nonlinear capacitances in circuit simulators is
generally non-trivial as it frequently involves a rather complex custom design by
means of basic built-in functions and components. The realization method of
interest is that one which best compromises simulation accuracy, speed and
convergence. Nonetheless, one of the most common approaches is the use of
equivalent voltage controlled current sources, as described in [257], [258]. In such
configuration, the interconnection of nodes D-S and G-S is established solely by
variable current sources, which may be linked to look-up tables 4 and interpolation
functions to define the voltage dependent capacitances. Consequently, any series
connection of inductances to these nodes is potentially susceptible to generate
convergence problems because the piece-wise approximations yield timediscontinuous derivatives of the drain and gate currents.
In this regard, a more topologically stable configuration implies the use of
current-controlled voltage sources for the capacitance implementation. To achieve
this, the capacitance network from the model of Figure 2.1.1 needs to be
transformed to an alternative equivalent circuit. Let the capacitance currents of the
MOSFET be expressed in vector form as,
·

(2.8)

Where,

4

Unlike in the case of the channel and body diode, look-up tables are employed for the full

representation of the capacitances since no suitable empirical function was found. Generally, simple
fitting functions are preferred over look-up tables for better scaling capabilities, compactness, and
computation speed, particularly when multivariable dependencies need to be implemented and high
accuracy is required.
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,

(2.9)

,

,

,

,

,

,

(2.10)

,

(2.11)

(2.12), (2.13)

The latter expresses the reciprocity property [259] of the capacitance matrix
from (2.9), which has been observed in all devices analyzed thus far.
The capacitances may be conveniently specified in terms of relative values as,
·

(2.14)

The vector to the right of (2.14) contains specific capacitance values given in
Farads per unit area.
The implementation of the non-linear capacitances as voltage sources implies
expressing (2.8) in integral form, that is,
·

·

(2.15)

Where
and
are the initial conditions of state variables
and
.
Based on the above transformation, the general model of Figure 2.1.1 may be
equivalently represented as shown in Figure 2.1.2. This structure differs from the
previously exposed in that the MOSFET capacitances are implemented by means
of two current-dependent voltage sources, which offers three major advantages.
First, current discontinuities through the terminals of the structure can no longer
occur due to the integral form of the impressed voltage across terminals D-S and
G-S. Second, initial conditions can be readily defined, which contrasts with the
implementation based on current sources. And third, implementation is simplified
since only two voltage sources are required to represent three capacitances.
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D
iD

iDcap

iG

G

vDS(vGS,iG,iDcap)
+VDS0

vGS(vDS,iDcap,iG)
+VGS0

icn(vDS,vGS)

idio(vDS,t)

iAB(vDS,vGS)

S
Figure 2.1.2 Model of Figure 2.1.1 with nonlinear capacitances represented as voltage-dependent
sources.

The proposed implementation can be further simplified by just combining
terms and expressing capacitive current iDcap as,
,

,

,

,

(2.16)

Where iDnc defines the non-capacitive term of the drain current, that is,
,

,

,

,

,

(2.17)

Thus, Figure 2.1.3 shows the resulting simplified power MOSFET model
structure composed by just two dependent voltage sources governed by equations
(2.1)-(2.17). The model can be readily implemented in circuit simulators such as
PSpice, which allows the declaration of all required nonlinear functions, integral
operations and use of 2D look-up tables for the definition of the voltage dependent
capacitances.
iG
iD
G
D
vDS(vGS,iD,iG,t)+VDS0

vGS(vDS,iD,iG)+VGS0

S
Figure 2.1.3 Simplified circuit implementation of proposed power MOSFET model for circuit
simulations.

The complete dynamic power MOSFET model including all parasitic
resistances and inductances from chip and package is depicted in Figure 2.1.4. The
highlighted area corresponds to the portion of the semiconductor chip, which
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includes substrate resistance RDsub and polysilicon gate resistance RG in addition to
the elements considered in Figure 2.1.1. While substrate resistance RDsub may scale
with Adie, gate resistance RG strongly depends on the gate busbar layout design, as
it shall be seen later in this section.
The rest of the model representation corresponds to the package and electrode
equivalent parasitic elements. Therefore, electrodes labeled as G’, D’ and S’
correspond to the terminals of the MOSFET package. The network formed by
elements LD2, RD2 and LS2, RS2 represents the skin losses and proximity effects of
the package interconnections, e.g. bound wires. At high switching frequency,
package loss dissipation due to these magnetic effects may be substantial, and thus
need to be considered. In the gate terminal, such effects are frequently neglected
since the polysilicon gate resistance dominates.
D’
LD1
RD1

RD2

Semiconductor chip
LG

RG

iG

G’

LD2

RDsub
iD

G

D

vDS(vGS,iD,iG,t)+vDS0

vGS(vDS,iD,iG)+vGS0
S
RS2

LS2
RS1
LS1

S’
Figure 2.1.4 Proposed power MOSFET model for circuit simulations, including package parasitic
elements.

2.1.2

Model data acquisition

Although the required model data may be obtained either by measurements or
by FE simulations, there are differences in the ranges that can be covered with the
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two approaches. Table 2.1-I summarizes the required characteristics and methods
for their acquisition. The resolution and extension of the gathered data may be
adapted to the modeling needs which, for the present purpose, go far beyond the
information usually contained in datasheets.
The characterization techniques may involve post-processing algorithms to
ultimately subtract the model parameters from the raw data (see equations (2.1)(2.17)). The extraction procedures of each device characteristic are described in
the following subsections.
Table 2.1-I MOSFET device characterization by measurements and FE simulations.
MOSFET characteristics
Gate resistance
Package impedances
DC output characteristics (channel,
body diode, avalanche breakdown,
and substrate resistance)
Inter‐electrode capacitances

Measurements

FE simulations

S‐parameter extraction with
vector network analyzer

N/A ( )

Curve tracer based on voltage
ramps or voltage pulses

DC parameter sweep
simulations

Impedance analyzer
measurements for VGS<VTH

Transient simulations of
current response to
applied voltage ramps

1

Measurement of currents
resulting from applied voltage
ramps
Body diode reverse recovery

1

Half‐bridge in clamped
inductive switching mode

Transient simulations of
resistive or inductive
turn‐off

FE simulations are presented in Appendix E to estimate package impedances.

2.1.2.1

Gate resistance and package impedances

Parasitic inductances of device package and polysilicon gate resistance are
experimentally derived from scattering parameters (or S-parameters)
measurements, which describe the electrical behavior of impedance networks
when undergoing various steady state stimuli by small signals. Assuming an
equivalent impedance network at the terminals of the MOSFET, the measured
S-parameters can be processed to quantitatively determine the elements
constituting such a network under different bias conditions.
S-parameter measurements are performed with a vector network analyzer
(VNA). The principle of operation of VNAs enables to effectively measure the
terminal impedance of the device under test (DUT) without the influence of
interconnection parasitic impedances. With a well calibrated setup, the VNA
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allows characterization of low impedance packages at frequencies of interest,
which may extend into the GHz range. Proper interconnections of the DUT to the
VNA are essential to achieve consistent measurements at high frequency. The
setup employs RF cables to connect the VNA ports to a test fixture for coplanar
microstrip lines, to which the DUT is suitably attached.
Figure 2.1.5(a) illustrates the magnitude of the transmission coefficient
corresponding to the terminal drain-source impedance of an ON state power
MOSFET mounted on DPak. The transmission coefficient of the series R-L
lumped structure (i.e. referred to as ‘simple model’ in Figure 2.1.5) cannot finely
match the experimental results due to the presence of skin effects at the package
terminals, which translate into an effective inductance reduction as frequency
increases. The lumped skin effect model of Figure 2.1.6 allows a simple and yet
more accurate representation of the measured response, as Figure 2.1.5(a)
illustrates 5 [260], [261]. A look at the real part of the estimated impedance reveals
the strong resistance dependency on frequency, which clearly manifests already in
the MHz range, as Figure 2.1.5(b) depicts. The curve is characterized by two
values, R1 and R2, which define the resistance of the network at low and high
frequency, respectively. A transition between the two values occurs at
intermediate frequencies. The transition interval is given by the inverse time
constants R1/L1 and R2/L2.
The skin effect may be mostly attributed to the source terminal since the drain
is contacted through the mounting base, whose equivalent inductance may be
negligible.
The results of the characterization suggest limiting the DPak to applications
where switching frequencies are well below 1MHz. At sufficient low switching
frequencies, the CtrlFET package loss contribution as a consequence of the output
inductor ripple current may be approximately estimated from the following
expression,
·

·

(2.18)

According to the proposed skin effect model, the square term in (2.18) equals
the voltage across R2 during the ON state of the CtrlFET when assuming steady
state operation. A similar expression may be deduced for the SyncFET. Given the
of both devices result in less than 1mW
extracted values of Figure 2.1.5,

5

The phase of the impedance is not considered for parameter fitting since the distributed nature of

the underlying skin effect cannot be accurately represented with the proposed models. A far more
complex ladder network may be required for that purpose. The simple lumped-based skin effect model
aims at representing the fundamentals of such magnetic phenomena by first order approximations.
Estimations of the loss contribution of this effect will dictate whether the approximations are
satisfactory enough or, on the contrary, further model refinements are demanded.
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for typical applications (i.e. down conversion of 12V to 1V). Expression (2.18)
may no longer be accurate at high switching frequencies as the ON times approach
time constant L2/R2. Nonetheless, the simplified skin effect model is helpful to
qualitatively represent the increase of ON resistance with the switching frequency.
A far more sophisticated skin effect model may be obtained through the use of
FE software tools that enable to numerically solve multi-dimensional Eddy current
problems. Appendix E describes how this is achieved to study the parasitic
inductance and dynamic resistance of MOSFETS packages and PCB layouts. A
quasi-static formulation of Maxwell’s equations can be further developed for the
performance estimation of the output inductor, as described in Appendix E.
(a)

(b)
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Figure 2.1.5 Magnitude of transmission coefficients of terminal drain-source impedance at vGS=6V.
Measurement and fitting results. DUT: PHD77NQ03T from NXP Semiconductors (D-Pak
encapsulation). Fitting results refer to model of Figure 2.1.6: L1=2.13nH, R1=11mΩ, L2=0.33nH,
R2=24mΩ.
L1

R1

D’
L2

R2

S’

Figure 2.1.6 Terminal drain-source equivalent impedance network of a MOSFET in ON conduction
considering package skin effect.

Figure 2.1.7 illustrates some of the results derived from FE harmonic analysis,
where a MOSFET’s package impedance is evaluated in combination with a
portion of a PCB track, as representative arrangement from a realistic application.
Details of the layout arrangement are provided in Appendix E. The double layer
PCB with return ground plane allows to effectively neglect the PCB inductance.
As such, the curve from Figure 2.1.7(b) mainly accounts for the MOSFET’s ESL
corresponding to the package leadframe of the source contact. The extracted value
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varies around 500pH in the high frequency range. The ESR increases rapidly
above 200kHz, reaching 5 times the DC values at 5MHz. Unlike the case of the
ESL, the ESR contribution of PCB layout cannot be neglected, as shown in
Appendix E.
(a) LFPAK+PCB track ESR

(b) LFPAK+PCB track ESL
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Figure 2.1.7 Frequency dependence of the equivalent series resistance and inductance (from drain
to source) of the LFPAK plus PCB section with ground plane. Simulation results (see Appendix E for
details).

Table 2.1-II summarizes the results from VNA measurements of three different
power MOSFET packages. To simplify the comparison, skin effects are neglected
and so every terminal parasitic inductance can be simply represented with a single
lumped inductor. Note that the source inductance of the LFPak matches the
simulation results from Figure 2.1.7(a) at 1MHz.
Besides the extraction of model parameters, S-parameter measurements can
further be exploited for device design and failure diagnosis related to
manufacturing processes. Effects such as spreading resistance of bounding
connections and split gate [262] can be detected and assessed with no influence of
large series parasitic inductances.
A parameter that has an effect on the gate resistance is the gate mask structure,
i.e. the gate busbars that distribute the gate current over the area of polysilicon.
Figure 2.1.8 shows some layout examples of possible gate busbar designs. A
design criterion for layout optimization may be based on the best compromise
between occupied semiconductor area and uniform current distribution. Regarding
the later, S-parameter measurements may be used to determine whether or not a
design is adequate for current distribution by analyzing the transmission
coefficients. Ideally, in case of a uniform current density all cells switch
simultaneously. This should be translated into a frequency response equivalent to
a simple series R-L-C network, as shown in the example of Figure 2.1.9 for the
case of an optimum gate busbar design. Note that the value at the resonant
frequency yields the gate resistance of the device.
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Table 2.1-II Measurement extraction of parasitic elements from various MOSFET
packages.
Package type

Package inductance neglecting skin effects

D2Pak

Drain

LD = 0nH

Source

LS = 5nH

Gate

LG = 7nH

Drain

LD = 0nH

Source

LS = 3.5nH

Gate

LG = 4.5nH

Drain

LD = 0nH

Gate

LG = 1.1nH

Source

LS = 0.5nH

DPak

LFPak

Transmission measurements could however result in a rather strong frequency
dependence of the real part of the gate-source impedance, which indicates a nonuniform current distribution. This is illustrated in the case example of Figure
2.1.10 corresponding to a device with non-optimized gate mask layout. The
frequency dependent gate resistance of Figure 2.1.10(b) results from the
impedance network of Figure 2.1.11, the parameters of which are determined to
match the measured transmission coefficients of the terminal gate-drain
impedance, as Figure 2.1.10(a) shows. The model represents two portions of the
device that commute asynchronously in the application. This is the split gate
effect, which is undesirable in most applications since it leads to increased
switching losses [262].
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(c)

G

G

G

Figure 2.1.8 Example of different gate mask structures; (a) metal contact along the chip periphery
only, (b) with one additional center busbar, (c) with three additional uniformly distributed parallel
busbars.
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Figure 2.1.9 Magnitude of the transmission coefficients of an optimized gate mask layout. Gatedrain terminal measurement and fitting results. The following parameters correspond to a series R-L-C
network: L=5.18nH, R=0.97Ω, C=2.76nF.
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Figure 2.1.10 Magnitude of the transmission coefficient of a non-optimized gate mask layout.
Terminal gate-drain measurement and fitting results. The following parameters refer to model of
Figure 2.1.11: L1=5.18nH, R1=1.1Ω, R2=6.85Ω, C1=1.8nF, C2=1.95nF.
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Figure 2.1.11 Terminal gate-drain impedance equivalent network corresponding to a MOSFET
with split gate effect, as illustrated in Figure 2.1.10.

2.1.2.2

DC output characteristics

Static characteristics include channel, forward body diode and reverse
avalanche breakdown currents. These can be derived from either measurements or
FE simulations. The later may be necessary when the devices are not physically
available (e.g. not yet fabricated or prototyped) or the accuracy of the
measurement method in certain regions of operation becomes too low.
Regarding experimental characterization, the accurate measurement of the DC
output characteristics is particularly a challenging issue because of device selfheating [263]. Dedicated curve tracers have been developed that improve the
accuracy of some commercially available solutions. The proposed measurement
approach presented in [264] is proven to mitigate self-heating whilst covering the
full dynamic range of operation in both first and third quadrants.
Avalanche breakdown characteristics are separately obtained with a dedicated
current pulse driver. The approach can capture avalanche breakdown levels up to
50V with pulse widths of less than 2µs. Since the shape of the avalanche
breakdown is irrelevant for the purpose of this work, only a few points of the
characteristics in the low current regime are measured, thereby avoiding the need
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of stressing the DUT. Note that in the measurements, gate voltage and junction
temperature dependencies are taken into account.
Regarding FE simulations, DC output characteristics are readily obtained from
parameter sweep bias point calculations. With proper calibration of the device
physics model, FE simulations are accurate and representative of real behavior, as
Figure 2.1.12 illustrates.
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Figure 2.1.12 First and third quadrant DC output characteristics (icn+idio) resulting from FE
simulations and measurements of a trench power MOSFET at 25°C (PHB96NQ03LT from NXP
Semiconductors). Package resistance is considered in the comparison.

Once the DC output characteristics are obtained, model parameters need to be
calculated so that the fitting functions proposed in section 2.1.1 match the raw
data. In the first quadrant, the curves describing the channel characteristics (i.e.
data below avalanche voltage) are used to determine by fitting procedures the
parameters of (2.1). Figure 2.1.13 shows the results of a typical match. In the high
vDS range (Figure 2.1.13(a)), the empirical function reproduces effects such as
channel length modulation (or short-channel effect) and early avalanche, known
from the physics of the device [265]. Furthermore, when fitting experimental raw
data, the best agreement in the low vDS range (Figure 2.1.13(b)) is typically
obtained when assuming a series linear resistor to the channel. This extracted
quantity is associated to the substrate resistance (RSub from Figure 2.1.4).
Model parameter adjustments for the third quadrant undergo the de-embedding
of the drain current into the channel and body diode contributions. For consistency
with the MOSFET’s body-effect theory (see Appendix A for details), the body
diode characteristics are assumed to be independent on the gate voltage. The
criterion to extract the body diode current from the sensed drain current is to
assume that the channel current is negligible for gate voltages well below zero. In
this operating region, any existing drain current is attributed to minority carriers in
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the body region. Figure 2.1.14 shows the result of de-embedding the drain current
into the two current components of a simulated trench MOSFET structure. As it
can be observed, the channel current can be a significant portion of the total
current for subthreshold levels above zero volts. This will have a major impact on
the switching dynamics, as it shall be described later.
Similarly to the first quadrant channel current, the parameters of the fitting
functions for the third quadrant are calculated to accurately match the
corresponding extracted current components. This completes the full static model
calibration since the adjustments of the body diode fitting function are basically
the same as for the avalanche breakdown characteristics (see (2.6)).
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Figure 2.1.13 First quadrant output characteristics (channel current) of a commercial device
(PH3330 from NXP Semiconductors). Comparison between measurements and fitting function
(equation (2.1)) after calibration of model parameters.
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Figure 2.1.14 Typical third quadrant output characteristics of high power trench power MOSFETs.
Drain current de-embedding into channel and body diode currents. Data derived from 2D FE
simulations of a trench MOSFET cell with scale factor corresponding to a 1mm² active area.

2.1.2.3

Inter-electrode capacitances

Hard-switching applications particularly require accurate modeling of the nonlinear inter-electrode capacitance [266] introduced in section 2.1.1. This is
because switching losses depend primordially on the value and shape of these
capacitances, which are generally dependent on both gate and drain voltages. Such
dependence makes favorable the identification of operating regions of capacitive
influence, thus enabling the possibility of finely defining the critical areas whilst
simplifying others outside the ranges of interest. Important areas of operation are
determined from the switching trajectories of the MOSFETs, as illustrated in the
state plane diagram of Figure 2.1.15. The highlighted areas correspond to the
blocking and active regions of the devices. While the former may be
experimentally covered by means of small signal impedance analyzers,
measurements in the active region essentially involve signal excitation by power
sources. Among the various alternatives, the proposed approach measures the
current response to large signal voltage ramps, which are generated by means of a
linear capacitor and a constant current source as charging pump. In addition, SMT
capacitors are employed as high frequency shorts that allow the simplification of
the capacitance extraction. These capacitors are connected in close proximity to
the DUT so as to mitigate the effect of interconnect and package parasitic
inductances. This is important because the ramp slope is limited by the
disturbances caused by these parasitic elements. Note that steep ramps are
desirable to increase the sensitivity of the measurement and reduce self-heating.
Figure 2.1.16 shows the simplified diagram of the measurement setup, which is
valid for both impedance analyzer and voltage ramps. The terminal voltage of the
DUT and switches Si, So are controlled by the measurement instrument, which can
be automated to cover the entire capacitance range. In order to achieve this, the
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measurement instrument must be capable of providing not just the excitation
signals and measurement means, but also the DC bias voltage sources. Two of
them are required for small signal measurements, whereas only one may be
necessary in combination with the voltage ramp approach.
14

Voltage vGS (V)
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Figure 2.1.15 State space diagram of MOSFET voltages. Trajectories result from simulations of
typical switching events in a VR application.
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Figure 2.1.16 Setup for extraction of MOSFET capacitances. Measurement instrument may
comprise an impedance analyzer or a voltage ramp generator with current sensing means.
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Table 2.1-III Summary of methods for MOSFET capacitance extraction in both
blocking (shaded rows) and active regions of device operation.
Reference

Switch

Excitation

Measurement

Ca

Small AC
signal G‐S

Impedance

Si
0

So
0

1

1

Cb

Small AC
signal D‐S

Impedance

0

0

1

1

Cc

Small AC
signal G‐D

Impedance

0

0

1

1

Cd

Ramp voltage
G‐S

Gate current

0

1

Ce

Ramp voltage
D‐S

Gate current

1

0

Cf

Ramp voltage
D‐S

Drain current

1

0

capacitance

states

Extracted capacitance

The measurement instrument is configured such that it allows various contact
configurations between the DUT, excitation signal and bias voltages. The full
capacitance range is obtained by means of six different measurements, the
configurations of which are summarized in Table 2.1-III. Measurements Ca to Cc
are carried out with an impedance analyzer and two DC bias voltages for vDS and
vGS. The combination of these three measurements allows the extraction of three
capacitances. Other measurement combinations are possible. The measurement
covers the entire blocking region well below VTH (typically for vGS<1V). In
addition, input capacitance Ciss can be determined for the particular case of vDS=0,
which is important during ON conduction. Besides the advantage of not requiring
high frequency capacitance shorts, these three independent measurements relate to
the inverse of the capacitance matrix of (2.9) with the following simple equations,
(2.19)

,
,
,

2 1 1
0 1 0 ·
0 0 1

,
,
,

(2.20)
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The coefficients in matrix
determined from voltage ramps, i.e.
measurements Cd to Cf, involve more complex relations, as it can be deduced from
(2.9). This may lead to a lower accuracy of the calculated matrix coefficients as a
consequence of inherent noise in the raw data. Furthermore, measurement Cf in
the active region can only be accurate as long as the channel current is
comparatively low with respect to the capacitive current. This can be seen from
the following expression for the output capacitance calculation,
,

,

,

(2.21)
.

The above expression clearly evidences that any uncertainty in the prediction of
that increases in proportion to the
the channel current will lead to an error of
subtracted magnitude relative to the capacitive current. Therefore, in practice, and
due to the limited voltage ramp slope, the maximum gate voltage is typically
limited slightly above VTH. On the other hand, the drain voltage must be
maintained below the avalanche breakdown voltage level, and above the body
diode conduction for negative values of vGS. Note that the body diode stored
charge in forward conduction is assumed to be dominated by minority charges in
the quasi-neutral regions of the device. The effects of these charges are analyzed
and modeled separately in the next section.
In case of Ciss and Crss, the covered ranges are typically wider than for Coss
since the measured gate current is not subject to the subtraction of large quantities,
as the following equations suggest;
,

,

(2.22)
.

,

,

(2.23)
.

Both measurements Ce and Cf require DC voltage bias for the gate-source,
whereas measurement Cd needs it for the drain-source. The ability to keep
constant values depends on the ramp slope, the value of CS and the parasitic
elements between the DUT and CS.
Figure 2.1.17 shows an example of extracted reverse and input capacitance of a
measured device in both blocking and active regions. Consistent experiments
demonstrate that the voltage ramp approach allows extending the capacitance
range into areas corresponding to switching trajectories of up to 30A loads. The
voltage ramp measurements partially cover the blocking region in order to
compare the results of the two methods. Further data validation is possible by
comparing the shape of the capacitance curves with FE simulations, as shown in
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Figure 2.1.18. In order to extract the capacitance from the FE model, transient
simulations are performed based on the same principles applied for the
measurements in the active region. As Figure 2.1.18 shows, the results are
comparable both in magnitude and shape. Because of this close correlation, FE
simulations can be further employed to extend the data beyond the experimental
limits of the measurement approach. This includes the output capacitance in the
active region.
(a) Capacitance Crss

(

PLOT3D vd

rssR

, vg

rssR

,C

rssR

(b) Capacitance Ciss

) , PLOT3D(vd rssI , vg rssI , CrssIPLOT3D
) (vd iss , vg iss , Ciss) , PLOT3D(vd iss , vgiRc, CissR)

Figure 2.1.17 MOSFET capacitance extraction in both blocking and active regions of device
operation resulting from combining impedance analyzer and voltage ramps measurement approaches.
Red areas correspond to data extended into the active region by means of voltage ramp measurements.
Experimental results of device PH3330 from NXP Semiconductors at 25°C.
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Figure 2.1.18 Comparison of capacitance extraction results from FE simulations and measurements
of a trench MOSFET at 25°C.

2.1.2.4

Body diode reverse recovery

The proposed dynamic lumped diode model defined in (2.7) is suitable for the
representation of reverse recovery characteristics of low voltage trench
MOSFETs. As it has been shown, the model has a very simple structure, it is easy
to implement in a circuit simulator and, as it will be shown in this section, it
predicts with virtually no error transient responses of both FE simulations and
measurements.
The model derives from the lumped charge model proposed by [256], as
described in Appendix B and Appendix C. It employs parameters βrr and tβrr, both
of which need to be adjusted by empirical methods. To carry out this task,
practically all other MOSFET characteristics are demanded in advance. It includes
the capacitance characteristics, channel conduction in the third quadrant, DC body
diode forward characteristics and package parasitic elements (the latter only in
case of experimental characterization). This implies that both βrr and tβrr are
usually the last parameters of the MOSFET model to be derived. These parameters
are adjusted by curve fitting of a reference reverse recovery transient, which may
be derived from either FE simulations or measurements. In either case, curve
fitting may involve a procedure to de-embed the body diode diffusion current from
the total drain current.
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Reverse recovery may be produced by resistive or inductive loads. Both modes
are equally valid for the extraction of the model parameters. For convenience,
parameter extraction by FE simulations is illustrated with a resistive recovery setup, whereas inductive reverse recovery will be analyzed experimentally.
Figure 2.1.19 shows the circuit diagram of a resistive reverse recovery setup,
which can readily be arranged for FE transient simulations. Note that parasitic
elements are ignored to facilitate the characterization. Thus, vDS’ =vDS and
vGS’ =vGS.
Rin

iD

vin
vDS’
vGS’

Figure 2.1.19 Setup for resistive reverse recovery.

Simulation examples of the proposed circuit arrangement are shown in Figure
2.1.20. The transient curves result from both FE simulations and SPICE
simulations of the behavioral model with properly adjusted reverse recovery
parameters. In all cases, the body diode is forward biased with the same initial
current. The plots in the left column show the impact of the di/dt drain current
variation while keeping vGS constant. On the other hand, the plots in the right
column illustrate variations of vGS at constant di/dt. Regarding voltage and current
waveforms, the simple reverse recovery model together with the capacitance and
static characteristics agree with the FE simulations. The variations of di/dt and
gate voltage do not imply the modification of the reverse recovery parameters.
However, the reverse recovery current at zero vGS is already lower than at negative
vGS. At vGS =1V, the body diode current (as it appears from the device terminal)
vanishes completely. These effects are studied in detail in Appendix B.
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Figure 2.1.20 Comparison of resistive reverse recovery resulting from FE simulations and SPICE
simulations of the proposed behavioral model. Left column: di/dt variations; right column: vGS
variations. Data refers to a 25V, 5mΩ logic level n-channel trench MOSFET at 25°C. Extracted model
parameters: tβrr=2ns, βrr=7.8.

Calculation of reverse recovery current from experimental waveforms involves
more steps than from FE simulations, because of transient voltage drops at the
package impedances of the real device. Namely, the source inductance may cause
a voltage drop affecting vGS, which cannot be avoided since the gate impedance
makes impressing this ‘internal’ voltage impossible. This means that the gate
current cannot be kept zero and all capacitance characteristics are involved in the
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experiment. Here, the measured vDS’ is applied to the model in order to compare
drain and gate currents resulting from measurements and SPICE simulations of the
behavioral model. The simulated vGS trace in Figure 2.1.21 indicates that,
depending on gate voltage fluctuations due to capacitance characteristics and
package inductances, measurements can only be performed up to a certain value
of vGS’ that is far below threshold. Hence, Figure 2.1.21 illustrates the limits of
experimental reverse recovery characterization. Within those limits however, i.e.
at sufficiently low gate voltage vGS’, measurements show good agreement with
device simulations in terms of reverse recovery parameters βrr and tβrr. Since these
parameters as resulting from device simulations show no dependence on gate
voltage, measurements at a sufficiently negative vGS’ may yield all required data.
vDS’ by measurem.
vDS by beh. model
vGS by beh. model

Voltage (V)
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idio by beh. model
iG by measurem.
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-5
Figure 2.1.21 Inductive reverse recovery transient. Comparison between measured and SPICE
simulations of behavioral model at vGS’ =-4V and diD/dt=1A/ns at time=15ns. MOSFET type:
PHB96NQ03LT from NXP Semiconductors. Extracted model parameters: tβrr=2ns, βrr=8.
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2.2 Switched converter test board
MOSFET performance must be evaluated under the conditions established by
the application at hand. Particularly, the main focus is on the analysis of the halfbridge of SRBCs for VRs. All the elements of the switched circuit that may
influence the behavior of the MOSFETs have to be considered. These include the
gate drivers, dead time control, PCB layout parasitic elements, input filter
capacitors and output inductor. In order to investigate the interaction of these
elements with the MOSFETs, a number of SRBC test boards are prototyped that
experimentally aid the analysis of various power MOSFET discrete solutions.
These prototype boards are taken as reference to build a SRBC lumped model for
circuit simulators that integrates the proposed MOSFET model of section 2.1. To
accomplish this, relevant components comprising the test circuit are individually
characterized and modeled according to the analysis demands. Combining them
properly in a simulator environment will result in a circuit model setup that
enables to meet two goals: First, a thorough validation of the MOSFET model by
means of experimental data; and second, a realistic representation of the switched
converter for investigations on switching behavior. Further details of the test
boards are described in Appendix G with a summary of their main features and
specifications.
2.2.1

Gate driver

The gate circuit and control for driving the power MOSFETs are key elements
influencing switching performance. Thus, fine adjustments of their related
parameters will be critical in the design phase of the switched converter.
Regardless of the circuit topology, important aspects to be considered in the gate
drive design are the gate impedance, maximum gate current, ON and OFF state
voltage levels and driving losses. These driver characteristics are considered in the
circuit diagram of Figure 2.2.1, corresponding to a conventional gate drive
topology. It consists of a half-bridge configuration that enables the commutation
of the power device by driving its gate between two voltage levels, Vdrvp and Vdrvn.
For convenience, Vdrvn usually corresponds to zero volts, whereas Vdrvp strongly
depends on the driving demands and requires to be optimized accordingly. These
two voltage levels are provided from what are considered ideal voltage sources.
Nonetheless, parasitic inductances are included in the half-bridge, which model
the interconnection impedance of these usually external voltage sources to the
drive circuit.
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Vdrvpi

Vdrvp

vctrl

Control

PWM
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vH

Mp

Vdrvni

vL

vout
Mn

Vdrvn
Ln

Figure 2.2.1 Circuit diagram of MOSFET gate driver.

Like in most high speed gate drivers, MOSFET devices (Mp and Mn) are the
preferred transistor type for the implementation of the half-bridge switches. These
drive MOSFETs are driven by buffers connected to the control circuitry. The
driving voltages of these buffers (Vdrvpi and Vdrvni) are relevant for the estimation of
the generated losses [267].
Special emphasis is given to the modeling of Mp and Mn, for they may limit the
gate driving current, thus representing a main barrier to the increase of switching
frequency. Furthermore, the gate switches can be major sources of losses in the
gate circuit. One reason of this is that, even though the gate switches can reach
ZCS operation, switching losses may still be significant as consequence of the
parasitic input and output charges. The representations of these charges as linear
capacitors are frequently sufficiently good approximations to determine the total
charge related losses. In addition, the channel of these gate devices has to be
modeled so that the behavior in the first quadrant is properly represented with the
ohmic, active and blocking regions.
Similarly as described in section 2.1.1, but to a higher level of simplification,
the gate drive circuit implementation of Figure 2.2.1 results in the circuit diagram
of Figure 2.2.2. As it can seen, each driver MOSFET in the half-bridge circuit is
modeled with an output capacitor, current dependent source (i.e. channel current)
and a series resistance. The gate of these MOSFETs consists of a series connection
of a voltage dependent source, a gate resistor and a linear capacitor representing
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the input capacitance of the device. The voltage source is managed by input
control signal vctrl and the gate voltage of its associated device from the halfbridge. The condition for the turn-on is such that shoot-through is avoided, as
expressions (2.24) and (2.25) reflect.

Lp

Rgp
vGp (vctrl , vcn )

Cip

vcp

iDp (vcp , vDSp )

Cop
Rp

Vdrvp

vout

Rn

Rgn
vGn (vctrl , vcp )

vDSp

Cin

vcn

iDn (vcn , vDSn )

Con

vDSn

Vdrvn

Ln

Figure 2.2.2 MOSFET gate driver implementation in circuit simulator.

Expression (2.26) is a simplified version of (2.1) to represent the DC output
and
are
characteristics of a MOSFET in the first quadrant. Parameters
defined to conveniently adjust the levels and shape of the curves. Figure 2.2.3
shows that the characteristics represented by (2.26) realistically reproduce the
saturation effects observed in conventional gate drivers. Computing the derivative
yields the dynamic resistance, which depends on the
of (2.26) with respect to
applied current as illustrated in Figure 2.2.4.

0 &

,

0

1 &

,

0

,

·

·

(2.24)

(2.25)

(2.26)
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Figure 2.2.3 DC static characteristics of driver MOSFETs based on (2.26).
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Figure 2.2.4 ON state resistance of drive MOSFETs defined as the derivative of (2.26) with respect
to vDS.

Linear input and output capacitance values for Mp and Mn are calculated based
on the following average expression,
(2.27)
Thus,
·
corresponds to the total charge stored in or removed from
nonlinear capacitor . The value of
, like the rest of parameters of the driver
model, can be usually derived from the datasheet of the employed driver, since it
contains all required information referent to the characteristics of the gate
switches. The datasheet information may be complemented with specific
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measurement tests to extract additional driver characteristics such as idle losses, as
described in [268].
The proposed model, as such, allows the study of interactions between the
elements of the driver and power MOSFET in the circuit simulator, as it shall be
described later in this chapter.
2.2.2

Input/output filters

Of key relevance to the switching performance of the MOSFETs are the input
filter capacitors, mainly by virtue of their contributions to the parasitic inductances
of the half-bridge loop. The input filter of the test boards (see Appendix G) is used
as illustration in the following discussion. Such a filter comprises a capacitor bank
of three different types of parallel decoupling capacitors; the OSCON is the one
type of capacitors used to supply most of the DC energy content during the ON
state period of the CtrlFET. The other two types are ceramic capacitors of various
dimensions featuring low ESR and ESL to provide high frequency decoupling
capabilities. The equivalent circuit of the impedance network seen at the terminals
of the filter is represented in Figure 2.2.5. The parameters of the network are
determined from curve fitting of the impedance response measured with a VNA.
Figure 2.2.6 compares the results of the two frequency responses. The resonances
at 4.5MHz and 16MHz correspond to SMD ceramic capacitors, which effectively
contribute to significantly lower the impedance well above the resonance of the
OSCON capacitors (i.e. ≈100kHz).

L1

L2

L3

R1

R2

R3

C1

C2

VCi

C3

Figure 2.2.5 Equivalent input filter capacitor representation of test board (see Appendix G).
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Figure 2.2.6 Frequency response of input filter capacitor. Measurement response derives from
VNA. Simulations correspond to circuit of Figure 2.2.5. Values: L1=150pH, L2=217pH, L3=4.9nH,
R1=4.5mΩ, R2=1.6mΩ, R3=6.5mΩ, C1=620nF, C2=5243nF, C3=8400nF. The latter is derived from
impedance analyzer measurements due to the limited frequency range of the VNA used.

The output filter can be highly simplified for the study of MOSFET
performance. The most important simplification is the replacement of the output
filter capacitors by an ideal voltage source, thereby neglecting any influence that
the output ripple may have on MOSFET switching. The current ripple however
must be taken into account for the estimation of both ON conduction and
switching losses. For this it is sufficient to model the output choke as an ideal
inductance. A series resistor may be simply added to cope with the resistance of
the track, contacts and winding. A more accurate model of the output inductor will
be considered latter for the estimations of the overall converter losses.
2.2.3

PCB layout impedance characterization

One of the main concerns of hard-switching SRBCs is the energy loss produced
by the parasitic inductances in the half-bridge. It is therefore essential to determine
the magnitude of such parasitic elements. The main purpose of this section is to
obtain an equivalent lumped network of the half-bridge PCB layout from the test
boards. The main difficulty of this task is to discern the impedance contribution of
the track portions constituting the half-bridge circuit layout. This is accomplished
by the time domain measurement method described in [269]. The technique
basically consists of generating high amplitude oscillations at resonant frequencies
close to those excited in the application. To achieve this, the power MOSFETs are
replaced by accurately characterized linear capacitors of low ESR and ESL. A
high power driver is then used to inject pulses from the side of the input filter
capacitor, thereby generating oscillations between the parasitic layout inductance
and the reference capacitors. Track inductances can therefore be determined by
measuring sections of the PCB with differential probes in such a way that
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disturbances are minimized (e.g. reduction of coupling effects in the sensing
probes). The estimated inductances derive from fitting procedures of the measured
signals. The resulting PCB electrical model consists of a series of equivalent
lumped inductors related to certain areas of the layout. Figure 2.2.7 illustrates the
results of a characterized test board, where portions of the half-bridge and gate
circuit are represented. Reference voltages vdrv(s), vdrv(c) and vDSx(c) are probing
points for switching waveform measurements, whereas VCi corresponds to the
input filter capacitor voltage, as indicated in Figure 2.2.5. Resistance Rsh is
incorporated for current sensing means. Note that when measuring the voltage
across this shunt resistor, the influence of its ESL (i.e. inductor Lsh) must be taken
into account for determining the current waveform. Further details of the PCB
layout design are provided in Appendix G.
The derived circuit and MOSFET models can be experimentally validated by
measuring VCi, vdrv(s), vdrv(c), vsh and vDSx(s). The resulting waveforms from VCi,
vdrv(s), vdrv(c) are then used in the simulator as time-dependent voltage excitation
sources. Thus, predictions of vsh and vDSx(s) are produced and compared to the
corresponding measured data in order to assess the accuracy of the models. Such
validation procedure will be discussed in more detail in section 2.4.
RHB2
RHB1

LHB1
LHB2
LGx(c)
CtrlFET

vdrv(c)

vx
VCi
LHBx
vDSx(s)

LGx(s)
SyncFET

vdrv(s)

Rsh

Lsh
vsh

Figure 2.2.7 Lumped model representation of half-bridge and gate drive layout parasitic elements
from switching test board (see Appendix G section G.1). Package parasitic elements of MOSFETs are
not represented. Extracted values: RHB1= 3.5mΩ, LHB1= 1.5nH, RHB2= 75m, LHB2= 500pH, LGx1= 250pH,
LGx2= 250pH, LHBx= 600pH, Lsh= 170pH, Rsh= 100mΩ.
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2.3 Switched converter simulation setup
This section presents the final circuit representation of the SRBC based on the
previously introduced models of the power MOSFETs, PCB layout, gate drivers
and input/output filters. Control circuitry is additionally included to allow
automatic adjustments of the dead times as well as regulation of steady-state
conditions that effectively enhance simulation performance.
Since the main purpose of the converter model is to investigate the
performance of the power MOSFETs in the application, special emphasis is given
to properly represent the elements of the circuit influencing the behavior of the
power devices, such as the half-bridge impedance, gate drivers and output choke.
The rest of the elements from the switched circuit are simplified or completely
neglected so as to improve tractability and explicitness. Regarding control aspects,
disturbances such as the load transient and other similar dynamic events are not
taken into consideration. Namely, the analysis is devoted to the nominal operating
conditions, which involve periodic steady state waveforms.
Figure 2.3.1 shows the proposed simulation setup of the SRBC. The block
diagrams of the input filter capacitors and half-bridge PCB layout contain the
models of sections 2.2.2 and 2.2.3, respectively. The MOSFET subcircuit model is
based on the diagram of Figure 2.1.4.
VCi

Lin

Input Filter
capacitors

Leading and falling
edge dead times

Vin
CtrlFET

PWM

Drivers,
control and
gate circuit
PCB layout
model

Half-bridge
PCB layout

vx

RLo

Lo

iLo

SyncFET

Vo

vDS(s)
GND

Average
steady-state
controller

Sense iLo

Set points Vo and Io

Figure 2.3.1 Simulation setup diagram of the SRBC.
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The gate driver and control system of Figure 2.3.1 is depicted in more detail in
the diagram of Figure 2.3.2. Two main blocks are identified. The MOSFET driver
control regulates the state of the half-bridge switches according to a PWM input
signal. Furthermore, the dead times of the switched node leading and falling edges
can be programmed to predefined values. The controller thus keeps the body diode
conduction times of the SyncFET constant and independent on the circuit
conditions. The operation is as follows; the simulation starts in the first switching
cycle with an initial guess for the delay times between switching actions of the
gate signals. In the same switching cycle the controller monitors the internal drainsource voltage of the SyncFET (i.e. vDS(s) of Figure 2.1.4) to determine the body
diode conduction times, (e.g. time during which vDS(s) < -0.6V). In the next
switching cycle the delay time is readjusted to correct for the difference between
the programmed and sensed body diode conduction times. This is done
individually for both the leading and falling edges of the PWM signal. Thus, each
transition edge can be independently adjusted with different dead time values.
The control signal outputs are connected to buffers that drive the power
MOSFETs. The implementation of these gate buffers is as described in
section 2.2.1. Additionally, Ldrv(c), Ldrv(s), Rdrv(c), and Rdrv(s) may represent PCB
layout parasitic elements or external components added for current sensing and
other test purposes.
Dead times
(leading and falling edges)

Vo

MOSFETs
driver

Io

Ldrv(c) Rdrv(c)

Average
Steady-State
Controller

PWM
signal

CtrlFET
gate voltage vdrv(c)

CtrlFET
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Ldrv(s) Rdrv(s)

SyncFET
gate voltage vdrv(s)

SyncFET
signal

Gate
buffers
Sense iLo
Sense SyncFET body
diode voltage vDS(s)

Figure 2.3.2 Block diagram of driver and average steady-state controller. Implementation in a
circuit simulator for transient analysis.

The main purpose of the average steady-state controller is to provide a PWM
signal that leads to the specified steady state conditions in the least number of
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switching cycles, thereby minimizing simulation times. The steady-state
conditions occur when the following two conditions are met,
·

·

,

0

(2.28), (2.29)

Where
is the voltage across output inductor Lo, and Io is the load current.
Two control variables are required to satisfy the above two conditions. On the one
hand, the average current through the output choke is regulated by the switching
period of the PWM signal, which must equal to the target value once steady-state
has been reached. On the other hand, the average voltage across the inductor is
controlled by means of the duty cycle ON time, or in other words, CtrlFET ON
time.
The operation of the average steady-state controller is illustrated in Figure
2.3.3. The simulation starts at the beginning of the switching period, which is
defined as the leading edge of the PWM signal. The initial guess for the output
coil current (iLo0(G)) at that time is,
·

·

(2.30)

is the peak-to-peak output current ripple,
and
are the total
Where
resistance and inductance of the SyncFET and output paths, respectively (i.e.
is the delay existing between the
including all parasitic components). Time
PWM and the CtrlFET signal at the leading edge transition. The initial guess for
the CtrlFET ON time is,
·

(2.31)

is the delay time between the PWM and the CtrlFET signal at the
Time
falling edge transition.
and
from the actual
The controller computes the average values of
switching cycle, and estimates both CtrlFET ON time and minimum output
inductor current for the next period as follows,
·

(2.32)
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·

(2.33)

Note that subindexes (1) and (2) refer to the past and present switching cycles,
and
are given when
respectively. Conditions
steady state is reached, that is to say, when (2.28) and (2.29) are both satisfied
Equations (2.32) and (2.33) are calculated by the controller at particular time
instants corresponding to those at which the inductor current equals the load
current during the SyncFET ON times. This is indicated in Figure 2.3.3 with times
Tx(1) and Tx(2). Thus, the averaged state variables of the output coil at the actual
switching cycle can be calculated as follows,
·

·

·

(2.34)

The first integral in (2.34) is numerically calculated during the simulation run.
The calculation makes use of the simulated current waveform data that are
available until that time instant. The second integral corresponds to a section of
the ON time of the synchronous MOSFET where no switching events occur. It is
therefore possible to calculate it analytically as follows,
…

·

·

(2.35)

1

Equation (2.35) defines the integral current through a series RL circuit with
,
constant voltage source and initial current condition . Similarly for
·

·

·

·

·

(2.36)

1

(2.37)

In the illustration of Figure 2.3.3 it is assumed that the average output coil
current in the first cycle is lower than , whereas
is zero. At time Tx(1),
current ΔIc, corresponding to the difference between
and the average current
as correction for the next cycle. The next cycle
through Lo, is added to
starts as soon as
reaches the new
value. Note that in order to start the
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next cycle with a higher current, the period of the first cycle must be lower than
Ts. The controller reaches its target in the second switching cycle since ΔIc is zero
and thus the switching period must equal Ts.

PWM
signal

(1)

(2)

Ts -Δtc

Ts
Uncorrected
PWM signal

ton(2)

ton(1)

t
Currents

Uncorrected iLo

iLo

Io
iLo0(G)

ΔIc

iLo0(1)
Tx(1)

Δtc

iLo0(2)
Tx(2)

t

Figure 2.3.3 Example of operation of the average steady-state controller.

2.4 Model validation
This section evaluates the accuracy of the proposed MOSFET model by
comparing switching waveform and power loss simulations with experiments
performed on a synchronous buck converter test board. The prototype circuit is
specially designed to carry out studies on switching behavior of MOSFETs
mounted on LFPak or other compatible discrete packages (for details of the test
board, see Appendix G). A number of different test conditions are rigorously
examined, which involve variations of the load current, input voltage and driver
parameters such as the ON state voltage and dead times.
Figure 2.4.1 represents the equivalent circuit of the test board, the parameters
of which derive from the characterization techniques described in the previous
sections of this chapter. The input filter and drivers are however not represented in
the circuit model as described in sections 2.2.2 and 2.2.3. Instead, some of the
measured signals are employed in the simulation as excitation voltage sources,
which represent the behavior at the terminals of the drivers and input filter. Thus,
the simulation setup and validation process of the MOSFET model is considerably
simplified.
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In this arrangement, simulation results of the switch node voltage, gate
currents, SyncFET drain current and output inductor current waveforms are
compared to their corresponding experimental waveforms.
RHB2
RHB1

LHB1
LHB2
iG(c)

LGx1
CtrlFET

vdrv(c)

vx

RLo

iLo

Lo

VCi
LHBx
iG(s)

Vo

SyncFET

vdrv(s)

Rsh

vDSx(s)

LGx2

Lsh

iD(s)

vsh

Figure 2.4.1 Circuit model of a synchronous buck converter prototype for the validation of the
proposed power MOSFET model. Extracted values: RLo=4.3mΩ (total inductor+PCB), Lo= 1µH. See
Figure 2.2.7 for the rest of component values.

Most of the measurements are performed with a digital oscilloscope and a
number of high bandwidth differential probes. Steady state switching signals are
sensed corresponding to gate drive voltages vdrv(c) and vdrv(s), input and output
voltages VCi and Vo, and switched node voltage vx. Additionally, gate currents iG(c)
and iG(s) as well as drain current iD(s) are monitored by voltage measurements
across shunt resistors in the respective gates and half-bridge paths. Particularly,
the SyncFET drain current shunt is modeled by means of resistor Rsh and parasitic
inductor Lsh. The latter represents the ESL of the shunt device. Since the induced
voltage across such inductance may be substantial during the switching times, its
contribution must be subtracted from the measured voltage across the shunt in
order to determine the correct magnitude of the current.
On the other hand, measuring output inductor current iLo may be alternatively
realized with the use of transformer current probes since the relatively high
inductive path of the output inductor allows the inclusion of clip-and-probe type of
sensors. In these experiments, a 500MHz DC current probe is conveniently
clamped around the leads of the output coil to measure iLo.
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Part of the validation process consists in evaluating the ability of the model to
predict the switching performance of two commercial low voltage power
MOSFETs (SyncFET PH3330L and CtrlFET PH8030L from NXP
semiconductors). The sample parts used in the experiments were previously
characterized and modeled according to the methods presented in section 2.1.
The prototype circuit is operated at 1MHz switching frequency, 12V input
voltage and 1.5V output voltage, unless otherwise specified. The ambient
temperature operation is ~30°C and uniform throughout the PCB and components
thereon. This temperature level corresponds to that of the MOSFET’s
characterization conditions, which is maintained throughout the experiments by
operating the converter only for a limited number of switching periods necessary
to perform noise-reduced-by-averaging readings in steady-state operation.
Figure 2.4.2 and Figure 2.4.3 attest the accuracy of the model to precisely
reproduce the switched node voltage and SyncFET drain current for a 10A load
current and 7V input voltage. The model predicts the high ringing caused by the
influence of the large half-bridge loop inductance, which is over 3.5nH. The
100mΩ shunt resistor for the SyncFET drain current sense contributes
significantly to the rapid damping of such oscillation. The simulated output
inductor current also matches the experimental data, which presents low ripple,
thereby simplifying the loss calculations of the inductor losses later on.
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Figure 2.4.2 Measurements and simulations of converter voltage waveforms. Switch node leading
and falling edge transitions.
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Figure 2.4.3 Measurements and simulations of converter current waveforms. Switch node leading
and falling edge transitions.

A more detailed assessment of the model performance in terms of switching
transient predictions is provided in Figure 2.4.4 to Figure 2.4.8. In Figure 2.4.4,
switch node leading edge transients are evaluated for various dead times. The
strong impact of this driver parameter observed on the measured waveforms is
precisely predicted by the model, even in cases of fast switching speeds leading to
current commutations around 3.6A/ns and reverse recovery peaks of 8A. This
gives strong credit to the basis of the model approach established by the
superposition of responses from individually represented device characteristics.
Further proofs of the correct applicability of this principle is provided in Figure
2.4.5, which shows matching waveforms of unsought switching effects like shootthrough and avalanche breakdown.
Additional comparisons of the switched node leading edge transition are given
in Figure 2.4.6, from where it can be acknowledged that measured responses to
variations of the load current as well as CtrlFET gate voltage are consistently
reproduced in the simulator.
Similar performance predictions are deduced from evaluations of switch node
falling edge transients. Figure 2.4.7 and Figure 2.4.8 show how simulation and
experimental waveforms match up well for a number of test conditions, which
include variations of the CtrlFET gate voltage as well as the input voltage.
A detail description of the observed phenomena will be presented in the next
sections based on simulation results of the converter operation.
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Figure 2.4.4 Measurement and simulation waveforms of a SRBC test board. Switch node leading
edge transient. Variation of dead time: (a) Long dead time with reverse recovery, (b) moderate dead
time with reduced reverse recovery, (c) short dead time with no reverse recovery.
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Figure 2.4.5 Measurement and simulation waveforms of a SRBC test board. Switch node leading
edge transient. (a) Avalanche breakdown; (b) Shoot-through due to short dead time; (c) SyncFET gate
bounce shoot-through.
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Figure 2.4.6 Measurement and simulation waveforms of a SRBC test board. Switch node leading
edge transient. (a) Moderate load current; (b) and (c) variation of CtrlFET gate voltage.
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Figure 2.4.7 Measurement and simulation waveforms of a SRBC test board. Switch node falling
edge transient. (a) and (b) Variation of input voltage; (b) and (c) Variation of gate voltage.
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Figure 2.4.8 Measurement and simulation waveforms of a SRBC test board. Switch node falling
edge transient. Example of fast switching turn-off.

The proposed model can also be harnessed for the purpose of quantifying and
analyzing power losses. Loss predictions are assessed by means of carrying out
power measurements of the test circuit. In this study, and in order to avoid
excessive losses, the shunt resistors (i.e. Rsh from Figure 2.2.7) are removed from
the circuit. The remaining resistance in the shunt path at 1MHz is estimated in
~1.5mΩ, whereas ESL Lsh reduces from 170pH to 70pH. This in turn translates in
faster switching times and a lower damping of the switching node ringing
compared to the waveforms of Figure 2.4.2 and Figure 2.4.3, as it can be observed
from Figure 2.4.9 to Figure 2.4.11 corresponding to the waveforms at 21A load
current and 12V input voltage. A close look at Figure 2.4.10 reveals the good
agreement between experimental and simulated waveforms of voltage vDSx(s), thus
providing evidence of the model’s capability to predict switching behavior under
realistic high current, high frequency operating conditions.
The total power consumption is measured at the voltage supply of the gate
drivers and converter input. The losses of the input inductor and interconnection
cables are also accounted for. The resulting magnitude is combined with the
additionally measured output power in order to determine the efficiency of the
converter circuit.
Simulated power losses are readily obtained from the steady-state switching
waveforms. Additional losses in the driver ICs are estimated from datasheet
information. Losses in the input filter capacitors also need to be taken into
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account. These are basically calculated from the equivalent circuit of Figure 2.2.5
and the simulated CtrlFET drain current.
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Figure 2.4.9 Simulated and measured steady-state voltage waveforms of a SRBC test board.
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Figure 2.4.10 Simulated and measured steady-state voltage waveforms of a SRBC test board.
Details of transient response corresponding to waveforms of Figure 2.4.9.
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Figure 2.4.11 Simulated and measured steady-state current waveforms of a SRBC test board.
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Figure 2.4.12 compares simulated and measured results of the converter
performance for a conversion rate of 12V/1.5V at 1MHz. The good agreement
between the two curves in the entire load range pitches the accuracy of the
MOSFET model to a level comparable to FE simulations, with the additional
advantage of the model to enable rather advanced studies on circuit analysis.
Total losses may readily be broken down into loss locations, as shown in the
plot of Figure 2.4.13. The curves show that major contributions are the heat
generated in the power MOSFETs, with similar contributions of the CtrlFET and
SyncFET at the highest load range. The significant loss contribution of the PCB is
attributed to the rather long tracks of the layout design necessary to accommodate
the shunt resistors and probing devices. The thickness of the copper tracks is only
40µm so as to facilitate the soldering of parts, a task that needs to be performed
rather frequently for the evaluations of multiple MOSFET technologies. Another
significant loss contributor is the output inductor, which is attributed to a DC ESR
of ~2.8mΩ (i.e. the largest portion of the total RLo from Figure 2.4.1). For the
characteristics of the power choke, all other inductor losses are negligible.
A yet more rigorous power loss validation will be performed later on in the
next chapters with the use of dedicated test boards for loss analysis. In these
experiments, the contribution of the power MOSFETs will be predominant, thus
allowing for a more accurate assessment of the model predictions.
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Figure 2.4.12 Measured and simulated efficiency (12V to 1.5V) of a SRBC test board. Junction
temperature operation of the MOSFETs is forced to be 30°C (ambient temperature) in the entire load
range.
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Figure 2.4.13 Total and loss breakdown corresponding to efficiency curve of Figure 2.4.12.

Focusing the attention on the power MOSFET losses, Figure 2.4.14 shows the
simulated loss energy evolution of the two devices within a switching cycle under
two different load currents. A couple of conclusions can be directly drawn from
such pattern behavior. First, at high loads, CtrlFET turn-off loss predominates.
And second, the CtrlFET turn-on induces some sort of losses in the SyncFET,
likely attributed to either shoot-through or avalanche breakdown. An examination
of these and other relevant loss mechanisms is provided in the next section.

158

Chapter 2. Model level 0: Switching behavior of power MOSFETs

(b) Io = 6A

2.5

0.5

2

0.4

Energy loss (µJ)

Energy loss (µJ)

(a) Io = 21A

1.5
1

CtrlFET

0.5

0.3
0.2

CtrlFET
0.1

SyncFET

SyncFET
0

0
0

250

500

750

1000

0

250

Time (ns)

500

750

1000

Time (ns)

Figure 2.4.14 Simulated energy loss profile at two different load currents corresponding to the
estimated power losses of Figure 2.4.13.

2.5 Analysis of switching behavior
This section exploits the developed models to study switching phenomena of
power MOSFETs. The analysis aims at identifying the mechanisms of power
losses under realistic operating conditions. Once determined and understood, the
quantification of their effects will be consistently deduced from a method of loss
separation, which is extensively described in the Appendix D.
The methodology of analysis will be illustrated with three case examples that
may be representative of VR applications. The first example will serve as basis for
describing fundamental switching phenomena as well as identifying and
quantifying loss mechanisms. Results of the loss quantification will lead to the
identification of performance improvement options, which will be briefly
examined.
The second case example will be applied to illustrate the strong interaction
between complex loss mechanisms and the device characteristics. Special
emphasis is given to the impact of reverse recovery and shoot-through related
losses with regard to the body-effect in power MOSFETs.
In the third illustration losses are explored in a DrMOS compatible multi-chip
module to demonstrate the importance of reverse recovery and its repercussion on
other loss mechanisms such as avalanche breakdown and gate bounce shootthrough.
2.5.1

Loss breakdown

Table 2.5-I lists specific parameter values of VRs for a laptop application.
Corresponding simulated steady-state switching waveforms of one of the VR
phases are shown in Figure 2.5.1. As already observed in Figure 2.4.14, the energy
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loss curves give again clear signs of significant losses occurring during the
switching times. Unlike the losses in the ON conduction times, a thorough
examination of the switching behavior is required in order to understand the
mechanisms causing such sudden loss increase. This is the main purpose of the
following subsections, which provide a comprehensive description of nanosecond
scale switching behavior as well as the identification and quantification of related
loss mechanisms.
Table 2.5-I Relevant parameter values of a case example to illustrate switching loss
mechanisms. Other parameter values not shown are typical of VRs for laptops.
General specifications
Power MOSFETs

Gate drivers

Vin=19V, Vo=1.5V, Io=20A (max. per phase)
SyncFET

Trench MOSFET technology, 8.6mm² active die area,
LFPak

CtrlFET

Trench MOSFET technology, 3.6mm² active die area,
LFPak

SyncFET

Driving voltage: 0 to 5V, 1.2Ω turn‐on resistance, 1.2Ω
turn‐off resistance, 3.5nH gate inductance turn‐on,
2.5nH gate inductance turn‐off, 500pH source
inductance

CtrlFET

Driving voltage: 0 to 5V, 1.5Ω turn‐on resistance, 2Ω
turn‐off resistance, 4nH gate inductance turn‐on,
2.5nH gate inductance turn‐off, 500pH source
inductance

Programmed dead times

Switch node leading edge (LE): 30ns, switch node falling edge (FE):
30ns

Input/output filters

Total half‐bridge inductance: 2.8nH, Fs=300kHz, output inductance
ripple current: 0.4·Io

Temperature operation

75°C uniform throughout the entire switched circuit
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Figure 2.5.1 Simulated switching period of a SRBC for laptop VRs.

2.5.1.1

Switching time subintervals

Figure 2.5.2 and Figure 2.5.3 show detailed switching waveforms of the switch
node leading and falling edge transients corresponding to the simulation of Figure
2.5.1. From the nature of the converter switching operation in continuous
conduction mode, the switching period may be divided into the following time
intervals:
- Dead time intervals t0-t1 and t7-t8 (DT): During the switch node leading
edge (LE) transition, interval DT is defined between the falling edge of
driving voltage vdrv(s) and the beginning of CtrlFET conduction. Reversely,
DT at the switch node falling edge (FE) transition starts as soon as the
CtrlFET gate voltage falls below VTH, and ends when vGS(s) reaches 90% of
the ON state driving voltage. Note the difference between the definition of
DT and the programmed dead times of the controller.
- Current hard-switching intervals t1-t2 and t6-t7 (CHS): It defines the
di/dt switching transient. At the LE phase, CHS starts as soon as CtrlFET
turns on, and ends when the SyncFET drain current reaches zero. CHS at
the FE transition starts when the drain-source voltage across the SyncFET
reverses and ends as soon as CtrlFET blocks. By this definition, CHS at
the FE phase may not be present in a fast switching condition where the
CtrlFET blocks before the SyncFET body diode is forward biased.
- Reverse recovery intervals t2-t3 (RR): It may occur at the LE transition
due to reverse conduction of the SyncFET body diode. By definition, it
starts at the end of the CHS interval and ends when the body diode reverse
current reaches a maximum. The RR interval at the FE phase is not
considered.
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-

Voltage hard-switching intervals t3-t4 and t5-t6 (VHS): It corresponds to
the Miller plateau interval of the CtrlFET. At the LE transition, it starts at
the end of the RR interval, and ends when the CtrlFET gets into the ohmic
region. At the FE transition, the VHS starts when CtrlFET enters the active
region, i.e. when voltage vx starts rising, whereas it ends when the
SyncFET body diode is forward biased, i.e. CHS starts. By definition, the
VHS in the LE phase may not be present under conditions of fast
switching where the CtrlFET enters ohmic region before vx starts rising.
- Ohmic intervals t4-t5 and t8-t1: These are the intervals where the
MOSFETs operate in the ohmic region.
The following subsections describe the switching operation of the MOSFETs
during intervals CHS, RR and VHS as these correspond to the switching periods
of highest loss increase.
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Figure 2.5.2 Switch node leading edge (LE) transition of simulation of Figure 2.5.1.
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Figure 2.5.3 Switch node falling edge (FE) transition of simulation of Figure 2.5.1.

A. CHS and RR at LE transition (t1-t3)
The CtrlFET takes over the output current at a speed (di/dt) that is determined
by the characteristics of the gate drive and half-bridge circuits. Particularly, the
source inductance plays a critical role as switching speed limiter. Namely, during
the drain current rise the induced voltage across Ls feedbacks into the gate and
lowers the driving charge current. A moderate di/dt may already produce
significant losses in the CtrlFET since the SyncFET drain-source voltage remains
clamped by the action of the body diode and thus the voltage stress across the
CtrlFET may be high. The increase of di/dt reduces the CHS time and the voltage
stress across the CtrlFET by the induced voltage across the parasitic half-bridge
inductances, which thus behave as turn-on snubbers. Accordingly, the absolute
maximum di/dt is approximately given by the ratio of the input voltage to the total
half-bridge loop inductance. At this switching speed the voltage stress in the
CtrlFET is minimized.
The CtrlFET drain current may continue rising beyond iLo due to the reverse
recovery and output capacitance charge of the SyncFET, which may cause
significant overshoot currents.
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The reverse recovery charge effectively extends the hard-switching time by the
time defined by interval RR. Reverse recovery results from body diode conduction
during DT and CHS. The example of Figure 2.5.2 corresponds to a moderate
reverse recovery effect due to a significant SyncFET channel conduction in the
third quadrant prior to the switching event.
B. VHS at LE transition (t3-t4)
The voltage across the SyncFET starts rising rapidly. The speed depends not
only on the CtrlFET driver conditions, but also on the half-bridge inductance,
input voltage Vin and the reverse recovery current waveform, particularly the
maximum reverse peak current and the steepness of the recovery tail. The higher
the latter two values are, the larger the overshoot voltage will be across the
SyncFET.
A high dv/dt may cause the input capacitance of the SyncFET to be charged
above the threshold voltage, thereby turning on the device sporadically and
producing shoot-through, as illustrated in Figure 2.5.2. This loss mechanism is
referred to as gate bounce. When gate bounce occurs, the dv/dt dramatically
reduces as the drain current finds an alternative path through the channel. If, on
the other hand, the gate voltage does not reach the threshold level, the output
capacitance of the SyncFET may rise further until avalanching the device. Due to
the non-linearity of Coss the maximum peak voltage may reach values well above
2Vin even at moderate switching speeds. The optimum turn-on switching speed is
therefore conditioned by reverse recovery, avalanche and gate bounce.
The drain current through the SyncFET starts decreasing when the voltage
across the output capacitance is sufficiently high. The negative di/dt induces a
voltage across the source inductance of the SyncFET that tends to turn the device
on. Thus, the Ls feedback worsens gate bounce during the current decay.
The voltage across the CtrlFET decreases as the device is driven into the ohmic
region. The stored energy in the output capacitance during this transient is mostly
dissipated into the channel of the device. This current adds to iLo, Coss and reverse
recovery currents from the SyncFET. Thus, although the voltage stress across the
device may be lower than Vin at the beginning of the interval, the channel conducts
a current higher than iLo.
C. VHS at FE transition (t5-t6)
The output capacitances of both MOSFETs perform as turn-off snubbers since
current iLo is shared between the CtrlFET channel and these capacitances. The
stored energy in the SyncFET is recovered as it is delivered to the load. The
capacitance current increases with the switching speed, thereby reducing the
current through the channel of the CtrlFET. The SyncFET CGD discharge current
may flow through CGS causing the gate voltage to become negative, as shown in
Figure 2.5.3. This stored energy in CGS is dissipated in the gate circuit.
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D. CHS at FE transition (t6-t7)
The stored energy in the inductances of the half-bridge path causes an over
voltage stress in the CtrlFET during the current commutation, which may result in
avalanche breakdown.
2.5.1.2

Identification of switching loss mechanisms

From the previous analysis, several switching loss mechanisms can be
identified and classified as: Snubbed hard-switching, half-bridge charging, gate
charging, reverse recovery, gate bounce, and avalanche breakdown. The following
provides a definition and description of each one of them.
A. Load current hard-switching (or snubbed hard-switching SHS)
Hard-switching appears as a forced commutation of the output inductor current
loop produced by the action of the switches. Particularly, for continuous
unidirectional energy transfer from source to load, ZVS cannot be inherently
established in the CtrlFET by active rectification. In contrast, the CtrlFET
controls the state of the switched node voltage as in a diode-clamped inductive
load configuration, where the SyncFET performs the rectification function.
Fundamentally, during the current commutation phase (di/dt phase), the voltage
across the switched node remains unchanged by way of the SyncFET
freewheeling path. Only when the output current is fully taken by the CtrlFET, the
switch node is unclamped and the voltage across the device starts changing, thus
leading to the dv/dt phase. Such operating condition implies high stress and losses
in the CtrlFET for high voltage across the device is present when the full load
current flows through it.
The switching behavior of the CtrlFET differs from the aforementioned
principle when the half-bridge parasitic elements are taken into account. As
described in the previous section, the half-bridge inductances reduce the voltage
stress across the device at turn-on, whereas it increases it at turn-off. Reciprocally,
the output capacitances of the MOSFETs produce over currents through the
CtrlFET at turn-on, yet they reduce them at turn-off. The MOSFET turn-on is
therefore characterized by low voltage and high current, whereas the turn-off by
low current and high voltage.
Snubbed hard-switching-related loss accounts for a portion of the channel
CtrlFET loss during the intervals CHS and VHS. This portion corresponds to the
loss contribution of the input voltage and output (load) current components, and
thus it disregards the contributions corresponding to both the overshoot current at
turn on (i.e. output capacitance and reverse recovery currents), and the overshoot
voltage at turn off (i.e. induced voltage across the half-bridge inductances), which
are accounted for as different loss mechanisms.
B. Half-bridge charging (HBC) (both capacitive and inductive)
Half-bridge charging is related to the losses produced by the output
capacitances of the MOSFETs and the half-bridge loop inductances.
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The SyncFET output capacitance is charged up from the input voltage supply at
the LE transition, causing a resonant current flow in the half-bridge loop. The
energy of the oscillation is dissipated in the parasitic resistances of the circuit.
The CtrlFET output capacitance further generates power losses in the Ctrl FET
channel at the LE transient, when the device turns on. The energy dissipation
corresponds to the stored charge in this capacitance prior to turn-on. The ringing
produced in the FE phase is also related to the CtrlFET output capacitance, whose
associated loss energy is accounted for.
Lastly, the stored energy in the half-bridge loop inductance is fully dissipated
in the FE transition, mostly in the CtrlFET as it produces overshoot voltages
capable of even avalanching the device.
C. Gate charging (GC)
Power losses are produced in the resistances of the gate circuit at turn-on and
turn-off. The induced voltage across Ls and the dv/dt across drain-source terminals
further produce current in the gate, which contribute to the overall gate drive
losses of each device.
D. Reverse recovery (RR)
As described in the previous section, the reverse recovery enlarges the hard
switching interval by the time defined by times t2 and t3 from Figure 2.5.2. Thus,
the total power losses occurring in the half-bridge during this interval are
considered reverse recovery related. Further losses result from the reverse
recovery tail current during the subsequent intervals. The reverse recovery related
losses in the CtrlFET channel might be particularly significant during the hardswitching intervals.
E. Gate bounce (GB)
Gate bounce related losses may occur in the LE phase due to a spurious turn-on
of the SyncFET during the VHS and subsequent intervals. Both MOSFETs are
affected by the shoot-through. Note that gate bounce related losses might also be
produced in the falling edge transition due to a spurious turn-on of the CtrlFET.
F. Avalanche breakdown (ABD)
Due to the voltage overshoot, avalanche breakdown may occur in both
SyncFET and CtrlFET during the LE and FE transitions, respectively.
A summary of all identified loss mechanisms and corresponding abbreviations
is provided in Table 2.5-II.
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Table 2.5-II Summary of loss mechanisms and abbreviations.
Loss mechanism

CtrlFET

SyncFET

Load current ON conduction

OnCIoc

OnCIos

Load current hard‐switching

SHS

‐

Half‐bridge capacitance charging

HBCc

Half‐bridge inductance charging
Gate charging

HBCs
HBC(L)

GCc

GCs

‐

RRs

Gate bounce shoot‐through

GBc

GBs

Avalanche breakdown

ABDc

ABDs

Reverse recovery

2.5.1.3

Loss quantification

The assessment of the above identified loss mechanisms involves assignment
of quantities in a meaningful and systematic manner. This may be accomplished
by regarding the losses in every dissipative element of the MOSFET model as the
individual contribution of the different current loops of the switched circuit, each
of which may be associated to one or more loss mechanisms at a given time
instant. The way in which this is carried out is described in detail in the Appendix
D. The method allows breaking down the power losses by loss mechanisms, as
illustrated in the example of Figure 2.5.4.
The loss breakdown provides a powerful means to determine major loss
contributions, thus aiding the identification of potential improvement options. In
the given example, the major contributor is the ON conduction loss of the output
current in the SyncFET, which accounts for the 38.5% of the overall power
dissipation in the circuit. Most of the losses occur during the ohmic time interval
of the device. A significant portion though is caused due to body diode conduction
during the FE dead time interval. The difference in power dissipation between LE
and FE dead times is mainly attributed to the output current ripple, i.e. the output
current during FE is about 8A higher than during LE.
The second most relevant loss mechanism is gate bounce, which accounts for
18.5% of the total losses. Note that most of these losses occur in the SyncFET.
Snubbed hard-switching is on the other hand a predominant loss mechanism in
the CtrlFET, followed by the ON conduction of the output current. Further
significant losses are produced by the half-bridge loop inductance in the FE
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transient. The voltage stress in the CtrlFET is such that the device avalanches. The
heat produced by this latter mechanism though is not large compared to the
channel losses (i.e. HBC(L)). In the LE phase, the amount of output capacitance
current and reverse recovery related losses are moderated and primordially occur
in the CtrlFET. Gate charging is a minor contributor in both devices.
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Figure 2.5.4 Quantification of loss mechanisms corresponding to simulation of Figure 2.5.1.

According to the above observations, measures may be taken to effectively
improve the circuit performance. Clearly, a first major action is to reduce the
SyncFET ON conduction losses by, for instance, increasing the die size of the
device. If the maximum chip size cannot be further increased in the package,
parallel discrete devices may be used, instead.
In addition, the small contribution of gate charge loss suggests the increase of
the SyncFET gate voltage to further reduce the ON channel resistance.
Another potential improvement target is to reduce SyncFET gate bounce by
either reducing the gate impedance or the CGD/CGS ratio or both. Achieving any of
them without increasing CGD allows faster switching, thus further enhancing
switching performance. Note however that the reduction of gate bounce may give
rise to SyncFET avalanche due to an increase of the LE voltage overshoot across
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the device. Thus, the avalanche voltage level should be increased. As a rule of
thumb, the avalanche breakdown level should be about 2.5Vin.
Another gate drive aspect observed in the loss chart is the insignificance of the
gate charge loss compared to the channel losses, which suggest that the optimum
gate voltage for the switches may be higher than 5V in this particular case.
Finally, the reduction of FE CtrlFET losses may be achieved by increasing the
output capacitance of the CtrlFET, thereby enhancing the turn-off snubber
function.
An analysis of variations of these parameters yields a more concrete proposal
of improvement options listed in Table 2.5-III. Note that the MOSFET dies are
artificially scaled by means of parameter Adie from (2.1), (2.2) and (2.14).
Likewise, each model parameter may be individually parameterized. The loss
profiles of Figure 2.5.5 show the effectiveness of the applied measures. The
overall power loss is reduced by 0.85W, which translates into a conversion
efficiency increase from 90.6% to 93%.
Table 2.5-III Proposed modifications of the SRBC parameters corresponding to case
example of Table 2.5-I.
Power MOSFETs

SyncFET

1. Three parallel discrete (LFPak) Trench MOSFETs of
8.6mm² active die area each.
2. Reduction of CGD by factor of 3.
3. Increase of avalanche voltage by 13V.
4. Increase of ON resistance by factor of 2
(compromised in order to allow for points 2 and 3).

Gate drivers

CtrlFET

Increase of CDS by factor of 3

SyncFET

Increase of driving voltage: 0 to 8V

CtrlFET

Increase of driving voltage: 0 to 8V

Chapter 2. Model level 0: Switching behavior of power MOSFETs

169

(a) CtrlFET losses (0.62W)
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Figure 2.5.5 Simulated loss breakdown of the laptop case example after applying proposed
improvement options of Table 2.5-III.

2.5.2

Influence of the body-effect on switching losses

Gate bias refers to an offset voltage at gate-source during the OFF state of the
MOSFET (voltage Vdrvn from Figure 2.2.1). Although such gate bias does not alter
the ON state conduction losses, it may influence the transient behavior regarding
reverse recovery, avalanche breakdown and gate bounce by virtue of the
MOSFET’s body-effect.
To investigate this, the leading edge transient of the SRBC is analyzed by
means of circuit simulations based on the proposed MOSFET model of
section 2.1. For the sake of highlighting the effects under consideration, a number
of elements of the switched circuit are simplified. This is the case of the input
filter, which is modeled with an ideal voltage source in series with an inductance.
Since only the leading edge transition is simulated, the output filter and load is
replaced by an ideal constant current source of value Io. The gate driver circuits
are represented by ideal trapezoidal voltage sources vdrv(c) and vdrv(s) in series with
the gate parasitic elements and Ls.
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Table 2.5-IV lists parameter values of the simulation setup, including the
assignments for two cases discussed below (A, B). Parameter of variation in both
cases is gate bias vdrvn. Note that the dead times are considerably long so as to
ensure body diode conduction prior to CtrlFET turn-on.
Case A (Ls=0.5nH) deals with the impact of the gate bias on reverse recovery
only. Increasing source inductance Ls in case B (Ls=2nH) raises the drain-source
voltage vDS(s) in order to further introduce avalanche breakdown and gate
bouncing, which allows investigating their interaction with reverse recovery.
Table 2.5-IV Relevant parameter values of a case example for the analysis of the
body-effect in switching transient behavior. Other parameter values not shown are typical
of VRs for laptops.
General specifications
Power MOSFETs

Gate drivers

Vin=10V, Io=10A
SyncFET

Trench MOSFET technology, 8.6mm² active die area,
LFPak (case A), and modified LFPak with Ls=2nH
(case B)

CtrlFET

Trench MOSFET technology, 3.6mm² active die area,
LFPak

SyncFET

Driving voltage: vdrvn to vdrvn+5V, 1Ω turn‐on resistance,
0.4Ω turn‐off resistance, 2nH series inductance

CtrlFET

Driving voltage: 0 to 10V, 1Ω turn‐on resistance, 0.4Ω
turn‐off resistance, 2nH series inductance

Programmed dead times

Switch node leading edge (LE): 25ns‐30ns

Input/output filters

Total half‐bridge inductance: 1.2nH (case A), 4.2nH (case B)
output inductance ripple current: 0A

Temperature operation

25°C uniform throughout the entire switched circuit

2.5.2.1

Impact on reverse recovery

Figure 2.5.6 shows simulations of a SRBC during the LE transition according
to the case A of Table 2.5-IV. The six plots show voltages in the left column,
whereas currents and cumulated loss power in the right column. Three gate bias
values are considered: vdrvn = -1V, 0V, and 1V. Threshold voltage VTH is 2V.
The blue and red traces of the left plots show driver voltages vdrv(c) and vdrv(s), as
well as resulting gate voltages vGS(c) and vGS(s) at the dies of the two transistors
(bold traces). In all three simulations gate voltage vGS(s) reaches its OFF state
value, i.e. bias voltage vdrvn, well before gate voltage vGS(c) starts rising. Usually,
such sequence implies body diode conduction of the SyncFET. Gate voltage vGS(c)
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shows in all three cases the typical turn-on plateau, caused by the di/dt and dv/dt
intervals. Only the amplitudes of switch node and die voltage vx and vDS(s) show a
strong response to the gate bias. The current waveforms of the right plots allow
explaining this behavior. The bold traces show the total drain current iD(s), as well
as the contributions of channel and diode icn(s) and idio(s) . In case of the positive
gate bias (still well below threshold), the current through the channel does not
commutate to the body diode as a consequence of the body-effect. Accordingly,
there is no sign of reverse recovery, and the current overshoot is substantially
reduced, i.e. to as much as one third compared to the case with negative gate bias
vdrvn =-1V. The reduction of the current overshoot in turn means less voltage
ringing.
Although the body diode at zero gate bias still carries the full load current (the
share of channel and body diode current strongly depends on the total current),
reverse recovery is already much reduced compared to the transient at negative
gate bias. Since the reverse recovery parameters are unchanged in both cases, it
implies that a significant portion of reverse recovery current must freewheel
internally through the channel already at vGS(s) =0V.
The dashed lines in the lower graphs represent the losses of both MOSFETs
during the displayed switching transient (Eloss(c), Eloss(s)). The decrease of the
current overshoot leads to a significant decrease in losses (0.56μJ at vdrvn=1V,
compared to 1.4μJ at vdrvn=-1V). Because of the improvement in third quadrant
conduction that the body-effect produces, the synchronous rectifier losses are also
reduced at positive gate bias during the dead times.
From channel current icn(s) and gate voltage vGS(s) at vdrvn =1V, it can be seen a
slight shoot-through as consequence of gate bounce, i.e. spurious turn-on of the
channel as a result of the increased gate bias. For its importance, this is studied to
a greater extend in the next section.
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Figure 2.5.6 Simulation of switch node leading edge switching transition. Parameters of Table
2.5-IV (case A, Ls=0.5nH) at various sub-threshold gate bias values.

2.5.2.2

Impact on gate bounce

There are several sources of gate voltage fluctuations. Firstly, a dv/dt at drainsource terminals produces a gate current as a consequence of reverse transfer
capacitance Crss. Assuming a positive voltage ramp across vDS, an initial gate
voltage vdrvn, and an open gate, gate voltage vGS varies according to the following
expression,
(2.38)
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Figure 2.5.7 plots the results for three gate bias values and shows a strong
dependence of gate bounce on the bias, given by the crossings of the curves with
the threshold voltage line VTH.
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4
vdrvn = 1V
2

VTH

vdrvn = 0V
vdrvn = -1V

0

2
0

10

20
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Voltage vDS (V)
Figure 2.5.7 Evaluation of (2.38). Comparison of various gate bias values with regard to gate
bounce caused by a dv/dt ramp at the drain-source terminals. The capacitance data refer to the
characteristics shown in Figure 2.1.18. Data refer to a 25V logic level n-channel trench MOSFET at
25°C.

A second cause for gate bounce may be an inductive voltage drop at the source
inductance due to a positive di/dt. This is illustrated in the simulation example of
Figure 2.5.8, where the source inductance of the SyncFET has been intentionally
increased to highlight such effect. The curves clearly indicate that source
inductance may potentially induce gate bounce related shoot-through. In contrast
to the trends observed in Figure 2.5.7, gate bounce worsens at negative gate bias
and virtually vanishes at positive vdrvn. This indicates the dominance of the di/dt
related influence on gate bounce.
The increased inductive voltage drop across Ls may have an additional negative
implication on switching losses due to avalanche breakdown. Figure 2.5.9 plots
the measured breakdown voltage versus gate voltage, which shows, for the device
under consideration, a decrease of the avalanche value as the gate voltage grows
negative. Regarding both vGS(s) and vDS(s) at vdrvn =-1V from Figure 2.5.8, worstcase conditions are given because peak drain-source and minimum gate-source
voltage occur at the same time.
The total losses during the LE transition are lower in case B compared to case
A, resulting from decreased losses in the CtrlFET due to the snubber effect of the
higher source inductance (which may in turn increase losses at the falling edge
transient). The SyncFET however, again benefits from the positive gate bias, since
reverse recovery is reduced.
The simulations at zero and positive gate bias further show that, during third
quadrant operation, minor gate voltage variations may alter the drain current
sharing between channel and body diode. In case of the positive gate bias of
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Figure 2.5.8, reverse recovery occurs already during the dead time, which
however cannot be observed if only total drain current iD(s) is monitored. This is
not new as it was also manifested in the FE transitions of Figure 2.4.7 and Figure
2.4.8.
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Figure 2.5.8 Simulation of leading edge switching transition Parameters of Table 2.5-IV (case B,

Ls=2nH) at various sub-threshold gate bias values.
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Figure 2.5.9 Avalanche breakdown voltage as function of gate voltage. Measurement data of a 25V
logic level n-channel trench MOSFET at 25°C.

2.5.3

Loss analysis of a multi-chip module

This section illustrates the use of the proposed MOSFET model to assess power
loss and identify potential improvement options in a multi-chip powertrain
module. The switched-circuit model is based on the IC PIP212-12M from NXP
Semiconductors. Table 2.5-V lists related parameter values relevant to the
analysis. They refer to simplified representations of rather complex circuit models
used for the gate drives, half-bridge layout and input filter. Note as well that some
of the IC-related parameter values may not be accurate in correspondence with
commercially available parts.
Parameter sweep simulations of the input filter inductance LHB, CtrlFET gate
resistance and SyncFET reverse recovery peak have been carried out. The latter is
possible by adequate adjustments of the coefficients from the reverse recovery
model expression (see section 2.1.2).
Figure 2.5.10 illustrates the impact that reverse recovery has on the SyncFET
losses. The loss dependence is mainly attributed to channel losses at high RG(s)
(Figure 2.5.10(a)), and to avalanche breakdown at low RG(s) (Figure 2.5.10(b)).
Further post-processing of the simulated data yields the separation of power losses
into loss mechanisms and time intervals, as shown in Figure 2.5.12. Such a loss
breakdown approach reveals that the increase of channel losses observed in Figure
2.5.10(a) is mainly due to gate bounce shoot-through (see section 2.5.1.2).
Figure 2.5.11(a) exemplifies that the increase of the CtrlFET switching speed
may not always lead to an overall loss improvement, even though the gate drive
loss may remain unchanged. That is, while the reduction of RG(c) increases the
switching speed and thus minimizes hard-switching losses, it may also induce the
avalanche breakdown of the CtrlFET. This is observed in the loss bars of Figure
2.5.13. Note that significant losses occur during the falling edge transition, which
suggests the need for reducing LHB to enable further significant improvements, as
shown in Figure 2.5.11(b).
These results justify the implementation of an adaptive dead time control that
effectively mitigates losses due to reverse recovery and related loss mechanisms.
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Avalanche breakdown, gate bounce shoot-through and reverse recovery represent
major obstacles towards efficient fast switching. Their reduction is therefore
essential to continue developing devices with lower QGt and RDSon. It suggests the
need for refined figure of merits that take into consideration further insights of
loss mechanisms in the application. Parameters involved in the optimization may
be device related (e.g. Qrr) and also circuit related (e.g. LHB).
Table 2.5-V Relevant parameter values of simulated MCM (PIP212-12M) unless
otherwise specified.
General specifications
Power MOSFETs

Gate circuit

Package resistance
(Bond wires)

Vin=12V, Vo=1V, Io=30A (max. per phase)
SyncFET

Trench MOSFET technology, 25mm² active die area

CtrlFET

Trench MOSFET technology, 3.6mm² active die area

SyncFET

Driving voltage: 0 to 6V, 1.2Ω gate resistance, 2.5nH
gate inductance turn‐on, 1.5nH gate inductance turn‐
off, 100pH source inductance

CtrlFET

Driving voltage: 0 to 7V, 1.7Ω gate resistance, 3nH gate
inductance turn‐on, 1.5nH gate inductance turn‐off,
100pH source inductance

SyncFET

0.25mΩ DC resistance (0.35mΩ at 125°C)

CtrlFET

1mΩ at Fs=1MHz and d=0.08

Programmed dead times

Switch node leading edge (LE): 10ns, switch node falling edge (FE):
30ns

Input/output filters

Total half‐bridge inductance (LHB): 1.6nH, Fs=1MHz, 150nH output filter
inductor

Temperature operation

30°C uniform throughout the entire switched circuit
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(a ) RG(s)=1.2Ω

(b) RG(s)=0.6Ω
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Figure 2.5.10 SyncFET power loss as function of reverse recovery and various gate resistances
with LHB=3nH.

(b) RG(c) = 0.5Ω

(a) LHB = 3nH
3

Power (W)

Power (W)

3

2

1

2

1

1

1.5

2

2.5

CtrlFET ga te resista nce RG(c) (Ω)
Total MOSFET loss

1

1.5

2

2.5

3

Input inductance LHB (nH)
Gate drive loss

Channel loss

Body diode loss (avalanche)
Figure 2.5.11 CtrlFET power loss; (a) as function of CtrlFET gate resistance; (b) as function of
total parasitic half-bridge loop inductance.
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(a) 0A reverse recovery peak
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Figure 2.5.12 SyncFET loss breakdown corresponding to simulations of Figure 2.5.10(a). See

Table 2.5-II for loss breakdown abbreviations.
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Figure 2.5.13 CtrlFET loss breakdown corresponding to simulations of Figure 2.5.11(a). See Table

2.5-II for loss breakdown abbreviations.
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Chapter 3

Model level 1:
Piecewise linear analytical
switching model

The accurate performance predictions of model level 0 are achieved by means
of rather complex circuit representation techniques of both power MOSFETs and
converter circuit. Consequently, the resulting nonlinear equivalent network can
only be resolved by numerical methods usually involving high processing power
and long simulations times.
Besides the complex model representation and solving algorithms, one
important drawback of model level 0 lays on its unsuitability for analyzing
switching performance at a fundamental level. Namely, the model’s capability to
thoroughly represent the switching converter behavior contrasts with its ability to
readily establish relevant circuit parameter correlations. Variable dependencies
and identification of extreme values can only be studied by rather tedious
parameter sweep variations that allow exploring the design space. Without a
proper sense of the improvement trends, such exploration might be grossly
performed and typically restricted to a limited range of the entire design space.
Therefore, conclusions drawn from such parametric studies may yield misleading
prognostications and false generalizations.
These arguments justify the elaboration of an alternative simplified model
devoted to examine the bases of switching phenomena. This may be effectively
accomplished by analytical modeling aiming at simplifying complexity and
concisely describing the essential and most relevant parameter correlations. The
model thus neglects second order effects and provide a compact mathematical
description of the significant aspects of the circuit behavior while maintaining
sufficient accuracy.
In order to allow for analyticity, the converter operation is divided in switching
intervals and represented with coupled linearized circuit models from which
waveforms can be described in closed-form. The ensuing equations elucidate the
foundations of the converter switching without significant loss of generality and
simulation accuracy. The resulting piecewise linear analytical (PLA)
representation is extensively presented in the following sections.
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3.1 Modeling approach
The cornerstones of the proposed modeling approach are simplified equivalent
circuits describing individual operation phases of the power MOSFETs in the
converter circuit. Such phases coincide with those defined in Chapter 2, with the
exception that the reverse recovery phase becomes part of the di/dt phase. Figure
3.1.1 shows typical switching waveforms and highlighted time intervals.
Basically, four different times are distinguised: ON conduction (4) (SyncFET ON
conduction is not shown), dead times (1) and (7), di/dt (2) and (6), and CtrlFET
dv/dt (3) and (5).
(2)
(1)

(4)

(3)

(5)

(6)
(7)

Voltage (V), Current (A)
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iD(c)
iLo

20

vDS(c)

vDS(s)
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vGS(c)

vGS(s)
0
0

20
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80

time (ns)

time (ns)

Figure 3.1.1 Definition of time intervals (1)-(7) of applicability of the piecewise linear models.
Simulation results of a SRBC.

For each of the above time intervals, a number of basic equivalent circuits are
derived to model the operation of the power switches as well as gate drivers.
The analysis of the converter operation carried out in Chapter 2 allows
deducing the equivalent circuits of Table 3.1-I. Up to six different circuit models
are deployed to represent the behavior of the MOSFETs in the different time
intervals of the switching cycle.
Circuit (a) models the CtrlFET hard-switching intervals, which include
intervals (2), (3), (5) and (6) from Figure 3.1.1. Relevant for the analysis of this
operation phase are the parasitic capacitances and transconductance curves of the
CtrlFET. The signal excitations are the gate and drain currents, both of which may
be determined by circuital factors, such as the gate driver voltage and the halfbridge loop inductance. Within a sufficiently short time subinterval of the hardswitching phase, the CtrlFET gate current can be approximated by a constant
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value, whereas the drain current may be assumed to change at a constant rate.
Combining these two approximations with the linearization of the capacitances
and transconductance around the operating point of evaluation, analytical closedform expressions may be deduced for the state variables.
The time dependent solutions of a circuit model may be used as input variables
to another so as to establish their interrelation in the converter operation as a
recurrent dynamic map. For instance, circuit (b) requires as input excitation the
rate of change of the drain-source CtrlFET voltage, which is part of the expression
defining voltage source vs and may be deduced from the results of model (a). In an
ideal case, the CtrlFET switches instantly and so vs may correspond to a step
function of amplitude Vin. For a limited CtrlFET switching though, vs may be
approximately represented with a ramp function.
Voltage vs triggers an oscillation at the converter switched-node, which is
established by the half-bridge loop inductance LHB and the MOSFET’s output
capacitances (i.e. Coss(s) at the LE transition and Coss(c) at the FE transition). The
ringing amplitude can be strongly dependent on the reverse recovery current, as
already illustrated in the simulations of Chapter 2. Additionally, the SyncFET
channel current may be considered in case gate bounce shoot-through manifests.
In such case, the channel current must be determined from the conditions of the
gate drive circuit, whose corresponding model is represented as circuit (h).
Both reverse recovery and channel currents are modeled with analytical
time-dependent current sources. The conditions for analyticity of the resulting
equivalent circuit are similar to those of circuit (a), and will be discussed later on
in this chapter.
It is important noticing that upon fast switching, the rise of the switched-node
voltage at the LE phase may start well after the CtrlFET hard-switching has
elapsed. Conversely, in the FE phase, the SyncFET body diode may still be
reversed biased (i.e. positive drain-source voltage) after the CtrlFET has fully
switched off. In the latter case, the equivalent circuit representing the switchednode FE transient corresponds to circuit (c), where both MOSFETs are off and
their output capacitances are positively charged. The equivalent circuit estimates
the time at which the SyncFET is reverse-biased. When this occurs, the circuit
representation may further be simplified to model (d), which may be readily
solved by assuming that voltage vDS(s) is approximately constant.
Circuit models (a)-(d) can represent the voltage overshoot that the power
devices may be exposed to under fast switching. With sufficient ringing energy,
the MOSFETs may undergo avalanche breakdown, thereby producing additional
power losses and high stress that may significantly degrade the lifetime of the
semiconductor switches. During avalanche breakdown, the half-bridge circuit may
be represented with circuit (e), where Vx describes the input voltage and the drainsource voltage of the non-avalanched device. Upon fast switching, the assessment
of avalanche losses may be readily determined in cases where Vx is approximately
constant.
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Circuit models (f)-(h) represent the gate drive behavior under different
operating conditions. Circuit (f) is employed during the times where the driven
MOSFET is either in OFF state, reverse-biased or operating in the ohmic region.
During the hard-switching intervals, the gate-source voltage is assumed constant
and so the circuit simplifies to model (g). In both models (f) and (g), the effect of
the induced voltage across feedback inductance Ls is considered as a constant
offset level to gate drive voltage VDRV. Finally, circuit model (h) is employed to
study gate bounce as a consequence of the drain-source dv/dt and the di/dt induced
voltage across Ls.
Table 3.1-I Equivalent circuit models of MOSFET’s switching behavior in the SRBC.
Function

1

Equivalent circuit

(a). CtrlFET hard‐
switching

Intervals

CGD(c)
iG(c)

iD(c)

icn(c)

vDS(c)

vGS(c)
CGS(c)

(b). Switched‐node
transient (including
reverse recovery and
gate bounce shoot‐
through

RHB

CDS(c)

iD(s)

LHB

idio(s)

icn(s)

vs

vDS(s)

Coss(s)

(c). Falling edge
switched‐node
transient

(2), (3), (5)
and (6)

(3)‐(6)

vDS(c)

RHB

LHB C
oss(c)

Vin

iD(c)

iLo

iD(s)

(7)

vDS(s)
Coss(s)

(d). CtrlFET OFF state
and SyncFET reverse
conduction

LHB

RHB

iD(c)

(7)
Vin - vDS(s)

vDS(c)
Coss(c)

(e). Avalanche
breakdown

RHB

LHB

iD

(3)‐(7)
Vin-VDS

VAB
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(f). Gate driver

RG

VDRV − LS

(g). Gate driver during
hard‐switching

RG

VDRV − LS

(h). Gate bounce

RG(s)

VDRV ( s ) − LS ( s )

1

LG(s)

LG+LS

diD
dt

(1), (4) and
(7)

vGS
Ciss

LG+LS

diD
dt

iG

(2), (3), (5)
and (6)

VGSx

iG(s)

CGD(s)

(3)‐(7)

diD ( s )
dt

iG

CGS(s)

vGS(s) vDS(s)

See Figure 3.1.1.

For the above equivalent circuits to be analytically describable, a linearization
of associated MOSFET parameters is necessary. The strong nonlinearity of the
capacitances, transconductance and body diode characteristics require particular
attention. One preferred linearization approach might be a piecewise discretization
with predefined linear intervals, the length of which is adapted according to the
shape of the approximated function. Therefore, a high density of linear intervals
may be extended through high nonlinear regions of operation, whereas a coarse
coverage may be plausible elsewhere. In any case, an adjustable number of the
total linear interval steps may be configured so as to compromise between
accuracy and simulation speed. To illustrate this approach, Figure 3.1.2 shows a
piecewise linearization example of a typical CGD capacitance function, where the
linearization intervals vary in a logarithmic fashion, thereby effectively
approximating the nonlinear capacitance function with a reduced number of
linearization steps.
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Figure 3.1.2 Piecewise linearization into 8 logarithmically spaced intervals of nonlinear capacitance

CGD of a power MOSFET.

The linearization of the first quadrant static output characteristics involves two
steps. Firstly, both ohmic and active regions are independently described by the
ON resistance and transconductance curves, which are dependent on the gate
voltage. The main simplification of this step lays on making these two parameters
independent on the drain-source voltage. It results in curves like shown in the
example of Figure 3.1.3(a). The gate-source dependence of the ON resistance and
transconductance in this example are plotted in Figure 3.1.4.
(b) Third quadrant
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Piecewise linear approx.

Measurement

Figure 3.1.3 Linearization of static output characteristics of power MOSFETs. (a) First quadrant
characteristics; (b) third quadrant output characteristics. Measurements refer to a PH8030L (case (a))
and PH3330L (case (b)) from NXP Semiconductors.
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Figure 3.1.4 Parameters of linearization of first quadrant output characteristics as function of gatesource voltage. Data refers to Figure 3.1.3(a).

In a second step, the transconductance curve is linearized in the conducting
region by calculating the derivative at a given operating point, which is defined as
the local transconductance gm= gm(vGS). The zero current crossing of the line
tangent to the transconductance curve at that given point is defined as threshold
voltage VTH. These two parameters are represented in Figure 3.1.6 for the case
example of Figure 3.1.5. The piecewise linearization approach described above for
the capacitance example can be similarly applied to represent the nonlinear gm and
VTH curves. As one can see from Figure 3.1.5, the results of the linearization can
accurately reproduce the transconductance curve with a sufficient number of
discrete linear intervals and variable step size.
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Figure 3.1.5 Piecewise linearization of nonlinear transconductance curve of a power MOSFET.
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Figure 3.1.6 Piecewise linearization of parameters defining the transconductance curve of a power
MOSFET. High density of linear intervals in the low drain current range. Data refers to Figure 3.1.5.

The third quadrant static output characteristics (see Figure 3.1.3 (b)) are
represented with a simple diode model consisting of a voltage source and a series
resistance. In contrast to a conventional diode though, both resistance and diode
threshold voltage are gate-source voltage dependent. This is illustrated in Figure
3.1.7 with parameters RDSon and Vγ. From the curves it can be observed that for
gate-source voltages above the nominal VTH of the device (e.g. 2.5V), Vγ falls to
zero and RDSon reaches the typical nominal values of the first quadrant. Such
symmetry indicates that the channel is fully conducting while the body diode is
off.
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(b) Threshold voltage
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Figure 3.1.7 Parameters of linearization of third quadrant output characteristics as function of gatesource voltage. Data refers to Figure 3.1.3(b). Hard-switching model (CtrlFET switching).
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The linearization of the MOSFET characteristics enables the derivation of
analytical expressions from the proposed linear circuit models within each linear
interval. Other approximations are further applied that simplify the formulation of
the equivalent circuits as well as their interrelation. The following ones are
relevant to point out:
- The nonlinear capacitances CDS and CGD are assumed to be uniquely
dependent on voltage vDS. Thus, the dependence on vGS is neglected.
- Capacitance CGS is assumed to be linear since its dependence on the interelectrode voltages is only marginal.
- The body diode reverse recovery peak current is provided as input
parameter to the model, and as such, it is independent on the circuit
conditions.
- The body diode reverse recovery tail is approximated by an exponential
decay function, thereby allowing the analyticity of the equivalent circuit
model
- The gate drivers are assumed to provide ideal step functions
Besides the linearization of the circuit elements, several additional aspects need
to be addressed for solving the system of coupled equations that models the
converter behavior. These are briefly summarized as follows:
- For every piecewise linear interval of switching operation, one must
determine the limit values range of all state variables within which the
above linear approximations apply. The length of these ranges depend on
how fine the piecewise linear intervals of the MOSFET characteristics are
defined.
- The boundary conditions that guarantee continuity between consecutive
piecewise linear intervals need to be deduced according to the initial and
final values of the state variables.
- Within each piecewise linear interval, the solutions to the state variables of
the equivalent circuit models may be interrelated, where the excitation
variable of one circuit may correspond to the output variable of the other
and vice versa. In such case, the system of analytically coupled equations
undergoes a recursive process by which solutions to the state variables are
iteratively found.
The following sections describe the governing equations of each of the
proposed equivalent circuits, illustrate the recursive algorithms for obtaining the
switching waveforms and investigate the circuit behavior based on the information
contained in the mathematical expressions.
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3.2 Hard-switching model
In Chapter 2, the causes for which the CtrlFET switching behavior may strictly
differ from the conventional clamped inductive switching were mainly attributed
to the effects of the half-bridge loop inductance and MOSFET’s output
capacitances. The following model takes into account such considerations upon
the assumption of fast switching operation.
The hard-switching commutation of the CtrlFET is represented according to the
equivalent circuit of Table 3.1-I(a). Within a linearized hard-switching interval,
gate current iG(c) is assumed to be constant and equal to IG(c), whereas drain current
iD(c) is approximated by a ramp function of initial value ID(c)0 and slope Kid(c). Thus,
both drain-source voltage and drain current are allowed to commute
simultaneously as opposed to the case of clamped inductive switching. Since this
is partly given by virtue of the half-bridge loop inductance, such element will have
to be considered for the estimation of input parameter Kid(c), as it shall be
established later in this section.
The following set of time domain equations results from the analysis of the
circuit model,
·

·

·
·

·

1

·

·

·

1 ·

·…
·

(3.1)

(3.2)

The channel current is proportional to (3.1) as,
·

(3.3)

The following relations are used in (3.1),
,

·

(3.4), (3.5)

In (3.3), gm(c) and VTH(c) are the linearized CtrlFET transconductance and
threshold voltage, respectively. Likewise, Ciss(c) and Coss(c) from (3.1) and (3.5) are
the linearized input and output capacitances of the CtrlFET in the interval of
operation. Note that the parameters of the current sources may be derived from the
switched-node ringing and gate drive models of Table 3.1-I.
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Figure 3.2.1 illustrates simulated results based on piecewise linear transitions
of the proposed hard-switching model. As it can be observed the initial
assumptions of constant gate current and diD/dt for each linear interval prevail for
linear intervals in the order of 500ps or less. The simulated curves outside the
hard-switching intervals have been generated with other models from Table 3.1-I
and will be addressed later on. The colored area in both plots defines the CtrlFET
output charge, which increases with the switching speed. This and other
dependencies affecting the switching performance of the device are addressed in
the following subsections with the aid of the governing mathematical expressions
of the proposed hard-switching model.
(b) Switched-node FE transient

(a) Switched-node LE transient
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Figure 3.2.1 Simulated CtrlFET hard-switching turn-on and turn-off waveforms based on the
proposed PLA model.

3.2.1

Leading edge transition

This subsection describes the CtrlFET hard-switching turn-on transient based
on the following simplifications and assumptions:
- All elements of the equivalent circuit are linear.
- The CtrlFET drain current rises at an average constant rate during the
entire hard-switching time. The di/dt is approximately determined by the
following average expression in the interval of interest,

·

-

(3.6)

For the above condition to be effective, the snubber effect of
must be
significant. Namely, the CtrlFET must commute to the ohmic region (i.e.
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the drain-source voltage is approximately zero) before the drain current
reaches the level of the output inductor current, or in other words, before
the SyncFET stops conducting. For this to happen, a sufficiently high di/dt
counteracts
is necessary such that the voltage drop induced across
. This can be achieved with adequate fast switching
supply voltage
driving conditions.
The equivalent gate drive circuit corresponds to that of Table 3.1-I(g)
without the inductance contribution. The effect of the source inductance on
the driving voltage is though taken into account.

The first simplification does not represent an obstacle to qualitatively describe
the fundamental behavior of hard-switching as it will be demonstrated later on.
The second assumption is restrictive but typically given upon fast switching
operation and, as it will be argued in subsequent chapters, it turns out to be a
necessary condition for optimum operation.
Figure 3.2.2(a) illustrates turn-on switching waveforms for a constant gate
current and drain current slope. The effects of the exponential functions from (3.1)
is just 140ps. Thus,
take place already in the first 500ps since time constant
voltage

may be approximated by a constant slope of value

. The

channel current is the superposition of the drain current ramp and the constant
output capacitance current of approximate value
.
Omitting for now the gate drive loss, the switching losses may be determined
by computing the product of the channel current and the drain-source voltage, thus
resulting in the waveform of Figure 3.2.2(b) (HS loss). It is clear that the output
stored charge, which is dissipated in this transition, contributes to the overall hard·
may be used to estimate the charge
switching loss. The product 0.5 ·
loss contribution (marked as Qoss(c) loss in Figure 3.2.2(b)), which accounts for
60% of the hard-switching loss, as Figure 3.2.2(b) shows.
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Figure 3.2.2 Simplified hard-switching turn-on interval according to model of Table 3.1-I(a). (a)
Voltage and current waveforms; (b) energy losses. Values: Vin=12V, CGS(c)=2nF, CGD(c)=500pF,

CDS(c)=1nF, gm(c)=50S, VTH(c)=2V, IG(c)=2A, Kid(c)=3A/ns (LHB=2nH).

One may realize at this point that, as the drain current slope decreases relative
slope (for instance by means of increasing the
to the absolute value of the
half-bridge loop inductance), the hard-switching loss approaches the
loss,
which is independent on the switching speed. Such trend can be observed in
Figure 3.2.3(a), where the hard-switching loss is plotted as function of the gate
drive current and for various LHB. Figure 3.2.3(a) further points out the benefits of
the half-bridge loop inductance as snubber turn-on. The strong dependence of the
gate-drain capacitance on the switching speed is highlighted in Figure 3.2.3(b).
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Figure 3.2.3 Simplified hard-switching turn-on interval according to model of Table 3.1-I(a). (a)
Switching loss dependence on gate current for various half-bridge inductance values; (b) switching
time dependence on gate current for various transfer capacitance values. Values (unless otherwise
specified): Vin=12V, CGS(c)=2nF, CGD(c)=500pF, CDS(c)=1nF, gm(c)=50S, VTH(c)=2V, Kid(c)=3A/ns (plot (b)).
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The increase of the driving current so as to minimize the hard-switching loss
may imply the need to increase the gate drive voltage in cases where the gate
impedance cannot further be reduced.
Raising the gate voltage produces on the other hand a rapid increase of the gate
drive loss. This fact must be therefore considered in the optimization process.
Figure 3.2.4 shows the total CtrlFET and associated gate drive loss as function
of the gate drive voltage. In the illustration, the trade-off between the hardswitching and gate drive loss yields an optimum gate drive voltage around 6V.
The optimum gate drive voltage may change considerably with the half-bridge
loop inductance as depicted in Figure 3.2.5. The reduction of LHB leads to an
increase of the hard-switching loss, which can be partially compensated with an
increase of the driving voltage. A situation where driving losses start dominating
as result of this optimization (e.g. as LHB lowers) may demand faster driving
capabilities by way of reducing the gate impedance. For instance, the mitigation of
the gate resistance may effectively provide faster transitions without producing
additional driving losses. Other lossless techniques such as resonant gate drivers
may be an alternative solution, although such approach may end up exceedingly
compromising the switching speed. This will be addressed in more detail in the
Appendix F.
As already pointed out, the conditions described thus far consider linear
approximations of the MOSFET characteristics which may yield quantitative
discrepancies compared to more accurate models. Nonetheless, the fundamental
switching behavior must qualitatively prevail such that the conclusions drawn
from the previous analysis remain valid.
Figure 3.2.6 shows simulated turn-on losses as function of the gate drive
voltage based on model level 0. Circuit conditions are similar to those from Figure
3.2.4 with the considerations of the nonlinear capacitances and transconductance
curves. As in the simplified linear model, model level 0 predicts the trade-off
between the gate driver and hard-switching losses, which validates the suitability
of the simplifications made to fundamentally describe switching phenomena.
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Figure 3.2.4 CtrlFET turn-on losses as function of gate drive voltage VDRV(c). Values: Vin=12V,

CGS(c)=2nF, CGD(c)=500pF, CDS(c)=1nF, gm(c)=50S, VTH(c)=2V, Kid(c)=3A/ns (LHB=2nH), RG(c)=1Ω,
LS(c)=200pH.
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Figure 3.2.5 CtrlFET turn-on losses as function of gate drive voltage VDRV(c) and for various halfbridge inductance values. Values: Vin=12V, CGS(c)=2nF, CGD(c)=500pF, CDS(c)=1nF, gm(c)=50S, VTH(c)=2V,

RG(c)=1Ω, LS(c)=200pH.
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Figure 3.2.6 CtrlFET turn-on loss including hard-switching, Qoss(c) and gate driving losses. PSpice
simulations based on model level 0. Simulating conditions are similar to those described in Figure
3.2.4.

3.2.2

Falling edge transition

The CtrlFET turn-off transient involves the inverse sequence of events
described in the previous section. Thus, similarly as for the turn-on transition, the
following simplifications and assumptions are taken,
- All elements of the equivalent circuit are linear.
- The hard-switching transient ends when the CtrlFET blocks, that is, when
the channel current drops to zero.
- The maximum drain-source voltage is always below the avalanche
breakdown level. Thus, avalanche breakdown is neglected.
- The switching speed is such that the contributions of the half-bridge
parasitic elements need to be taken into account. Therefore, the

-

capacitance current must be 0.1

.

Similarly, the loop inductance may be significant such that
0.1 .
The drain current slope is constant and approximately equal to

·

·

-

(3.7)

and
are the voltage across de MOSFETs at the
Where
end of the hard-switching phase. Since these magnitudes are dependent
themselves on
, expression (3.7) is solved by numerical methods.
Equivalent gate drive circuit corresponds to that of Table 3.1-I(g) without
the inductance contribution. The effect of the source inductance on the
driving voltage is though taken into account.
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Figure 3.2.7(a) illustrates turn-off switching waveforms for a constant gate
current and a drain current slope. As before, the effects of the exponential
functions from (3.1) take place only for the short period of 500ps due to the low
. Its effect may thus, in this case, be neglected to approximate
time constant
by a linear ramp voltage of slope

.

The CtrlFET drain current is split into the channel and output capacitance
paths. Thus, the channel current may be effectively reduced with the increase of
the output capacitance (e.g. additional CDS(c)) and the switching speed as a
consequence of the turn-off snubber effect. The product of the channel current and
the drain-source voltage yields the hard-switching loss depicted in Figure 3.2.7(b).
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Figure 3.2.7 Simplified hard-switching turn-off interval according to model of Table 3.1-I(a). (a)
Voltage and current waveforms; (b) hard-switching loss. Values: Vin=12V, CGS(c)=2nF, CGD(c)=500pF,

CDS(c)=1nF, gm(c)=50S, VTH(c)=2V, IG(c)=-5A, ID(c)0=30A, LHB=1.5nH, Coss(s)=6nF, LS(c)=200pH.

At the end of the hard-switching interval, the drain current may differ from
zero and as such the half-bridge loop inductance may contain stored energy. This
energy may be expressed as follows,
(3.8)
is the drain current at the end of the hard-switching interval. In the
Where
following analysis it is assumed that such energy is fully dissipated in the form of
a ringing oscillation measurable across the terminals of the CtrlFET after turn-off.
It will be shown though later on that this is just a first order worst-case
approximation since part of this energy may be transferred to the load (and
therefore recovered) after the CtrlFET turn-off and during the time that the
SyncFET output capacitance is discharged.
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Another portion of the turn-off energy losses may be related to the stored
charge in the CtrlFET output capacitance at the end of the hard-switching time.
This stored energy may differ from the final energy state of the FE transition (that
). The energy loss produced by this energy difference is, thus,
is,

(3.9)
is the CtrlFET drain-source voltage at the end of the hardIn (3.9),
switching turn-off transition. Once again, the above expression is an
approximation even for the case of linear capacitances, as it shall be argued later
in section 3.4.
Omitting for now the gate drive loss, Figure 3.2.8 shows the FE CtrlFET losses
as a function of the gate drive current. As it can be seen, the negative increase of
gate current is effective to mitigate the hard-switching loss. In doing so, however,
approaches
(i.e. the load
the inductance loss is increased until
current).
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Figure 3.2.8 Turn-off switching loss as function of the CtrlFET gate current. Values: Vin=12V,

CGS(c)=2nF, CGD(c)=500pF, CDS(c)=1nF, gm(c)=50S, VTH(c)=2V, ID(c)0=30A, LHB=1.5nH, Coss(s)=6nF.

While the half-bridge loop inductance is favorable at turn-on, it can be
detrimental at turn-off in terms of switching losses and maximum voltage stress
across the device (i.e. voltage vDS(c)max). This can be deduced from the curves of
Figure 3.2.9, which show the switching loss and vDS(c)max as a function of the gate
current and for various LHB. Figure 3.2.10 further depicts the impact that both the
gate current and LHB have on the switching OFF time. The curves suggest that LHB,
though producing higher turn-off losses, may not significantly impact the
switching time, which is mainly determined by both the gate current and the
MOSFET’s capacitances.

200

Chapter 3. Model level 1: Piecewise linear analytical model

It is worth noticing that, as it will be shown later, the nonlinearity of MOSFET
capacitances can worsen the maximum overshoot voltage. Therefore, adding an
ideal linear capacitance in parallel to the MOSFET’s intrinsic CDS can effectively
mitigate the voltage stress of the device in detriment of charging losses.
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Figure 3.2.9 Turn-off switching loss (a) and maximum drain-source voltage (b) as function of the
CtrlFET gate current (absolute values) and for various half-bridge loop inductance values. Values:

Vin=12V, CGS(c)=2nF, CGD(c)=500pF, CDS(c)=1nF, gm(c)=50S, VTH(c)=2V, ID(c)0=30A, Coss(s)=6nF.
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Figure 3.2.10 Switching off time as a function of the CtrlFET gate current and for various halfbridge loop inductances. Values: Vin=12V, CGS(c)=2nF, CGD(c)=500pF, CDS(c)=1nF, gm(c)=50S, VTH(c)=2V,

ID(c)0=30A, Coss(s)=6nF.

The above figures are given as a function of the turn-off gate current, which
needs to be generated by the gate drive circuit. This is typically achieved by shortcircuiting the gate and source terminals with a gate drive switch. Thus, the gate
current discharge is mainly determined by the gate drive impedance and the Miller
plateau voltage. For typical cases, the gate resistance required to generate gate
currents of -10A during the hard-switching time must be well below 1Ω.
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These results can be validated with the model level 0 of Chapter 2. The data
from Figure 3.2.11 corresponds to PSpice simulations analogous to the conditions
illustrated in this section with the consideration of the nonlinear MOSFET
characteristics. As it can be observed, the resulting curve follows the same trends
identified with the PLA model, thereby proving the validity of the simplifications
adopted to study the underlying hard-switching phenomena.
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Figure 3.2.11 CtrlFET turn-off loss including hard-switching, Qoss(c) and LHB losses. PSpice
simulations based on model level 0. Simulating conditions are similar to those described in Figure
3.2.8.

3.2.3

Leading and falling edge transitions tradeoffs

Given the existing trade-offs between the turn-on and turn-off hard-switching
losses, the question arises as to what optimum combination of LHB, additional
snubber capacitance ΔCDS(c) and driver parameters VDRV(c) and RG(c) can minimize
the total switching losses.
In the following it is assumed that both VDRV(c) and RG(c) determine the turn-on
gate current, whereas only RG(c) can adjust the turn-off gate current. Furthermore,
the impedance of the gate path is common to both switching transitions.
Figure 3.2.12(a) illustrates the LE and FE CtrlFET switching losses as a
function of LHB. In order to minimize the sum of the two contributions, voltage
VDRV(c) is optimally adjusted for every LHB. The resulting total loss curve has a
minimum at ~600pH. This optimum is expected because the increase of LHB
reduces the LE loss and worsens the FE loss. The latter has an exception at low
LHB (i.e. below 500pH) due to driving losses, which increase as LHB lowers. This is
a consequence of the increase of VDRV(c) necessary to shorten the turn-on switching
time (and hence minimize the hard-switching losses) as LHB reduces. The increase
of VDRV(c), though not being the most efficient alternative, yields a net loss
reduction due to the significance of hard-switching losses.
Figure 3.2.12(b) illustrates how the increase in excess of LHB may additionally
produce high overvoltage stress across the CtrlFET at turn-off. Thus, it is
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generally favorable to limit LHB in order to minimize the switching losses at the
same time that the use of lower voltage rating devices is enabled.
The converse effects of CDS(c) on the switching losses are illustrated in Figure
3.2.13(a). The minimum switching loss at ~1.7nF results from the reduction of the
hard-switching turn-off loss as CDS(c) increases. The achieved gain is only
moderate because of the proportionality of CDS(c) on the LE loss.
The increase of CDS(c) has the additional advantage of reducing the voltage
stress across the device, as shown in Figure 3.2.13(b).
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Figure 3.2.12 (a) CtrlFET loss in both LE and FE transitions as a function of LHB. (b) Maximum
voltage stress across the CtrlFET and optimum gate drive voltage to achieve minimum losses. Values:

Vin=12V, CGS(c)=2nF, CGD(c)=500pF, CDS(c)=1nF, gm(c)=50S, VTH(c)=2V, ID(c)0=30A, LS(c)=200pH,
Coss(s)=6nF, RG(c)=0.5Ω.
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Figure 3.2.13 (a) CtrlFET loss in both LE and FE transitions as a function of CDS. (b) Maximum
voltage stress across the CtrlFET and optimum gate drive voltage to achieve minimum losses. Values:

Vin=12V, CGS(c)=2nF, CGD(c)=500pF, gm(c)=50S, VTH(c)=2V, ID(c)0=30A, LS(c)=200pH, Coss(s)=6nF,
RG(c)=1Ω, LHB=1nH.

Chapter 3. Model level 1: Piecewise linear analytical model

203

A more general description of the identified effects is provided in Figure 3.2.14
to Figure 3.2.17. Figure 3.2.14 shows the total switching losses as a function of
both RG(c) and LHB. Similarly as in the previous example, both ΔCDS(c) and VDRV(c)
are optimized for every value in the contour plot in order to guarantee minimium
switching losses. The results show that the existence of both LHB and ΔCDS(c) can
provide a net loss reduction despite of their detrimental effects at turn-off and
turn-on, respectively.
The minimum LHB required to effectively achieve the intended turn-on snubber
effect strongly depends on the switching speed capabilities of both switch and gate
driver. Ideally, the optimum LHB should tend to zero as the turn-on speed increases
to infinite. From the interpretations of Figure 3.2.14, however, the loss minimum
is obtained at a limited switching speed (i.e. RG(c)>0), where RG(c)≈350mΩ and
LHB≈0.55nH. The reason for this is the influence that RG(c) exerts on the turn-off
transient. Namely, reducing RG(c) from the optimum operating point causes an
increase of the turn-off gate current, which yields a net loss increase due to LHB
losses (see Figure 3.2.8). The fact that the gate resistance controls the switching
speed of both LE and FE transients limits the minimum turn-on time and hence the
minimum LHB. The different switching speed demands of both transitions suggest
the use of two independent gate current paths for the turn-on and turn-off that
avoid this limitation. This option will be addressed in Chapter 6.
For the same illustrated example, Figure 3.2.15 shows the optimum ΔCDS(c) that
minimizes the hard-switching losses. The results indicate that the additional
snubber capacitance is only beneficial for rather high RG(c) and LHB. This is
expected since a limited dvDS/dt switching may be compensated with a larger
output capacitance in order to reduce channel losses at turn-off. As the turn-off
switching speed increases, any additional output capacitance can be unnecessary
at turn-off and therefore detrimental for the overall net losses, as it is the case in
the region around the minimum in the given example.
Given an optimum turn-on switching speed, the reduction of RG(c) enables
enhancing the gate drive losses by means of lowering VDRV(c). On the contrary, the
reduction of LHB while keeping RG(c) constant may be compensated with the
increase of VDRV(c) in order to maintain the effectiveness of the turn-on snubber. In
some cases, a sharp augment of the driving voltage might be necessary as LHB
approaches very low values. This is reflected in the contour plot of Figure 3.2.16,
which represents the gate drive voltage that minimizes the total switching losses
for each value in the graph of Figure 3.2.14.
The negative influence that LHB has on the voltage stress across the CtrlFET is
depicted in Figure 3.2.17. The maximum voltage stress is achieved with the
highest LHB and at rather low RG(c) (e.g. ~0.3Ω). The maximum loop inductance to
avoid an overshoot higher than 30V must be, under worst-case conditions, below
0.9nH. From these resulting data it is deduced that the most effective measure to
mitigate the voltage stress at high current operation is to reduce LHB rather than to
increase CDS(c).
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Figure 3.2.14 Total CtrlFET switching loss of both LE and FE transitions as a function of gate
resistance RG(c) and half-bridge loop inductance LHB. Values: Vin=12V, CGS(c)=2nF, CGD(c)=500pF,
CDS(c)=1nF (minimum value; See added snubber capacitance from Figure 3.2.15), gm(c)=50S, VTH(c)=2V,
ID(c)0=30A, LS(c)=200pH, Coss(s)=6nF. The gate drive voltage is optimized for each value of RG(c) and LHB
(see Figure 3.2.16).
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Figure 3.2.15 Optimum additional CtrlFET drain-source capacitance ΔCDS(c) corresponding to the
simulations of Figure 3.2.14.
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Figure 3.2.16 Optimized CtrlFET gate drive voltage VDRV(c) corresponding to the simulations of
Figure 3.2.14.
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Figure 3.2.17 Maximum CtrlFET drain-source voltage stress corresponding to the simulations of
Figure 3.2.14.
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3.3 Leading edge switched-node ringing
The switched node LE ringing transition is mainly represented with model (b)
of Table 3.1-I. Other equivalent circuits however may need to be coupled such as
gate drive model (h) and avalanche breakdown model (e), which will be addressed
later in this section. The following analysis thus focuses on model (b).
From the equivalent circuit, RHB and LHB represent the total half-bridge
resistance and loop inductance, respectively. The model takes into account the
SyncFET reverse recovery decay curve (assumed to be exponential), the gate
bounce shoot-through channel current and the vDS(c) switching transient. These
excitation signals are expressed in terms of voltage and current sources to the
resonant circuit as follows,
·

(3.10)

·

(3.11)

·

(3.12)

is the converter input voltage,
the voltage slope
In (3.10), voltage
across the CtrlFET during commutation, and
the initial value. In each
linear subinterval where shoot-through may occur, SyncFET channel current
is approximated by a ramp function, the parameters of which derive from the
model of Table 3.1-I(h). Solving the linear circuit with the above excitation
and
functions yields the closed-form expressions of SyncFET drain current
drain-source voltage vDS(s). The earlier may be composed by five current
contributions as,
(3.13)
Each of the above current components corresponds to the three different current
paths as well as initial conditions of the state variables. The transient analysis of
the circuit (b) from Table 3.1-I yields the following expressions for these current
contributions. The first term corresponds to,
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·…
1

1

(3.14)

·

The second term includes the initial conduction across the capacitances,
·

·…
·

1

1

(3.15)

·

The third term refers to the reverse recovery component as,
2

·…

·

(3.16)
·

· 1

·

1

·

The initial condition in the resonant inductor contributes as,
·

1

1

·

(3.17)

The last term in (3.13) accounts for the gate bounce shoot-through,
2

·

1

1

·

(3.18)

The following relations are used above,
atan

1

2
2

1

2
2

1

1

1

(3.19)

0

(3.20)

(3.21)
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The resonant frequency and damping factors are, in this case,
1

,

(3.22), (3.23)

2

Furthermore, it follows that,
1

,

(3.24), (3.25)

As to the SyncFET drain-source voltage, it follows,
·

·

(3.26)

The expression for the time derivative of the SyncFET drain current may also
be obtained analytically as,
(3.27)
The five summands of the previous equation correspond to the time derivatives
to
, defined in (3.13). The expressions for
of the respective currents
such derivatives are,
·
1

·…

1

(3.28)

·

·

·…

1
1

(3.29)

·

2

·…

(3.30)
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· 1

·…

·

·

1

1

2

·

1

·

1

·

1

2

(3.31)

·…

1

1

·

2

(3.32)

·

With the use of the above equations, Figure 3.3.1 shows typical switched-node
LE waveforms of the SyncFET transition that the proposed PLA model can
generate. In the illustration, the loss mechanisms of reverse recovery, gate bounce
and avalanche breakdown are simultaneously manifested. Note that current iAB(s) is
the avalanche breakdown current contribution as defined in Chapter 2.
The simulated transient corresponds to a sequence of concatenated piecewise
linear intervals where additional models (e) and (h) are coupled to reproduce the
behavior during the periods of avalanche breakdown and gate bounce. Model (h)
is required in order to determine the channel conduction as a consequence of the
feedback effects of the transfer capacitance and/or source inductance. The
following sections discuss these and other switching loss mechanisms with the use
of the equivalent PLA circuit models.
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Figure 3.3.1 Simulated switched-node LE transient based on proposed PLA model (b), (e) and (h).

3.3.1

Charging loss

Power losses may be numerically computed from the current and voltage
waveforms obtained in the previous section. This approach can offer accurate
estimations even in complex scenarios like shown in Figure 3.3.1, where multiple
loss mechanisms may simultaneously manifest. Such cases may however be
undesired in practice since, as it shall be argued in the following analysis, the
mechanisms of reverse recovery, avalanche breakdown and gate bounce
drastically limit the converter efficiency at high switching frequency. One thus
seeks for solutions where the power devices switch in absence of the
aforementioned loss mechanisms. Once achieved, the LE ringing loss may reduce
to the charging loss of the MOSFET’s parasitic capacitance, which may be
estimated by means of a general closed form expression. This loss calculation is
through a direct analysis of the energy balance from the charging process as
follows:
Whenever a constant voltage supply is connected to a capacitor via a switch
that turns on and off in no time and where such electrical connection may be
interfered by parasitic resistance and inductance elements, a charge transfer may
be produced until a new permanent energy state is naturally reached. In such case,
the work done to move a charge Q from a point of potential Vb to a point of
potential Ve is,
(3.33)
In a nonlinear voltage dependent capacitor the charge transfer is,
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(3.34)
Combining expressions yields,
(3.35)
Now, by changing the order of integration it is straightforward to observe that,
(3.36)
For linear capacitors, the following familiar expression for the charge loss can
be deduced from (3.36),
1
2

·

(3.37)

Note that for (3.36) to be valid in the converter circuit, the ringing created by
the switching action must be completely vanished before the next one begins. For
resonant oscillations lasting longer than the ON time periods, the total charging
loss may be higher or lower than the estimated by (3.36) depending on the energy
state of the storage elements at the end of the transition phase.
Equation (3.36) reveals that the charging loss is independent on the impedance
path. Also, it can be shown that the energy loss required to charge up a nonlinear
capacitance may be lossier than charging a linear one to the same charge and
voltage levels, as illustrated in the example of Figure 3.3.2(a). Right plot (b)
shows the nonlinear capacitance under consideration and its mean value in the
interval 0V-12V. Plot (a) further illustrates that the charging up phase is lossier
than the discharge phase. This is a common case in nonlinear capacitances that
vary inversely proportional with the applied voltage, such as the output
capacitance of MOSFETs. The loss analysis of Chapter 4 will further reveal that
the average value of the LE and FE transient loss can be determined from the
average capacitance of the charging interval. Thus, it will be demonstrated that
ΔE1=ΔE2 in Figure 3.3.2(a).
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Figure 3.3.2 Charging loss comparison between a linear and a nonlinear capacitance in the charging
(LE) and discharging (FE) phases. Voltage charge from 0V to 12V (LE transition) and from 12V to 0V
(FE transition). (a) Charging loss transient of a nonlinear R-C series circuit (R=8Ω, C=C(V), as shown
in plot (b)). (b) Nonlinear capacitance as a function of the terminal voltage and corresponding average
capacitance in the interval 0V to 12V.

3.3.2

Overvoltage stress

One key aspect of the converter design is the voltage rating of the power
MOSFETs, which in the converter under consideration is usually well above the
input voltage level. This has to do with the voltage overshoots across the blocking
device during the switching ringing. In order to avoid avalanche breakdown, the
MOSFETs must be rated to at least the maximum expected resonant peak voltage.
Because lower voltage rated devices generally offer better performance and/or
lower cost, it is desirable to minimize the maximum voltage stress.
For the case of the switched-node LE transition, the peak voltage across the
SyncFET may be estimated from the equations derived from model (b) of Table
3.1-I. In this approach, a sufficient number of discretized linear intervals are
necessary to cope with the nonlinearity of the MOSFETs capacitances. Neglecting
for now the contributions of the body diode and channel currents, the worst-case
voltage overshoot is given for an ideal CtrlFET turn-on. In the model, this
translates into a voltage excitation corresponding to a step function. Figure 3.3.3
shows switching waveforms of a typical case example. The capacitance
nonlinearity distorts the resonant oscillation, making wide valleys and sharp
maximums in the voltage waveform, and slow ramp-ups and steep ramp-downs in
the current waveform. This in turn produces additional charging losses, as shown
in the previous section, as well as voltage spikes across the device that may well
exceed twice the input voltage, which is the maximum limit in a linear resonator
with zero initial conditions. This can be contrasted in Figure 3.3.4. In figure (a),
the maximum peak voltage is given as function of the total charge transfer. Note
that in order to adjust the charge transfer, the capacitance is modified accordingly

Chapter 3. Model level 1: Piecewise linear analytical model

213

while keeping the input voltage step equal for all cases (i.e. -0.5V to 12V). While
this is trivial for the linear case, in the nonlinear case the capacitance may be
increased in different ways, one of which is as shown in Figure 3.3.4(b). Such
approach effectively produces an increase of the nonlinearity as the capacitance
charge increases, which in turn yields an increase of the voltage spikes, as
depicted in Figure 3.3.4(a). This goes against the behavior of a linear damped
resonant oscillation, where the increase of the capacitance generally produces a
decrease of the peak voltage. This later statement is also illustrated in Figure
3.3.4(a) (dashed curve).
(a) Voltage

(b) Current
10

Capacitance current (A)

Capacitance voltage (V)

50
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− 10
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Figure 3.3.3 SyncFET output capacitance charge-up ringing during the LE switched node
transition. Simulation conditions referred to model (b) of Table 3.1-I with an ideal step function of
-0.5V to Vin at source voltage source vs and at time equal zero: Vin=12V, icn(s)=0A, idio(s)=0A, RHB=0.4Ω,

LHB=1nH. See Figure 3.3.4(a) (Qt=7nC) for capacitance data.

214

Chapter 3. Model level 1: Piecewise linear analytical model

(a) Max. voltage peak

(b) Nonlinear capacitance
10

Nonlinear capacitance

Qt = {2nC, 2.5nC, 3.5nC, 14nC}

Capacitance (nF)

Overshoot voltage w.r.t. Vin

5

4

3

Linear ca pacitance
2

1

2

6

10

Capacitance charge Qt (nC)

14

1

0.1

0.01

0

10

20

Capacitance voltage (V)

Figure 3.3.4 (a) Maximum overshoot voltage relative to Vin for different capacitance values.
Comparison between linear and nonlinear capacitances of equal stored charge Qt, which refer to the
charge transfer of a step voltage transition from -0.5V to 30V. Nonlinear capacitances are shown in
figure (b) for various Qt. Parameter values correspond to those of Figure 3.3.3.

The effect of reverse recovery and gate bounce on the voltage stress will be
discussed in sections 3.3.4 and 3.3.5.
3.3.3

Avalanche breakdown

The power converter must generally be designed such that the MOSFETs are
prevented from avalanche breakdown for reasons concerning reliability, lifetime
and power loss savings. The latter is addressed in the following discussion to
argue that avalanche can be a severe loss mechanism and thus must be avoided.
With the aid of models (b) and (e) from Table 3.1-I, avalanche breakdown
operation is analyzed and simple expressions deduced to estimate the associated
losses.
Some modern power MOSFETs can feature such high levels of ruggedness that
avalanche breakdown may be allowed as regular operation without compromising
reliability. This has enabled designers to exploit this feature mostly to dump
oscillations and absorb the energy of inductive loads even without the need of
employing freewheeling diodes.
Damping the switched-node ringing in the SRBC could be one potential target
application as a way to reduce EMI. That is, during avalanche breakdown, the
energy stored in the half-bridge loop inductance is discharged into the avalanched
device, thereby reducing the oscillation energy. This is illustrated in the
simulations of Figure 3.3.5, which compare the ringing amplitude and switching
losses of two transitions with and without avalanche breakdown. As it can be
observed, one characteristic of avalanche operation is that the ringing energy,
which is fully lost in case of a natural damped oscillation, can be quickly
dissipated without the need of producing excessive overshoots. On the downside
however, during avalanche breakdown the direction of current flow produces
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energy consumption from the power supply during the entire period of avalanche.
The following analysis demonstrates that these additional losses are proportional
to the inductance energy and the avalanche time.
(a) With avalanche (11.5V)

(b) Without avalanche

Total loss: 2.1μJ
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Figure 3.3.5 Simulated step response of a series resonant circuit (see model (b) of Table 3.1-I) with
and without avalanche breakdown. Parameter values: Vin=10V, icn(s)=0A, idio(s)=0A, iD(s)0=20A,

vDS(s)0=-2V, RHB=0.2Ω, LHB=2nH, Coss(s)=5nF (linear).

As in the previous section, model (b) from Table 3.1-I is considered without the
contributions of the channel and body diode currents. Also, voltage source vs
behaves as an ideal step-up function, which corresponds to the worst-case
overshoot stress.
Figure 3.3.6 illustrates the case of a step response of a series resonant circuit
interrupted by an avalanche breakdown transition that clamps the maximum peak
voltage. The example is generalized for the case of initial conditions in both state
variables. The switching transient is divided in the three intervals: A, B and C.
The total switching loss is the sum of the losses in each interval, i.e.

_

_

_

(3.38)

Considering that the resonant capacitance may be nonlinear, the energy loss in
the first interval may be calculated as,
_

·

1
2

(3.39)

Where
and
are the initial conditions of interval A,
the
initial condition of interval B, and
the avalanche breakdown voltage level of
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the power device. The first term in (3.39) derives from (3.36). In interval (B), the
SyncFET drain-source voltage is clamped to the avalanche level and model (e)
from Table 3.1-I is applied with the assumption that the voltage drop across the
CtrlFET drain-source terminals is negligible. Avalanche interval B lasts as soon as
can thus be expressed as,
the current reaches zero. Losses
·

_

·

1
2

· 1

·

(3.40)

The first term in (3.40) is delivered by the power supply, whereas the second
one comes from the loop inductance. The two unknown variables of the first
summand are,
,

(3.41), (3.42)
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Figure 3.3.6 Step response of a series resonant circuit with avalanche breakdown. Intervals A and C
refer to model (b) from Table 3.1-I, whereas interval B corresponds to model (e). Parameter values:

Vin=10V, VAB(s)=13V, icn(s)=0A, idio(s)=0A, iD(s)0=20A, vDS(s)0=-2V, RHB=0.2Ω, LHB=2nH, Coss(s)=5nF
(linear).

Switching interval (C) begins with zero current condition. Therefore, the
energy loss expression can be directly derived from (3.36), which yields,
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·

_

(3.43)

Combining the above equations it can be identified that the total switching loss
may be broken down in two basic terms,
(3.44)

_

The first term refers to the charging loss, which equals to the total loss of a
switching transient without avalanche. The following expression accounts for the
charging loss and includes the initial conditions in both state variables.
1
2

·

_

·

(3.45)

The second term in (3.44) is therefore the actual additional loss contribution
due to avalanche breakdown, that is,
·

·

· 1

(3.46)

According to (3.46) and (3.42) the avalanche loss increases with
and
, whereas it decreases as the avalanche voltage level goes up. This is
illustrated in the simulated example of Figure 3.3.7, where the avalanche
breakdown vanishes for
>22V.
An approximated expression for the CtrlFET avalanche breakdown in the FE
transition can be analogously deduced as it shall be argued in section 3.4.3.
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Figure 3.3.7 Avalanche and charging losses as function of the avalanche breakdown voltage level
of the power MOSFET. Simulation conditions correspond to those of Figure 3.3.6.

3.3.4

Reverse recovery

The linear switched-node ringing model (b) from Table 3.1-I considers the
contribution of the SyncFET body diode reverse recovery, whose detrimental
effects on the converter switching shall be measured in terms of energy loss and
switched-node ringing contributions. The later is not just an EMI concern alone,
but also turns out to be a trigger to other loss mechanisms. This will become
apparent from the following simulation results, which suggest the mitigation of
reverse recovery as a major enabling condition for high switching frequency
operation.
Figure 3.3.8 illustrates the simulation of a switched-node LE transient under the
influence of the reverse recovery current from the SyncFET body diode. The
curves show that, upon fast switching, the CtrlFET may be already fully on (i.e.
operating in the ohmic region) before reverse recovery takes place, thereby
avoiding the SyncFET current to flow through the CtrlFET during the hardswitching time.
During the time interval delimited by the zero crossing of the SyncFET drain
current and the reverse recovery peak (i.e. time trr0 from Figure 3.3.8), the
SyncFET drain-source voltage remains clamped to the body diode forward voltage
as the stored charge is being removed from the p-n junction. Though this effect
extends the LE time, stored charge energy can be partially recovered during trr0.

Chapter 3. Model level 1: Piecewise linear analytical model

219

trr0

30

Voltage (V), current (A)

vDS(s)
vDS(c)
15

0

idio(s)
− 15

i D(s)
− 30

0

6

12

18

24

30

Time (ns)
Figure 3.3.8 Simulated switched-node LE transitions including reverse recovery and fast CtrlFET
turn-on. Results based on the PLA model with multiple linear intervals.

A far lossier transition may develop after interval trr0 has elapsed. Then the
reverse recovery decay current starts and the SyncFET drain-source voltage gets
unclamped. These conditions give rise to the actual leading edge transition (LE) of
the switched-node voltage. As the SyncFET enters into the first quadrant
operation, losses are generated in the body diode until the reverse recovery current
vanishes.
As soon as this unclamped phase begins, the half-bridge loop inductance
resonates with the SyncFET output capacitance, which can produce a significant
overvoltage stress in the device. The resonant amplitude is strongly dependent on
the stored energy in the inductance at the beginning of the unclamped phase. This
energy may be dissipated in the resistance of the half-bridge loop and gate circuits
during the ringing period. It can be estimated by the following expression,

_

1
2

·

(3.47)

Figure 3.3.9 shows how the reverse recovery current can critically impact
switching losses. The example illustrates the contributions of the SyncFET
charging and reverse recovery losses. Left plot (a) depicts the loss dependence on
the reverse recovery peak current. The total losses are separated in the loss energy
portion delivered from voltage supply Vin, and that of the half-bridge loop
). For the
inductance at the time of the reverse recovery peak (i.e.
_
particular case of Irr(s)=0A (i.e. no reverse recovery), the total switching loss
equals the charging loss given from (3.36). Right plot (b) shows the switching loss
as function of Irr(s) and for various reverse recovery time constants. The dashed
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curve at
=0 corresponds to the charging loss with initial conditions in
,
which derives from (3.45). The curves reveal the strong loss dependence on both
and
, a reverse recovery
reverse recovery parameters. Even for moderate
peak of 12A can double the switching loss produced in case of no reverse
recovery.
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Figure 3.3.9 Simulated step response of circuit model (b) from Table 3.1-I. Plot (a): Energy loss as
a function of the reverse recovery peak; plot (b): Same as plot (a) but for various reverse recovery time
constants. Parameter values: Vin=12V, icn(s)=0A, vDS(s)0=0V, RHB=0.3Ω, LHB=1nH, for Coss(s) see Figure
3.3.10.

Relevant effects of the reverse recovery on the switched-node ringing voltage
are further illustrated in Figure 3.3.11. The two main parameters considered are
the maximum peak voltage and the time derivative of the SyncFET drain-source
voltage (dv/dt). These are relevant to the mechanisms of avalanche breakdown and
gate bounce. According to the resulting curves, the peak voltage appears to be
proportional to the dv/dt. Both parameters increase with Irr(s) only for sufficient
. For moderate and high Irr(s), the reduction of
tends to worsen both
low
ringing characteristics.
, as
The same trends are observed when displaying the dependencies on
shown in Figure 3.3.12 and Figure 3.3.13.
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Figure 3.3.10. Reference SyncFET output capacitance used in the analysis of reverse recovery.
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Figure 3.3.11 Impact of reverse recovery on switched-node ringing. Plot (a): Relative voltage
overshoot; plot (b) maximum time derivative of switch-node voltage. Same parameter values as in
example of Figure 3.3.9.

It is common practice for MOSFET manufacturers to specify the reverse
and a reverse recovery time
,
recovery in terms of a recovery charge (
which, according to the proposed model, may be defined as follows,
,

(3.48), (3.49)

The reverse recovery parameters are dependent on the switching speed (di/dt)
and the load current. The relations may be established empirically either by
accurate FE simulations or, alternatively, by experiments. Results on this
extraction procedure are provided in Appendix B.
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(b) Energy loss at various Irr(s)
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Figure 3.3.12 Simulated step response of circuit model (b) from Table 3.1-I. Plot (a): Energy loss
as function of reverse recovery time τrr(s); plot (b): Same as plot (a) but for various reverse recovery
peak currents. Same parameter values as in example of Figure 3.3.9.
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Figure 3.3.13 Impact of reverse recovery on switched-node ringing. Plot (a): Relative voltage
overshoot; plot (b) maximum time derivative of switch-node voltage. Same parameter values as in
example of Figure 3.3.9.

3.3.5

Gate bounce

Gate bounce shoot-through describes a loss mechanism by which the
MOSFET’s channel is spuriously turned on by way of an induced gate voltage
swing from the half-bridge circuit. Although the gate-source potential may
oscillate in both MOSFETs due to coupled noise, gate bounce shoot-through is
usually severely manifested only in the SyncFET device, as already identified in
Chapter 2. The following study therefore focuses on this device.
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The coupling between the gate and power circuits can be capacitive due to the
transfer capacitance, but also inductive by way of the source inductance. The two
mechanisms are described as follows.
The worst-case capacitive coupling is produced during the switched-node
voltage rise. That is, the fast dv/dt causes a charge transfer from the half-bridge to
the SyncFET gate circuit such that may charge up the gate above the threshold
level, thereby inducing a spurious turn-on.
In the di/dt switching phase, the drain current decrease induces a voltage across
LS(s) that negatively charges the gate. Although this effect may alone worsen the
reverse recovery transient (see Appendix B), it does not directly lever gate bounce
shoot-through losses. On the other hand, a negatively induced voltage across LS(s)
may however be developed in the ringing transient during the drain current decay
phases, particularly the first one as it is the highest in amplitude. Like in the
capacitive gate bounce, such effect may trigger shoot-through, thus increasing the
susceptibility of the device to gate bounce losses.
The analysis of both capacitive and inductive gate bounce can be partially
carried out by means of circuit model (h) from Table 3.1-I, which describes the
coupling effects of the feedback transfer capacitance and source inductance. For a
linearized transient interval, both drain-source voltage and drain current
excitations are assumed to vary at a constant rate. Accordingly, the time dependent
function for the gate current may be broken down in three components,
(3.50)
The first term accounts for the time derivative of drain-source voltage
·

· 1

1

·

1

·

as,
(3.51)

The second term in (3.50) includes effect of the feedback source inductance as
,
a consequence of drain current time derivative
·

·
1

·

1

·…
(3.52)

·

Finally, the last term from (3.50) considers the initial condition of the gate
inductance,
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·

1

·

1

·

(3.53)

The natural resonant frequency (in radians per second) and damping factor of
the second order circuit are, for this particular case,
1

,

(3.54), (3.55)

2

·

Where damping factor is assumed to be lower than 1 in fast gate drivers. In
OFF state (zero driving voltage), the gate-source voltage can be expressed as,
·

·

(3.56)

The time derivative of the current can be derived from (3.50)-(3.53), which
yield an expression of three summands as in (3.50),
(3.57)
Where it follows that,
·

·

·

·
1

1

·

·

1

·

1

·

·

1

·

(3.58)

·…
(3.59)

·

·

·

1

·

2

(3.60)

Neglecting for now inductive gate bounce and assuming zero initial conditions
in all state variables, the maximum gate-source voltage due to capacitive gate
bounce can be estimated by means of the following expression,
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·
1

·
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·…
(3.61)

2

The second term within brackets accounts for the contribution of the voltage
overshoot upon underdamped condition (i.e.
1). This term equals zero for
and steady
1. Note that by virtue of the driver impedance, both
state
are independent on the drain-source voltage peak. This contrasts with
the case of open gate, as it shall be analyzed later on in this section.
Despite the linear approximation (nonlinear effect shall be introduced later),
(3.61) provides good insights of the parameter dependencies influencing gate
bounce strictly caused by feedback capacitive coupling. Based on this relation, a
simple condition can be readily deduced to prevent gate bounce shoot-through
regardless of the maximum drain-source voltage, that is,
·

,

1

(3.62), (3.63)

The first condition highlights the importance to keep time constant
low. The values of
and
are irrelevant as long as the underdamped
condition is prevented. Unfortunately, in practice, the source inductance is usually
large, which results in resonant voltage overshoots above
·
·
.
Figure 3.3.14 and Figure 3.3.15 show the expected maximum gate voltage for the
case of underdamped transients (governed by (3.61)) as function of the different
circuit parameters involved. As the curves show, also in this operating regime the
seems to be the most effective measure.
reduction of
The values of
and
are determined from the half-bridge circuit
conditions. Both parameters increase (in absolute values) in proportion to the
speed of the CtrlFET turn-on and the reverse recovery current. Estimating the
excitations of model (h) thus involves the use of model (b). Furthermore, the
nonlinearity of the capacitances as well as the initial conditions of the state
variables may need to be considered for an accurate assessment of gate bounce.
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Figure 3.3.14 Maximum gate voltage variation due to capacitive coupling according to (3.64).
Parameter values: CGS(s)=4nF, CGD(s)=0.5nF, LG(s)=4nH (plot (a)), RG(s)=1Ω (plot (b)).
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Figure 3.3.15 Maximum gate voltage variation due to capacitive coupling according to (3.64).
Parameter values: LG(s)=4nH, RG(s)=1Ω, CGS(s)=4nF (plot (a)), CGD(s)=0.5nF (plot (b)).

Figure 3.3.16 illustrates a more accurate switched-node LE transient simulation
including gate bounce shoot-through. The spurious channel turn-on is triggered by
capacitive and inductive gate bounce, both of which are indirectly intensified by
reverse recovery. Namely, the initial stored energy in LHB causes a soaring
dvDS(s)/dt as high as 20V/ns. At the same time, the drain current falls quickly
towards zero as a consequence of the voltage spike, which induces a high voltage
across LS(s). Both effects contribute strongly to gate bounce. The loss mechanism
also leads to a damped oscillation and a somewhat distorted voltage spike, which
are characteristic in switched-node transients under the influence of gate bounce
shoot-through or avalanche breakdown mechanisms.
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The illustrated simulation takes into account the nonlinearity of the transfer and
output capacitance as well as the transconductance, both of which are represented
in Figure 3.3.10 and Figure 3.3.17. The voltage dependence of the capacitances is
crucial to accurately estimate the maximum voltage coupled at the gate, as already
learnt from the analysis on overvoltage stress in section 3.3.2. Under the worstcase scenario of capacitive gate bounce where the gate is open and thus the driving
is given by the drain-source voltage level and the
current is zero,
capacitance divider formed by CGD(s) and CGS(s). When nonlinear capacitances are
considered, then the gate voltage can be calculated as shown in section 2.5.2.2
(see equation (2.38)). Based on this relation, the following definition is proposed
to measure the capacitive gate bounce susceptibility,
(3.64)
is the drain-source voltage above which the channel turns on.

Where
That is,

(3.65)

Voltage (V), current (A)

30

iD(s) v
DS(s)

20

icn(s)
vGS(s)

10

VTH(s)

0

idio(s)
− 10

0

5

10

15

Time (ns)
Figure 3.3.16 Switched-node LE simulation including gate bounce shoot-through based on coupled
models (b) and (h) from Table 3.1-I. Parameter values: CGS(s)=3.8nF, RG(s)=1.5Ω, LG(s)=4nH,
LS(s)=200pH, Irr(s)=20A, τrr(s)=0.5ns, LHB=1nH, RHB=0.3Ω, Vin=12V. For the transconductance and rest of
MOSFET capacitances see Figure 3.3.10 and Figure 3.3.17.

Thus,
is a measure of the voltage divider ratio that the two
capacitances form when the gate terminal is open. High values of
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denotes high susceptibility to capacitive gate bounce. For linear capacitances
(3.64) reduces to,
(3.66)
Ideally, the capacitive gate bounce susceptibility ratio should satisfy the
following condition,
(3.67)
capacitive gate bounce can be
Therefore, by enforcing
prevented under all conditions. However, meeting condition (3.67) with existing
silicon technologies appears to be difficult. For the case of 30V MOSFETs, typical
in existing commercial devices may typically vary around
values of
0.17, whereas the ideal target value according to (3.67) might be 0.07. Figure
3.3.18 illustrates the variation of gate voltage as a consequence of the capacitance
divider with open gate and under different initial conditions of a typical state of
the art power MOSFET. The curves reveal potential susceptibility to gate bounce
for drain-source voltages above 15V. The use of a low impedance path between
gate and source can effectively mitigate the effect. Such impedance path should
aim at the conditions established by (3.62) and (3.63), provided that inductive gate
bounce is negligible.
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Figure 3.3.17 Reference SyncFET transfer capacitance and transconductance values used in the
analysis of gate bounce.
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Figure 3.3.18 Gate bounce susceptibility of SyncFET with CGS(s)=3.8nF and CGD(s) from Figure
3.3.17(a). The line crossings with
provide
. Data refers to power MOSFET PH3330
from NXP Semiconductors.

The worst-case scenario of capacitive gate bounce turns out to be a favorable
situation to avoid inductive gate bounce since the induced voltage across LS(s)
cannot alter the input capacitance charge. As the gate impedance path reduces, the
susceptibility to inductive gate bounce increases, and as such, conditions (3.65)
and (3.63) might become, after all, detrimental for the overall performance. A gate
impedance trade-off must thus be attained and shall be addressed with the aid of
models (b) and (h) from Table 3.1-I as follows.
Figure 3.3.19 shows the dependence of switching losses on the transfer
capacitance at the LE transient. The total switching loss includes reverse recovery,
charging and gate bounce shoot-through. The later is included in the graphs
to point out its significant contribution as the ratio

increases. Note that the

mitigation of gate driving loss as consequence of the reduction in
may not
compensate the increase in gate bounce. Figure 3.3.19(b) highlights the strong
influence of
on gate bounce shoot-through loss, which may dominate the
total switching loss even with a moderate increase of

. Comparing plots (a)

and (b) one observes that similar values of
may yield to different gate
bounce loss figures depending on
and
.
The reduction of
as a means to mitigate capacitive gate bounce seems to
be more effective than the increase of
since the earlier does not compromise
gate charge losses. Figure 3.3.20 shows how the value of
can influence gate
bounce loss depending on the reverse recovery current. The maximum
allowed to avoid shoot-through lowers as the body diode reverse current increases.
(i.e.
), which
Such relation is established through the time derivative of
increases with reverse recovery. The proportionality of gate bounce with
expressed in (3.61) can be identified from Figure 3.3.21 in terms of energy loss,
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where

is controlled by means of the reverse recovery current. Both
and
alter the speed of charge of
. That is, while
defines the initial
stored energy in
, time constant
influences the amount of charge flowing
into
during the ramp up. Thus, increasing
produces a
charge
slow down as a consequence of the reverse charge increase.
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Figure 3.3.19 Switched-node LE losses (excluding gate driving and CtrlFET switching) and gate
bounce loss contribution as function of, (a), CGS(s), and (b), CGD(s). Simulations based on models (b) and
(h) from Table 3.1-I. Parameter values: Vin=12V, VGS(s)=0V, VDS(s)0=0V, LHB=1nH, RHB=0.3Ω, Irr(s)=0A,
LG(s)=4nH, LS(s)=200pH, RG(s)=1.5Ω, CGS(s)=3.8nF (only for plot(b)), see Figure 3.3.10 and Figure 3.3.17

Gate bounce shoot-through (nJ)

for nonlinear MOSFET parameters. Model (b) response corresponds to an ideal step function.
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Figure 3.3.20 Switched-node LE gate bounce loss as a function of CGD(s) and for various Irr(max).
Simulations based on models (b) and (h) from Table 3.1-I. Parameter values: Vin=12V, VGS(s)=0V,
VDS(s)0=0V, LHB=1nH, RHB=0.3Ω, τrr(s)=0.5ns, LG(s)=4nH, LS(s)=200pH, RG(s)=1.5Ω, CGS(s)=3.8nF (only for
plot(b)), see Figure 3.3.10 and Figure 3.3.17 for nonlinear MOSFET parameters. Model (b) response
corresponds to an ideal step function.
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Figure 3.3.21 Switched-node LE gate bounce loss and maximum dvDS(s)/dt as a function of Irr(s) and
for various τrr(s). Simulations based on models (b) and (h) from Table 3.1-I. Parameter values: Vin=12V,
VGS(s)=0V, VDS(s)0=0V, LHB=1nH, RHB=0.3Ω, LG(s)=4nH, LS(s)=200pH, RG(s)=1.5Ω, CGS(s)=3.8nF, see
Figure 3.3.10 and Figure 3.3.17 for nonlinear MOSFET parameters. Model (b) response corresponds to
an ideal step function.

As deduced from the equations of model (h), the expected detrimental effects
on gate bounce with the increase of the gate impedance and negligible source
inductance can be asserted from Figure 3.3.22. In the high gate impedance range,
the curves converge to a loss level corresponding to open gate, where the
existence of shoot-through can be deduced from (2.38) (see section 2.5.2.2). In the
illustration, the half-bridge circuit and MOSFET susceptibility to gate bounce are
such that the gate impedance required to avoid shoot-through is demandingly low
(i.e. LG(s)=0 and RG(s)<0.5Ω).
A more interesting gate bounce behavior occurs as soon as the source
inductance feedback becomes relevant. This is the case of Figure 3.3.23, where
gate bounce losses are displayed as a function of LS(s) and the gate impedance. The
plot can be divided in two regions where one or the other gate bounce mechanisms
dominates. At high LS(s), the increase of gate impedance yields a loss reduction,
thereby suggesting that inductive gate bounce dominates. The opposite happens in
the low LS(s) region as the increase of the gate impedance worsens the
performance, which denotes capacitive gate bounce behavior. In a narrow interval
at the boundary between the two regions, the gate impedance variation does not
significantly impact the overall losses as the effects of both gate bounce
mechanisms cancel out.

Chapter 3. Model level 1: Piecewise linear analytical model

Gate bounce shoot-through (nJ)

232

300

200

100

LG(s) ↑
LG(s) ={0, 1, 2, 3, 4} (nH)
0

0

1

2

3

4

5

Gate resistance RG(s) (Ω)
Figure 3.3.22 Switched-node LE gate bounce loss as a function of RG(s) and for various LG(s).
Simulations based on models (b) and (h) from Table 3.1-I. Parameter values: Vin=12V, VGS(s)=0V,
VDS(s)0=0V, LHB=1nH, RHB=0.3Ω, LS(s)=0H, Irr(s)=20A, τrr(s)=0.5ns, CGS(s)=3.8nF, see Figure 3.3.10 and
Figure 3.3.17 for nonlinear MOSFET parameters. Model (b) response corresponds to an ideal step
function.

In order to address such trade-off, one can look at the variation of gate bounce
losses as function of the gate impedance, as illustrated in Figure 3.3.24. The
optimum gate resistance and inductance are determined for a variety of switching
conditions affecting both the dvDS(s)/dt and the induced voltage across LS(s). The
curves reveal that for typical conditions the dominated gate bounce mechanism is
primarily capacitive. Loss savings can therefore be achieved by way of reducing
the gate impedance. However, even for the favorable case of reduced reverse
recovery, gate bounce can only be avoided with a drastic reduction of the gate
impedance, which may result in a total gate resistance lower than 0.5Ω and a gate
inductance around 1nH or less.
In addition, the required gate bounce susceptibility may be assessed as function
of the reverse recovery. According to the results of Figure 3.3.25, fast switching
as low as 0.07 for reverse recovery peaks
operation may demand
approaching 30A.

Gate bounce shoot-through (nJ)
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Figure 3.3.23 Switched-node LE gate bounce loss as a function of LS(s) and for various RG(s) and
LG(s) while keeping constant ratio LG(s)/RG(s). Simulations based on models (b) and (h) from Table 3.1-I.
Parameter values: Vin=12V, VGS(s)=0V, VDS(s)0=0V, LHB=1nH, RHB=0.3Ω, Irr(s)=20A, τrr(s)=0.5ns,
CGS(s)=3.8nF, see Figure 3.3.10 and Figure 3.3.17 for nonlinear MOSFET parameters. Model (b)
response corresponds to an ideal step function.
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Figure 3.3.24 Switched-node LE gate bounce loss as a function of RG(s) for various Irr(s) (plot (a))
and LS(s) (plot (b)). Ratio LG(s)/RG(s) is kept constant and equal to 2.7ns. Simulations based on models (b)
and (h) from Table 3.1-I. Parameter values: Vin=12V, VGS(s)=0V, VDS(s)0=0V, LHB=1nH, RHB=0.3Ω,
LS(s)=0.4nH (plot (a)), Irr(max)=10A (plot (b)), τrr(s)=0.5ns, CGS(s)=3.8nF, see Figure 3.3.10 and Figure
3.3.17 for nonlinear MOSFET parameters. Model (b) response corresponds to an ideal step function.
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Figure 3.3.25 Target gate bounce susceptibility as a function of the reverse recovery peak.
Simulations based on models (b) and (h) from Table 3.1-I. Parameter values: Vin=12V, VGS(s)=0V,
VDS(s)0=0V, LHB=1nH, RHB=0.3Ω, RG(s)=1.5Ω, LG(s)=4nH, LS(s)=0.2nH, τrr(s)=0.5ns, CGS(s)=3.8nF, see
Figure 3.3.10 and Figure 3.3.17 for nonlinear MOSFET parameters. Model (b) response corresponds to
an ideal step function. Note that gate bounce susceptibility is tuned by scaling CGD(s).

In conditions where both capacitive and inductive gate bounce mechanisms are
important, a more conservative expression for gate bounce susceptibility may be
defined as follows,
·

,

·

(3.68), (3.69)

differs from
in that the initial
Note that expression
condition of the gate-source voltage equals the induced voltage across
.
Satisfying (3.68) and (3.69) fulfills the requirements to avoid both capacitive and
inductive gate bounce regardless of the gate impedance. The worst-case scenario
for inductive gate bounce corresponds to the case where the induced voltage
is directly impressed across
. Thus, satisfying (3.69) is a
across
sufficient condition only when capacitive gate bounce is negligible.
On the other hand, open gate conditions must meet (3.68) to avoid capacitive
gate bounce considering that inductive coupling may have taken place prior to the
dv/dt phase. This worst-case scenario corresponds to a pre-charge of
·
when the underdamped condition is avoided. In fast switching,
can reach levels of 20A/ns (such as in Figure 3.3.16). This reduces
to
target values of 100pH or lower so as to fulfill (3.69), provided that the threshold
voltage of typical power MOSFETs is maintained. The requirements may further
increase at high temperature operation due to the reduction of VTH.
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3.4 Falling edge ringing transition
In section 3.2.2, the switched-node FE ringing losses are calculated as a
function of the initial values of the state variables at the beginning of the resonant
phase, which coincide with the end of the hard-switching interval tswFE. The
equations applied are accurate only when the SyncFET body diode is forwardbiased prior to the resonant transition. Upon fast switching however, such
condition may not be met since the CtrlFET turn-off can be faster than the
discharge of Coss(s). When this occurs, there exists a transition during which the
SyncFET stored charge is transferred to the output (and therefore partially
recovered) while both power MOSFETs are off. This particular transition phase is
illustrated in the simulation example of Figure 3.4.1. The switched-node FE time
is divided in four intervals: ton(c), tswFE, tR1 and tR2. The last two times are part of the
resonant transient. Time tR1 corresponds to the period where both devices are off
while the SyncFET drain-source voltage remains positive. The particularity of this
interval is that, unlike transition tR2, expression (3.36) for the charge loss does not
apply. This is completely ignored in the approximations of the ringing loss from
section 3.2.2, thereby resulting in certain loss calculation errors. During time,
voltage vDS(s) is assumed to be clamped to a constant value (e.g. ~0V).
ton(c)

tswFE tR1

tR2

Voltage (V), current (A)

40

icn(c)
20

vDS(c)

iLo

vDS(s)

0

vdrv(c)
− 20

135

vGS(c)
140

iD(c)
145

150

Time (ns)
Figure 3.4.1 Switched-node FE switching transient simulation example based on the PLA model.
Typical fast switching waveforms. Switching times are divided in CtrlFET ON time ton(c), hardswitching time tswFE and resonant times tR1 and tR2. During time tR1 both devices are off and the
SyncFET drain-source voltage remains positive. During time tR2 the SyncFET operates in the third
quadrant.

In this section, a more accurate model of the falling edge ringing transition is
proposed and analyzed based on two simplified linear circuits of the half-bridge.
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These correspond to models (c) and (d) from Table 3.1-I. The first one represents
the resonant behavior during tR1, which allows more accurate loss predictions in
this interval. As soon as the SyncFET enters third quadrant conduction, voltage
vDS(s) clamps and a new operating phase starts, which can be represented with
model (d).
Alternatively, and since CtrlFET avalanche breakdown may occur, equivalent
circuit (e) shall be employed similarly as in the LE transient.
Combining these models should enable a proper description of the entire
ringing transient in order to assess overvoltage stress and quantify losses
associated to the half-bridge stored energy and avalanche breakdown mechanisms.
CtrlFET gate bounce is neglected in this transition phase.
As one may anticipate, many of the results from the LE switching transient are
applicable to the FE transient. For instance, model (d) is equivalent to model (b)
by imposing idio(s)=icn(s)=0, vs=Vin-VDS(s) and making Coss(s)=Coss(c). Furthermore, in
model (d), the third quadrant operation of the SyncFET may allow the
simplification vs≈Vin. Equations governing model (d) can therefore be deduced
from those of model (b).
As to model (c), time domain closed-form expressions result from the methods
of circuit theory. Therefore, the CtrlFET drain current can be expressed as,
(3.70)
The first summand in (3.70) accounts for the initial conditions of the voltages
across both capacitances as,
1

1

·

(3.71)

The second term corresponds to the contribution of the load current,
1

1

1

1

·

(3.72)

Whereas the third term considers the initial condition in LHB,

1

1

·

(3.73)
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The natural resonant frequency (in radians per second) of this second order
circuit is, for this particular case,
1

Whereas damping factor

1

1

(3.74)

equals to,
1

1

1

(3.75)

2

For the ringing to occur, condition <1 must be satisfied, which corresponds to
an underdamped switching transient. Finally, it follows that,
1

(3.76)

from
.
The SyncFET drain current readily results from subtracting
Integrating the current expressions yields the voltage across the MOSFETs. As for
the case of the drain current, the CtrlFET voltage is broken down in four terms as
follows,
(3.77)
The first term includes the initial conditions in the half-bridge output
capacitances,
·…
1
(3.78)
1

1

1

·
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The second summand from (3.77) is,
·…
(3.79)

2

1

1
Phase angle

·

is defined as,
Γ

Γ

0

(3.80)

Γ
Where,
Γ

1

2
2

(3.81)

1

The third summand in (3.77) is,

1
Finally, voltage

can be expressed from

1

·

(3.82)

as follows,

(3.83)

The following sections make use of these models to estimate relevant ringing
characteristics such as overvoltage stress and energy losses.
3.4.1

Charging loss

According to the switching behavior, the estimation of the charging losses may
be divided in intervals tR1 and tR2.While valid for tR2, expression (3.36) in tR1 is not
generally applicable because the charging process involves a current source. Thus,
the RMS losses in tR1 may alternatively be determined by numerical methods.
The remaining resonant transient loss after tR1 has elapsed may be conveniently
broken down into capacitive and inductive losses according to (3.36) and (3.8),
from (3.8) must equal the CtrlFET drain current at
respectively. Note that
the end of tR1, which is defined as ID(c)r. Similarly,
from (3.36) equals the final
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CtrlFET drain-source voltage at the end of tR1, which is defined as VDS(c)r. Figure
3.4.2 shows how these initial conditions vary as function of the values of the state
variables at the end of the hard-switching interval. As it can be observed from
plot (a), minimizing VDS(c)r so as to reduce ringing loss involves a reduction of
VDS(c)0 while maintaining VDS(s)0 high. Current ID(c)r may however lower with the
increase of VDS(c)0 to such an extent that it may grow negative. The optimum initial
conditions that minimize ringing loss exist and may significantly vary depending
on a number of parameters. Figure 3.4.3 shows the total FE ringing loss as a
function of the initial voltage across the capacitances. The curves show that a
favorable initial value for both VDS(s)0 and VDS(c)0 is Vin. Generally, condition
VDS(s)0=Vin may be advantageous for discharge times of the SyncFET output
capacitance lasting much longer than the resonant periode of the FE ringing. To
see this, model (c) may be simplified to a series RLC circuit (e.g. such as model
(d)) where the excitation may be approximated to a ramp function representing the
discharge of the SyncFET output capacitance. It is then straightforward to
demonstrate that the energy loss for charging Coss(c) from VDS(c)0 to Vin by means of
a slow ramp function is lower than with a step function. Thus, VDS(s)0<0 may
correspond to one worst-case condition for the capacitance loss. Such is the case
considered in the ringing loss approximation of section 3.2.2 since, as already
indicated earlier, the employed loss equation (3.9) (or more generally (3.36))
models the behavior of a step function response.
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Figure 3.4.2 Switched-node falling edge ringing. Calculation of state variables VDS(c) and ID(c) at the
time the SyncFET body diode is forward-biased (beginning of interval tR2 as defined in Figure 3.4.1).
Simulation results based on model (c) from Table 3.1-I. Parameter values: Vin=12V, ID(c)0=15A,
LHB=1nH, RHB=0.3Ω. Output capacitances refer to Figure 3.3.10 with applied scaling factors (SyncFET
die area is three times larger than that of the CtrlFET).
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FE ringing loss (nJ)

120

VDS(s)0 ↑

100

80

VDS(s)0 ={2, 4, 6, 8, 10, 12} (V)
60

5

10

15

20

25

Initial condition VDS(c)0 (V)
Figure 3.4.3 Switched-node falling edge ringing loss (intervals tR1 and tR2 defined in Figure 3.4.1)
as a function of initial values of steady state variables VDS(s) and VDS(c). Simulation results refer to those
of Figure 3.4.2.

The loss curves of Figure 3.4.3 may be de-embedded into the power losses
within tR1, and the capacitive and inductive charging loss of time tR2. These
contributions are displayed in Figure 3.4.4, Figure 3.4.5 and Figure 3.4.6. With
regard to tR1, Figure 3.4.4 shows that losses may lower with the increase of both
VDS(s)0 and VDS(c)0 by virtue of a reduction in RMS current through RHB, which is
the consequence of a faster current decay. This trend may only be maintained as
long as iD(c) remains positive. In relative terms, and due to the high current and low
quality factor of the resonance, tR1 losses may be significantly high despite of the
typically short duration of this interval.
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Figure 3.4.4 Switched-node falling edge ringing loss in interval tR1 defined in Figure 3.4.1.
Simulation results refer to those of Figure 3.4.2.
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(b) Case ID(c)r ≥ 0

(a) Case ID(c)r ≤ 0
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Figure 3.4.5 Inductive loss contribution of the switched-node falling edge ringing loss as a function
of various steady state variable initial values (losses within interval tR2 defined in Figure 3.4.1).
(a) Case ID(c)r≤0; (b) Case ID(c)r>0 . Simulation results refer to those of Figure 3.4.2.

FE ringing capacitive loss (nJ)

The inductive energy losses follow opposite trends depending on the direction
of the drain current at the beginning of the tR2 phase. For the typical case of
ID(c)r>0, the increase of VDS(s)0 and VDS(c)0 is proportional to the energy discharge
speed of LHB, which helps minimizing the inductive loss contributor.
One negative consequence of augmenting VDS(c)0 is the increase of capacitive
losses, which can be the most significant portion of the total ringing loss, as
depicted in Figure 3.4.6. Most generally, this loss contributor worsens with the
increase of VDS(c)0 above Vin. The reduction of VDS(s)0 causes an indirect loss
increase as it yields higher VDS(c)0.
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Figure 3.4.6 Capacitive loss contribution of the switched-node falling edge ringing loss as a
function of various steady state variable initial values (losses within interval tR2 defined in Figure
3.4.1). Simulation results refer to those of Figure 3.4.2.
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As Figure 3.4.7 illustrates, initial current ID(c)0 negatively influences the ringing
loss. According to what it may be deduced from Figure 3.4.8, the latter is due to a
dramatic increase of the capacitive loss as well as inductive loss in case of
moderate and high current levels.
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Figure 3.4.7 Switched-node falling edge ringing loss (intervals tR1 and tR2 defined in Figure 3.4.1)
as a function of initial values of steady state variables ID(c) and VDS(c). Simulation results based on
models (c) and (d) from Table 3.1-I. Parameter values: Vin=12V, VDS(s)0=10V, LHB=1nH, RHB=0.3Ω.
Output capacitances refer to Figure 3.3.10 with applied scaling factors (SyncFET die area is three
times larger than that of the CtrlFET).
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Figure 3.4.8 Switched-node falling edge ringing loss breakdown as a function of initial values of
steady state variables ID(c) and VDS(c) (losses within interval tR2 defined in Figure 3.4.1). Simulation
results refer to those of Figure 3.4.7.

Recalling the exercise of section 3.2.2 where the ringing loss is approximately
determined from (3.8)-(3.9) while ignoring time tR1, the task now is to find out
how such simplification impacts the accuracy of the estimations. For the sake of
generalization, equation (3.9) shall be replaced by (3.36) in this analysis. Taking
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as reference the proposed model of this section, Figure 3.4.9(a) shows, as pointed
out earlier, that the simple model approaches worst-case condition VDS(s)0<0. The
simplifications make the earlier model to further fail predict losses at high initial
current values. The trends however appear to be in line with the reference model.
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Figure 3.4.9 Comparison of switched-node FE ringing losses resulting from PLA models (c) and
(d) from Table 3.1-I (solid lines), and loss models (3.8) and (3.36) when ignoring interval tR1 from
Figure 3.4.1 (dashed lines).

3.4.2

Overvoltage stress

While the overvoltage stressed device in the LE transition corresponds to the
SyncFET, in the FE transition the overshoot voltage falls across the CtrlFET.
There are two reasons that may make the CtrlFET voltage overshoot higher than
, thereby
the SyncFET’s. Firstly, the energy in LHB may be transferred to
charging it up to a level depending on the load current and the size of the resonant
elements. In a first order approximation, it follows that,
·

(3.84)

The above equation assumes linearity and fast switching, where
represents the maximum peak current through the output inductor.
The second reason suggesting a high overvoltage stress in the CtrlFET is the
high resonant impedance of the half-bridge that at FE results from the usually low
. As it can be deduced from (3.84), the reduction of the resonant
capacitance yields higher voltage stress. This is somewhat more relaxed at LE
is usually significantly higher.
since the
Figure 3.4.10 shows the maximum voltage stress across the CtrlFET as
function of initial condition VDS(c)0 and for various VDS(s)0. Simulations take into
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account the nonlinearity of the MOSFET capacitances. The results indicate that at
high switching speeds, voltage overshoots can well exceed 30V, even at moderate
ID(c)0 and LHB. The increase of VDS(s)0 helps mitigating the voltage stress. Further
simulations confirming the detrimental effects that the increase of VDS(c)0 and ID(c)0
have on the peak voltage are shown in Figure 3.4.11. The data suggest that drastic
measures are required to lower the voltage stress below 30V at high current
switching frequency, one of which can potentially be the reduction of the resonant
.
impedance by way of reducing LHB and/or increasing
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Figure 3.4.10 Switched-node falling edge maximum peak voltage as a function of various steady
state variable initial values. Simulation results refer to those of Figure 3.4.2.
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Figure 3.4.11 Switched-node falling edge maximum peak voltage as a function of various steady
state variable initial values. Simulation results refer to those of Figure 3.4.7.
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Avalanche breakdown

CtrlFET avalanche breakdown undergoes the same switching loss behavior
analyzed in section 3.3.3. Upon fast switching, the circuit model representing
CtrlFET avalanche may be equivalent to that of the SyncFET case by
approximating voltage vDS(s) by a constant value, either to Vin or around zero volts.
In such case, the equations derived for the SyncFET avalanche in section 3.3.3 can
be applied for the CtrlFET with the right corresponding variable readjustments.
On the other hand, when avalanche breakdown occurs during the transition
phase of the SyncFET voltage discharge, then circuit model (c) may be used by
∞ and determining the time for the CtrlFET drain current to
making
reach zero. Thus, equations of model (c) presented in section 3.4 can be employed
to calculate the avalanche loss.

3.5 Gate driving
Following the approach of [270] the switching action of the gate drive circuit is
modeled by means of simplified models (f) and (g) from Table 3.1-I. The
equivalent circuits fundamentally represent the commutation of the transistors.
Model (f) reproduces the ZVS transient behavior of the SyncFET as well as the
ohmic and cut-off transitions of the CtrlFET. On the other hand, model (g)
considers the hard-switching intervals of the CtrlFET during which the gate source
voltage may be approximately constant, thus reducing the complexity of circuit
description from a second to a first order differential equation. The influence of
the source inductance is considered as an offset feedback voltage level
proportional to the drain current commutation speed, which is added (or
subtracted) to the driver voltage VDRV.
Because of the feedback effects of both transfer capacitance and source
inductance, the gate drive models must be coupled with the half-bridge equivalent
circuits in every linear interval. A unique solution for the commutation speed of
the drain current and drain-source voltage are therefore computed by means of
iterative methods.
Perhaps the most relevant of the applied simplifications is the approximation of
the excitation signal by an ideal step function commuting from a low to a high
level or vice versa depending on the transition phase. Such assumption differs
considerably from the proposed driver model of Chapter 2, where the limited
commutation speed and saturation levels of the gate driver MOSFETs are taken
into account. In the simplified case thus the driving current limit only depends on
the size of the gate resistance, loop inductance as well as voltage levels.
The governing equations of the gate drive model (f) can be readily deduced
from the already presented equivalent model (d) by means of a proper change of
variables. As to model (g), the waveform expression for the gate current is,
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t

·e

(3.85)

Where
is the initial condition in the initial condition for the gate current.
Also, it follows that,
1

,

(3.86), (3.87)

is the gate voltage during the commutation period, which is
Voltage
approximately constant during the Miller plateau in clamped inductive switching.
Since upon fast switching the channel current may vary during hard-switching, an
average value may be approximated as follows,
·

2

(3.88)

In (3.88),
and
refer to the initial and final values of the channel current
within the linear interval of interest.
Figure 3.5.1 illustrates the model performance as CtrlFET driver. Regarding
hard-switching, an accurate representation of the transition through the
transconductance curve requires a fine piecewise discretization of the region
around VTH, as depicted in Figure 3.1.6. This in turn produces the largest number
of linear intervals within the hard-switching time interval.
The fast current commutation reduces the linear intervals to fractions of
nanoseconds, thus resulting in nonlinear transients that resemble the SPICE
simulations of model level 1. To assess this more rigorously, the following section
provides a performance comparison of the proposed PLA model and the SPICE
model level 0 from Chapter 2.
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Figure 3.5.1 Simulated CtrlFET turn-on and -off switching transients based on PLA models (a), (b),
(d), (f) and (g) from Table 3.1-I. Parameter values: LHB=1nH, RHB=0.25Ω, Vin=12V, VDRV(c)=6V,
RG(c)=0.5Ω, LG(c)=2nH, LS(c)=100pH.

3.6 Model validation
Switching waveforms of a complete steady state switching period are generated
by properly concatenating the piecewise linear intervals. Namely, initial values of
an interval correspond to the final values of its immediate preceding one. Figure
3.6.1 and Figure 3.6.2 show matching simulated LE and FE transitions of the
proposed model levels 0 and 1 in a variety of operating conditions, which include
fast switching transients with and without loss mechanisms such as avalanche
breakdown and reverse recovery. The good agreement between the two
approaches validates the simplifications and assumptions the PLA model is based
upon.
Figure 3.6.3 further shows that the loss predictions of the PLA model are
consistent in a widespread range of load currents with the measured and simulated
converter losses presented in Chapter 2, section 2.4.
One additional advantage of the PLA model is that computations based on this
approach implemented in engineering tools like Mathcad exhibit about one order
of magnitude shorter times than model level 0 in PSpice. This has been tested for a
large number of operating conditions and piecewise linear intervals.
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Figure 3.6.1 Simulated waveforms comparison between PLA model (solid lines) and model level 0
from Chapter 2 (dashed lines). Switched-node leading edge transition. (a) Moderate switching speed
(VDRV(c)=4.5V); (b) fast switching with avalanche breakdown (VDRV(c)=5V); (c) faster switching speed
(VDRV(c)=6V) with reduced dead time.
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Figure 3.6.2 Simulated waveforms comparison between PLA model (solid lines) and model level 0
from Chapter 2 (dashed lines). Switched-node falling edge transition. (a) Moderate switching speed
(RG(c)=2 Ω); (b) fast switching with avalanche breakdown (RG(c)=1Ω).
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Figure 3.6.3 Measured and simulated efficiency and power loss curves. Operating conditions
described in Chapter 2, section 2.4.
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To further illustrate the model capability to reproduce real behavior, the
integrated power module PIP212-12M from NXP Semiconductors is modeled
according to the conditions given in [271]. Power measurements are obtained from
an evaluation board of the IPM (see Appendix G, section G.3) and then
reproduced with the use of the PLA model. Figure 3.6.4 shows matching results
between experiments and simulations in a wide range of operating conditions,
including load current and switching frequency variations. The displayed
quantities refer to the overall losses of a single phase SRBC. Thus, the loss
contribution of the output inductor (i.e. a total of ~0.5W at Io=30A, Fs=1MHz) and
other filter components are taken into account.
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Figure 3.6.4 Measurements [271] and simulations (PLA model) comparison of integrated power
module PIP212-12M from NXP Semiconductors. (a) Efficiency curves at Fs=500kHz for various
output voltage levels. (b) Power loss at Vo=1.3V and various switching frequencies.
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Chapter 4

Model level 2:
Power loss model

The proposed PLA model of Chapter 2 aids the derivation of power loss
expressions that constitute model level 2 (see section 1.4). While some of these
equations have already been presented in the previous chapter, new ones will be
derived in this chapter by way of simplifying and combining several of the
analytical equations of the PLA model.
The aim of the new loss model is to compactly formulate fundamental circuit
parameter dependencies of the identified individual loss quantities. Although the
ensuing equations are less accurate than the numerical calculations of models 0
and 1, they provide a rationale for power losses, reveal trends towards efficient
operation, and facilitate the derivation of figure of merits and design guidelines.
As such, the proposed loss model underlies the converter design process,
including the optimization of a number of key circuit and device parameters that
will be addressed in Chapter 5.
Nonetheless, one must bear in mind that the simplifications adopted herein
restrict the applicability of the equations to particular operating conditions of
interest, which need to be clearly defined. Also, the determination of extreme
values (e.g. local minimum) in the optimization process may be subject to
verification and/or refinements by means of more accurate models due to higher
inaccuracies in the estimated quantities. Nonetheless, as it will be shown, the
proposed loss model offers acceptable first order approximations with drastically
reduced computation power as opposed to model level 0.
While the converter design is left as a dedicated topic for Chapter 5, the focus
of the present chapter is to deduce loss expressions that cover aspects of the
switched converter besides those referring exclusively to the semiconductor
switches. Namely, loss contributions from the power filter components, PCB
tracks and package resistance are taken into consideration as further limitations of
the conversion efficiency that may condition the circuit design, particularly at high
switching frequencies.
According to the FE simulations of Appendix E, Eddy currents appear to
largely dictate most of these additional loss contributions. This is observed in the
output inductor coil, PCB track sections and package leadframe of the
semiconductor devices. Consequently, Eddy current related losses will be
accounted for in the loss model by means of approximate semi-empirical
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equations, some of which retain relations to fundamental parameters such as the
skin depth.
This chapter dedicates four sections to introduce loss expressions for the power
MOSFETs, gate drive switches, filters and PCB. Whenever indicated, package
resistance may be individually addressed for each circuit element. The last section
evaluates the performance of the model by direct comparisons to model level 1.
Furthermore, an illustration is provided where the efficiency of an integrated
power module is predicted and analyzed.

4.1 Power MOSFET losses
Despite of the considerations on power losses in the passive elements of the
converter, power MOSFET losses continue to be the main focus of attention. This
section presents a set of equations that describe some of the MOSFET’s loss
mechanisms identified in Chapter 2. These are,
- Capacitive and inductive half-bridge charging
- Gate charging
- Load current hard-switching
- Load current ON conduction
The loss mechanisms of reverse recovery, gate bounce and avalanche
breakdown are assumed negligible. The conditions that allow for this will be
stated in Chapter 5, when establishing converter design guidelines.
4.1.1

Half-bridge charging loss

As identified thus far, there is a number of switching events producing
fundamental charging losses associated to the MOSFET’s output capacitances and
the half-bridge loop inductance. To quantify part of these loss mechanisms, it is
convenient to recall (3.36) regarding the capacitance charging loss and declare the
following related function,
,

(4.1)

Section 3.2.1 shows that a portion of the CtrlFET hard-switching turn-on loss is
direct consequence of Qoss(c). Regardless of the commutation speed, such
contribution can be quantified as,
,0

0

(4.2)

Expression (4.2) is consistent with the general form of (4.1) and thus it may
account for the nonlinearity of the MOSFET’s capacitances. The total energy loss,
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which mainly dissipates in the CtrlFET channel, equals the energy stored in Coss(c)
prior to the switching action.
Similarly, the LE charging loss of the SyncFET output capacitance after the
ringing vanishes is,
0,

(4.3)

Following the same procedure for the FE transient, one portion of the ringing
loss after CtrlFET turn-off may be expressed as,
,

(4.4)

is the voltage level at the end of the hard-switching interval.
Where
The second portion of the FE ringing loss is proportional to the half-bridge loop
inductance, that is,
1
2

(4.5)

Summing up (4.4) and (4.5) yields the overall ringing loss. According to the
study of section 3.4.1, this calculation is accurate as long as
0 at the time
the CtrlFET turns off.
In summary, the overall CtrlFET charging loss is hence,
(4.6)
The total SyncFET charging loss is simply,
(4.7)
Finally, summing up all contributions yields the total half-bridge charging
losses,
(4.8)
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Gate charging loss

Integral (4.1) is general and can be applied to calculate the gate charging loss of
each MOSFET. Nonetheless, a simpler expression can be deduced for the gate
losses even when considering nonlinear capacitances and hard-switching
operation. Considering at first the switching transition of a capacitor voltage from
to it follows, according to (4.1), that,
,
(4.9)

Switching back the capacitance voltage from
energy loss,

to

involves the following

,
(4.10)

Now, summing up the losses of both switching transients yields,
(4.11)
Lastly, from the fundamental theorem of calculus, one deduces that,
(4.12)
and
are the capacitance stored charges at voltages
Where
respectively. This means that,
1
2

1
2

and

,

(4.13)

The above conditions are satisfied for the case of the MOSFET’s output and
reverse transient capacitances. Note that the condition has been encountered in
section 3.3.1.
It is easy to show that for linear (and time invariant) capacitances it follows
that,
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1
2

(4.14)

It is now straightforward to formulate the total gate charging loss in the
SyncFET in one switching cycle as,
(4.15)
Expression (4.12) can be applied to the CtrlFET despite of hard-switching
as the total charge transfer per switching event,
operation. That is, by defining
the total gate charging loss in the CtrlFET in one switching cycle is,
(4.16)
accounts for the input capacitance charge from 0 to
as well
Charge
as the charge transfer to
during the Miller plateau.
Equation (4.16) implies equal losses in both turn-on and turn-off under the
assumption of symmetrical transients. In cases where such simplification is not
applicable (e.g. large output current ripple), each gate charging transient may be
individually represented by means of an equivalent nonlinear capacitance with a
∆ that tends to infinite as ∆ approaches
characteristic peak value at
for the LE and
zero. Defining such equivalent capacitance as
for the FE, the following expression for the total gate driving loss is
obtained,
0,

,0

(4.17)

Where now the loss contribution of every switching transient can be
independently calculated as,
,

(4.18)

,

(4.19)
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Note that
for symmetric LE and FE switching transients, in
which case (4.16) and (4.17) are equivalent. The value and shape of these
capacitances depend on the switching current and the length of the Miller plateau.
Both parameter dependencies can be estimated as described in the following
section.
4.1.3

Load current hard-switching

The equations of the PLA model describing hard-switching underlies the
switching loss model presented in the following.
As a consequence of the impact of the parasitic half-bridge elements, the
turn-on hard-switching transient differs from that of the turn-off. Thus, different
models are developed for describing the losses of each transient individually. As
such, the total load current hard-switching loss is defined as,
_

_

(4.20)

and
are the loss contributions in the LE and FE
Where
_
_
transients, respectively. These are described in detail in the following subsections.
4.1.3.2

LE transition

The linear approximation of section 3.2.1 is used here to express the drain
current switching waveform as,

2

(4.21)

(see (3.4)) is much smaller
Assuming that the exponential time constant
than the switching time, expression (3.2) for the drain-source voltage might be
approximated as,
1

(4.22)

is the averaged gate current during the hard-switching time, which
Current
defines the time required to bring the drain-source voltage from
down to zero.
This time, according to Figure 3.2.1(a) is, approximately,
(4.23)
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In order to minimize the load current hard-switching loss, it is desirable to
during
. This implies to fulfill,
reduce the built-up current in
2

(4.24)

Rearranging, one finds an expression for the gate current,
(4.25)

2

1. Integrating the product of (4.21) and (4.22) and replacing
Where
by (4.25) yields the equation for the switching loss contribution of the load
current,

_

1
3

(4.26)

The above expression disregards the contribution of the capacitive current into
the CtrlFET channel, which is accounted for as the capacitive charging loss
contribution of section 4.1.1. It is important to note from (4.25) and (4.26) that the
yields a reduction of
as long as the gate current is kept
increase of
_
constant. The proposed model ignores the effect of the MOSFET
transconductance on the switching transition. This is a good approximation as long
(see (3.4)) is much smaller than the switching time. This also holds for the
as
FE transition, which is described in the following section.
4.1.3.3

FE transition

As in the LE transition, the linearization of the hard-switching interval involves
neglecting time constant (3.4). As seen in section 3.2.2, this yields the following
simplified expression for the CtrlFET drain-source voltage,
·

(4.27)

Also, assuming that the drain current changes at a rate given by (3.7), the
expression for the channel current may reduce to,

2

·

(4.28)
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Expression (4.28) suggests that the hard-switching interval vanishes for
. Thus, in order to limit the maximum gate current
amplitude, the following condition for the gate current may be satisfied at turn-off,
·

(4.29)

The load current hard-switching loss is defined as the channel loss during the
device commutation, that is,
(4.30)

_

, switching time
For very low
letting (4.28) equal zero, which yields,

(see Figure 3.2.1(b)) results from

2

(4.31)

Solving (4.30) leads to the following analytical loss expression for the turn-off
load current hard-switching,
·

_

·…
(4.32)

6
1
2
Using (4.31) into (4.27) allows determining

as,

1
2
1
2

(4.33)
8

The current drawn from the SyncFET during the current commutation produces
. Voltage
at the end of the hard-switching interval can
a discharge of
be determined from,
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1

(4.34)

Solving the above integral yields,
2

·…
(4.35)
8

Since
appears in both sides of the equal sign, expression (4.35) may
.
be solved by numerical methods considering that 0
Section 3.2.2 shows the existence of an optimum gate current that minimizes
turn-off losses provided that avalanche breakdown is avoided. For the latter
condition to be fulfilled, one must estimate the maximum peak voltage across the
to
CtrlFET. The following approximation establishes the energy transfer from
after the hard-switching interval assuming
0, zero damping factor
6. This yields a worst-case expression for the maximum voltage
and linear
stress, which is always higher or equal than
. That is,
5F

(4.36)

Where
is the CtrlFET drain current at the end of the hard-switching
interval, which corresponds to the output capacitive current,
(4.37)
Clearly, the increase of the gate current yields a higher voltage stress, which
may represent a limit to the maximum switching speed of the device.

6

This linear approximation is frequently valid as long as the drain-source voltage remains well

above 0V since in the high voltage range the output capacitance becames fairly voltage independent.
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Load current ON conduction

ON conduction loss involves heat dissipation in the ON resistance of the
conducting device as a consequence of the output inductor current. Therefore, this
loss contribution only accounts for the ON conduction times in the ohmic region
of operation.
For the case of the CtrlFET, the ON conduction time extends between the end
of the turn-on Miller plateau and the beginning of the turn-off one (see interval
from Figure 2.5.2 and Figure 2.5.3). Thus, two portions of the ON
and
conduction losses may be distinguished, one corresponding to the ON resistance at
full gate voltage, and the other to the remaining switching times between the
Miller voltage and VDRV in both LE and FE transients. Accordingly, the following
expression is defined for the CtrlFET ON conduction loss,
(4.38)
The first summand in (4.38) accounts for the ON conduction loss during the
period of full gate drive voltage. It can be readily expressed as,
·

·

(4.39)

is the corresponding portion of the RMS drain current flow
Where
through the CtrlFET,
·

1

·

(4.40)
·

·

is the total drain-source resistance of the CtrlFET,
The term
including the package contribution as illustrated in Figure 2.1.4. Due to Eddy
currents, the package resistance (leadframe, bond wires, …) depends on the
switching dynamics. Although its contribution relative to the semiconductor
resistance may be significant already in DC operation, in the MHz range the
package resistance may become a major limitation. This can be deduced from the
FE simulations of Appendix E.
The dynamic ON resistance may be obtained both experimentally or by
harmonic calculations (see, for instance, Figure 2.1.7). However, since the current
flow differs in practice from a sinusoidal waveform, a Fourier expansion of the
original periodic signal shall be deduced so as to estimate the total ON conduction
loss. Thus, (4.39) represents an alternative approximation where only a single
harmonic component is used, that is,
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1

(4.41)

2

corresponds to the ON conduction time of the CtrlFET.
Where
According to the results of Appendix E, (4.39)-(4.41) are valid approximations for
). Therefore, (4.39)rather short conduction times relative to , i.e. (
(4.41) are not applied to the SyncFET.
The second term in (4.38) refers to the ON conduction loss of the switching
times, which are proportional to the time constant given by the input capacitance
is defined as,
and the total gate resistance. Hence,
2·

·

1

·
1

·…
·

·

·
·

(4.42)
·

Resistances
and
are the total gate resistance of the turn-on and
turn-off transients, respectively. Parameters
and
are correction
coefficients representing the effective ON resistance increase with respect to the
at full gate voltage. The values of these parameters are empirically
determined and may vary between 1 and 4 depending on the MOSFET technology
and driving voltage.
The ON conduction loss expression for the SyncFET is analogous to (4.38),
i.e.,
(4.43)
Nonetheless, due to the long duration of the SyncFET ON time relative to ,
the Eddy current effects are mainly attributed to the output ripple current
(Appendix E). Thus, the first term in (4.43) is,
0 ·
·

·

(4.44)

0 is the DC ON resistance, i.e.
0
. The second summand accounts for the dynamic resistance,
which approaches zero as the output ripple current vanishes, i.e.
. Thus, according to Figure 2.5.2 and Figure 2.5.3,
Where
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1

(4.45)
is,

Likewise, the average term
1

to

(4.46)

This first harmonic approximation is only valid for ON conduction times close
and has been tested up to a maximum frequency of 5MHz (see Appendix E).
Similarly to (4.42), the second term from (4.43) can be expressed as,
2·
1
1

0 ·

·…

·

·
·

·
·

(4.47)
·

Where only the DC resistance is accounted for. The model further assumes
ideal dead time operation so that body diode conduction can be neglected.

4.2 Losses of gate drive switches
The gate drivers usually comprise small MOSFET switches that commute the
driver voltage between the turn-on and turn-off levels (see Figure 1.2.8). The total
gate path resistance is partly determined by the ON resistance of these switches.
Minimizing it implies an increase of the driver losses due to an increase of their
intrinsic parasitic charge.
The typical ON resistance of the gate switches may be ~0.5Ω, although in some
cases it may even be lower as the switching frequency increases so as to minimize
the commutation times. An optimum size of the gate drive switches needs to be
determined with the use of an estimate of their related losses. For the case of the
CtrlFET, the following expression may be used,
(4.48)
and
correspond to the output capacitances
Parasitic charges
of the high and low side gate switches, respectively. Likewise,
and
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refer to the input capacitances of the corresponding devices. Parameter
is the gate voltage of both gate switches.
The expression for the SyncFET loss contribution, i.e.
, is analogous to
(4.48).

4.3 Filter loss
The loss contributions of both input and output filter elements are essentially
attributed to their intrinsic parasitic ESR, which, as already stated, is frequency
dependent. In the case of the magnetic devices, core losses may additionally be
accounted for, particularly at high switching frequency, extreme duty cycle and
high current ripple operation. Thus, while the core losses of the input choke may
be minor due to the low amplitude of the AC current, dynamic losses in the
magnetic material of the output inductor may be significant and hence must be
quantified and added to the portion of the copper (winding) loss.
Dedicated ferrite materials tailored for high flux, high frequency operation
feature reduced hysteresis curves and low electrical conductivities to mitigate
hysteretic B-H loop areas and Eddy current losses, respectively. Thus, excess loss
becomes, in most cases, the dominant loss contribution in such magnetic core
materials.
Quantifying core losses may involve the use of parameters provided by the
manufacturer in combination with Steinmetz’s equation or other simplified loss
expressions [275]. Additionally, VR coil manufacturers may provide empirical
loss models of both core and copper loss, which offer a first order approximation
of the overall inductor performance.
Accordingly, the loss analysis presented in this work employs manufacturer
data to estimate inductor losses. In one particular case of interest, a detail loss
analysis of a reference commercial power coil inductor is provided in the
Appendix E as an illustration. Such analysis is based on FE calculations of the coil
structure. The results show that a great deal of the generated losses under stringent
operating conditions (5MHz, 50A load current) are associated to the conductor.
The loss mechanisms of hysteresis and induced Eddy currents in the magnetic
material are minor contributions compared to the skin effects produced in the
copper windings and the excess loss associated to the magnetic domains and
domain walls.
Regarding filter capacitors, associated losses are AC related as the average DC
of interleaving phases
current vanishes in steady-state. Assuming a number
and a total of
input capacitors of the same type, the following expression is
applied to estimate the input capacitor losses,
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·

·

(4.49)

is the ESR of a single capacitor, which can be derived from
Where
manufacturer data, whereas
is the total AC RMS input current.
Analogously for the output capacitance,
·

·

(4.50)

It is common to build the output filter by means of multiple capacitor
technologies. However, it is assumed that only one capacitor type is employed to
is the total number of capacitors
reduce steady-state ripple. Thus, Parameter
employed to mitigate steady-state ripple. These capacitors are assumed to be
identical. All other possible capacitor types of the output filter are ignored.
is the associated ESR resistance, whereas
Furthermore, resistance
is the current ripple.

4.4 PCB loss
Multilayer PCBs are frequently employed to minimize the parasitic half-bridge
loop inductance by means of a ground inner layer situated at a short distance from
the top layer, where the MOSFETs are physically located. Simplified FE
simulations of such configuration are provided in Appendix E. The results clearly
provide guidelines as to how wide and short the PCB tracks must be designed for
to avoid excessive ESR. The track thickness becomes irrelevant at frequencies
above cut-off, where the skin effect becomes dominant.
The PCB resistance adds up to the ESR of the different elements of the
switched converter. The contributions of the various PCB sections are estimated in
Appendix E. According to the simulation results, one resistive PCB section may
potentially correspond to that of the CtrlFET path, since the associated AC ESR is
inversely proportional to the short ON conduction time of the upper power switch
(see section 4.1.4). This yields stronger skin effects than in other PCB sections
where the inverse proportionality may be with respect to .
In some simplified geometrical cases, the frequency dependent PCB resistance
can be analytically formulated as a function of the skin depth. Combined with the
empirical equations described in sections 4.1.4 and 4.3, the PCB loss contribution
may then be expressed in closed-form. Further details of such procedure are
provided in Appendix E.
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4.5 Model validation
This section provides a validation of the loss model for the power MOSFETs
(i.e. equations of section 4.1). The derivation of the filter and PCB loss equations
is given in Appendix E. Further studies on the loss model from the gate drive
switches are provided in [273]-[274].
According to the loss expressions from section 4.1, the gate driver and
MOSFET losses of the SRBC can be calculated as,
&

(4.51)

The above equation applies for fast switching operation provided that gate
bounce, avalanche breakdown, body diode conduction and reverse recovery are
negligible.
In order to assess the performance of the resulting loss model, expression
(4.51) is used to estimate the power losses of the IPM from the illustration of
section 3.6. Given the satisfactory level of accuracy achieved with the PLA model,
the quantities from (4.51) and expressions of each individual loss contribution are
contrasted with the results of model level 1. Such comparison is carried out for a
number of parameter sweep variations so as to cover a wide range of operating
conditions. This is shown in the plots of Figure 4.5.1. The loss curves related to
charging losses, i.e. plots (a), (c) and (f) show good matching correlations between
the two models, although the PLA model generally predicts slightly higher
quantities. This is attributed to secondary effects such as capacitive and inductive
gate bounce (case of plot (a)) and inaccurate initial charge conditions (case of plot
(c) and (f)) that are not accounted for by the model level 2.
According to Figure 4.5.1(d), equations (4.38)-(4.42) also prove to be effective
to estimate ON conduction losses, including those during the switching time
intervals 7.
Hard-switching losses of typical fast switching transients from IPM solutions
can be predicted by model level 2 as shown in Figure 4.5.1(b) and (e).
Nonetheless, the good matching of the LE transient loss contrasts with that of the
FE transient loss. The discrepancies are partly due the linearization of the
MOSFET capacitance in the loss model, which is based on the following
expression,

7

Other second order effects such as skin or proximity effects leading to an increase of the
total MOSFET’s ON resistance are not taken into account in neither of the two models in this
particular case.
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1

(4.52)

Another sensitive simplification that makes the loss model differ from the
estimations of the PLA model is the averaging of the gate current during the hardswitching times, since the loss model assumes a constant gate current to determine
the switching times and other relevant quantities according to the derived
expressions.
Nonetheless, the performance of model level 2 seems to be acceptable for first
order design optimization and roadmap studies, as it shall be addressed in the next
chapter.
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Figure 4.5.1 Loss prediction comparison between models level 1 and 2 of various loss mechanisms.
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Figure 4.5.2 further shows the loss breakdown of the PIP212-12M operating at
1MHz switching frequency and 30A load current as described in section 3.6. Once
again, the predictions from model levels 1 and 2 consistently compare for each
individual loss quantity.

Power loss (W)
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3
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LE

ON time
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FE
Loss
model
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wioON(c)

wioHS(c) wcHBC(c) wDRV(c)
+wiHBC

wioON(s) wcHBC(s) wDRV(s)

Figure 4.5.2 Loss breakdown comparison of PLA model level 1 and loss model level 2
corresponding to powertrain module PIP212-12M from NXP Semiconductors [272]. Total estimated
converter losses are ~7.8W (~7.3W from IPM).
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Chapter 5

Model level 3: Optimization

This chapter presents a systematic approach for the design of main components
of the VR, namely the input/output filters, gate drivers and power switches.
Regarding control schemes, the nonlinear hysteretic control approach is selected
to fulfill the high bandwidth requirements imposed by the load transients. This
selection will strongly condition the dynamic operation of the converter as well as
the size of the output filter, both aspects of which will be addressed in the
following sections.
In the design process, special emphasis is given to the selection of the
switching frequency and number of phases based on two correlated criteria:
Converter size (i.e. power density and footprint) and efficiency. Other related
aspects such as component count and maximum temperature operation shall be
addressed along with the discussions to justify the suggested parameter settings of
the converter.
The loss model presented in Chapter 4 underlies the derivation of various FoM
for the optimization of the semiconductor devices. This is combined with loss
estimations of other VR elements (such as the output coil) to set out a series of VR
design guidelines that will allow later, in Chapter 6, an exploration of performance
limitations of existing and forecasted technologies. Although the proposed design
procedure may be generalized to a number of VR solutions, the main focus is put
on IPM for their superior performance with respect to discrete alternatives.
The last section of the chapter investigates VR solutions for two different state
of the art computer systems: A desktop and a mobile laptop computer.

5.1 Output filter
Of critical importance for the size as well as the transient and steady-state
operation of the VR is the design of the output low-pass filter. Chapter 1
introduced the basic characteristics of such filter, which typically comprises a
bank of decoupling capacitors in parallel to the load and as many inductors as
interleaved phases. The implications of the number of phases and associated
control algorithm on the output ripple current and dynamic transient behavior are
crucial to dimension the filter components, which need to feature small volume
and footprint so as to maximize the power density. A proper design procedure
must therefore be deduced that compromises between the different filter demands.
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This section proposes a simple model to study both the dynamic and steadystate output voltage as function of the output filter elements. Considering
hysteretic control as the referent regulation technique for high switching
frequency, a design procedure is presented by which suitable filter component
technologies can be identified. Analysis of worst-case scenarios further results in
optimizations on component count and volume size. Minimizing them while
ensuring compliance with load voltage tolerance specifications is one major goal
of the filter design.
Figure 5.1.1 depicts the general form of the filter model, which includes the
inductors of n interleaved phases, number i of capacitor types, and the parasitic
elements interconnecting the VR with the load. The behavior of such load is
represented with current source io.
Each individual capacitor model comprises an ideal capacitance in series to an
ESR and an ESL. These elements together represent the equivalent circuit of a
number Ncx of parallel capacitors with identical characteristics. Therefore, the
filter capacitance increases in direct proportion to Ncx, whereas both ESR and ESL
decrease with Ncx.
The proposed filter model, though being simple, intrinsically represents all
fundamental effects of interest to a sufficient degree of accuracy and thus can be
exploited for filter dimensioning. Such statement is based on results from
[276]-[279]. When further accuracy is demanded to consider second order effects,
more complex lumped structure models such as those from [280]-[282] may be
alternatively used.
Lo1
vx1
Lo2
vx2

iLo
Nc1-1·ESLo1

Nc2-1·ESLo2

Nci-1·ESLoi

Nc1-1·ESRo1

Nc2-1·ESRo2

Nci-1·ESRoi

Nc1 ·Co1

Nc2 ·Co2

Rpcb1

Lpcb1

vo

Lo3
vx3

Nci·Coi

io

Lon
vxn
Figure 5.1.1 Output filter model for steady-state and transient analysis.

Both steady-state and transient analysis of the proposed filter model are
provided in the following subsections.
5.1.1

Steady-state output ripple

The steady-state output voltage may be expressed as function of the output
filter impedance and the harmonic composition of current
by means of Fourier
expansions. Because of the interleaving phase shift operation, it is convenient to
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previously determine the shape of current
from an equivalent one-phase
converter operating at Fs’=NpFs, d’=Npd, Vin’=Vin/Np, and a single equivalent
…
. This
output inductor Lo’=Lo/Np. It is assumed that
equivalent circuit is valid as long as CtrlFET ON conduction overlapping is
avoided between the different phases (thus limiting the maximum Np).
Accordingly, the PWM signal at the switched-node voltage from the equivalent
circuit may be expressed as,
2
·
· ·
2 · ·

·

·

·

·

·…

·

·

(5.1)
·

Now, given that the output voltage ‘seen’ by the output inductors is virtually
from Figure 5.1.1 can be approximated as,
constant, current
2
· ·

·

·

2 ·

2 ·
·

·

·
·

·

·

·

·…

·

1
2

(5.2)

Where
is the number of phases and the duty cycle. The later is output
current dependent according to a certain load line given by the following average
output voltage equation,
·

(5.3)

,
and
are the load line resistance, average load current,
Parameters
and output voltage at
0, respectively.
with the total output capacitors’
The product of the AC components from
impedance gives the expression for the output ripple voltage. Adding to it the
average output voltage yields,

2
· ·
2 ·

2 ·
·

2 ·
·

·

·
·

·
·

·

·

·
1
2

·

·
2 ·

·…
·

(5.4)
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is expressed as,
1

(5.5)

equals i in Figure 5.1.1 and thus represents the number of different
Where
capacitor types used. The associated impedance phase is,
(5.6)
Figure 5.1.2 illustrates steady-state switching waveforms corresponding to
current
and voltage . The case example considers four interleaved phases
operating at 1MHz, which down-convert 12V to less than 1V while driving a load
current of 200A. The output ripple voltage is maintained within a maximum
, of 8mV with the use of 40nH coil
voltage window, defined herein as ∆
inductors, 12x390μF electrolytic capacitors and 55x4.7μF ceramic capacitors.
Both capacitance technologies are low ESR, SMD technology. Note that,
according to the manufacturer, such ESR is frequency dependent, the magnitude
of which may approximately correspond to that of frequency Np·Fs.
In steady-state, the ripple voltage developed at the output capacitors is the sum
.
of three voltage contributions produced by the AC components of current
These are: The voltage drop across the ESR, the stored charge fluctuations in the
capacitance, and the induced voltage across the ESL. While the first two are
proportional to the amplitude of the ripple current, the ESL voltage only depends
, which happens to be independent on the switching
on the rate of change of
frequency. Thus, as the switching frequency increases and the ripple current
diminishes, the remaining voltage ripple contribution is that of the ESL.
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(b) Output voltage vo
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Figure 5.1.2 Simulated steady-state output current iLo and voltage vo. Parameter values: Np=4,

Fs=1MHz, Vin=12V, Lo=40nH, Ntyp=2, Co1=390μF, ESLo1=2nH, ESRo1=8mΩ, Nc1=12, Co2=4.7μF,
ESLo2=600pH, ESRo2=15mΩ, Nc2=55, Rpcb1=0Ω.

The close relation existing between the output inductor size and the required
number of capacitors is illustrated in Figure 5.1.3(a) for the cases of Nc1=0 and
Nc1=25. The relatively small deviation observed between the two curves supports
the aforementioned arguments that, at high switching frequency and reduced
current ripple, the capacitor types featuring the lowest ESL are the most effective
despite of their relative low capacitance and high ESR.
Consequently, when the voltage across the ESL becomes the major ripple
contribution, the minimum required output inductance Lo weakly depends on the
switching frequency. This is shown in Figure 5.1.3(b) for various Nc2 and Nc1=10,
where the curves tend to quickly flatten out as the switching frequency enters into
the multi-MHz range. At low Fs, the output inductance Lo, and hence the current
ripple, become critical because the ripple output voltage is dominated by charge
storage fluctuations, as illustrated in Figure 5.1.4(a). The predominant effect of the
ESL at high Fs is exemplified in Figure 5.1.4(b). The sharp voltage edges at the
switching instants are consequence of the induced voltage across the ESL, which
dominates the ripple voltage of the waveform at 8MHz.
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(a) Number Nc2 of ceramic capacitors (4.7μF)

(b) Minimum output inductor size (Nc1 =10)
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Figure 5.1.3 Simulation results of (a), minimum number of 4.7μF capacitors as function of output
inductor Lo, and (b), minimum required output inductor as function of the switching frequency. Target
output voltage tolerance, ∆
=10mV. See legend of Figure 5.1.2 for further parameter values.

(a) Output voltage vo at F s=350kHz

(b) Output voltage vo at Fs =8MHz
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Figure 5.1.4 Simulated output ripple voltage at opposite extreme switching frequencies. (a) Low Fs,
where the output ripple becomes strongly dependent on capacitive AC charging voltage. (b) high Fs,
where the output voltage ripple is dominated by the ESL contribution. See legend of Figure 5.1.2 for
further parameter values.

5.1.2

Load line transient

The load line transient response strongly depends on the adopted control
scheme. When considering however an ideal non-linear hysteretic control, loop
delays may be neglected, and so the load line dynamics becomes mostly
determined by the size of the output filter inductors, the load current magnitude,
the output voltage and the number of phases.
From the two possible load steps, the current step-down response is considered
as worst-case scenario [276]. The stored energy of the output inductors has to be
delivered to the output capacitors with the risk of producing an undue overvoltage.
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To mitigate this, a fast transient response may be achieved by deactivating the
CtrlFET of all phases simultaneously at the moment of the load change 8 [285].
Therefore, the inductors discharge at a maximum rate of voNp/Lo. Accordingly, the
reduction of vo, Np or the increase of Lo will slow down the transition time.
The worst-case overshoot scenario is found at the end of the CtrlFET
conduction phase (i.e. a maximum in iLo) when the load switches from heavy to
light load at a maximum slew-rate [276].
Figure 5.1.5 shows simulated load transient waveforms of a VR with hysteretic
control and active droop compensation. From the output voltage waveform it can
be seen that the benefit of the load line implementation lies on the reduction of the
voltage difference between the maximum overshoot level and the target output
voltage after the load transition. Ideally, a load transient without overshoot occurs
when the active voltage positioning precisely cancels out the voltage swing across
the output capacitance (e.g. Δv2=0 in Figure 5.1.5(b)).
(a) Output current iLo transient step

(b) Output voltage vo transient step
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Figure 5.1.5 Simulated example of a load current transient step. Parameter values: -10A/ns load
current slew rate, Vin=12V, vo=Voi=0.8V for io=0A, RLL=0.8mΩ (load line), Rpcb1=0.3mΩ, Lpcb1=20pH,
steady state tolerance band ∆
=10mV, 40nH equivalent output inductor and 40x100μF output
capacitors with ESR=2mΩ and ESL=1nH per part.

Generally, two different kinds of voltage overshoots can be distinguished. In
Figure 5.1.5(b), these are identified as Δv1 and Δv2. The first sharp spike has a
parasitic inductive nature and hence depends on the load current slew-rate (SR).
On the other hand, voltage overshoot Δv2 develops at a much slower pace during
the discharge of the output inductors. That is, the output voltage rises as the

8

Further deactivating the SyncFET switches (and hence the synchronous rectification
functionality) during the load transient may notably enhance the transient response considering
that the body diode reverse voltage can be even higher than the output voltage.
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magnetic energy is transferred to the output capacitors, which is the only
impedance path available for the inductance current at zero load.
In order to effectively reduce these voltage overshoots by capacitive
decoupling, at least two different capacitor types may be employed. On the one
hand, ceramic SMD capacitors of limited capacitance are typically connected in
close proximity to the load. The reason for this is that these capacitors feature
small footprints and low ESL, which effectively allows restraining Δv1. On the
other hand, dealing with Δv2 implies the use of high capacitive types so as to
mitigate the voltage swing during the charge transfer. Since ESL is not as critical
in this case, bulkier capacitor types than the ceramic ones are usually employed,
such as electrolytic capacitors, by which much higher capacitance per unit volume
can be achieved in detriment of ESL.
=2,
In view of these filtering demands, the following discussion assumes
where Nc1 will always refer to the required number of bulk capacitors dealing with
Δv2, whereas Nc2 will denote the number of ceramic capacitors for high frequency
signal decoupling (i.e. Δv1 and steady-state output voltage ripple).
5.1.2.1

Output current slew rate

Whenever the load current changes, induced voltages develop across the ESL
of both capacitances and PCB that produce transient deviations in the output
voltage (see ∆ from Figure 5.1.5(b)). The maximum voltage swing must not
. Considering the inductive
exceed a specified level, defined herein as ∆
effects of two different capacitor types and PCB, the model of Figure 5.1.1 can be
used to estimate the required number of ceramic capacitors. That is, provided that
and
from the bulk capacitors are given, the following equation can be
derived,
∆

·
·

·

·…
(5.7)

The denominator of the first term accounts for the maximum induced voltage
due to the effects of the load line and
across , which differs from ∆
PCB parasitic elements. It is relevant noticing the significance of the di/dt from
(first term within the absolute sign) relative to the load current slew-rate (SR). This
on the capacitor
is illustrated in Figure 5.1.6, where the impact of the slopes of
count becomes significant as Lo lowers below 100nH. The effect, as such, is
independent on the switching frequency, and hence, on the ripple amplitude. The
curves flatten out for values above 100nH, where the SR portion dominates over
. The trends further indicate a dramatic increase on capacitor
the slew-rate of
count with SR.
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Note that (5.7) may become negative. If this occurs because of a large
, it
suggests that the adopted solution cannot fulfill the target requirements since the
voltage overshoot contribution of the layout inductance alone is high enough to
break the allowed limit.
in
This PCB inductance problem, combined with the proportionality of
(5.7) and the demands of steady-state operation, provides grounds to justify ESL
free on-chip filter capacitance integration as one potential solution for present and
future VR solutions.
In any case, and regardless of the switching frequency, a minimum Lo in
.
combination with a maximum | | must be defined to limit

Minimum number of Nc2
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Output inductor Lo (nH)
Figure 5.1.6 Minimum number Nc2 of ceramic capacitors as function of Lo and various slew-rates.
Parameter values: ESLo1=2.5nH, ESLo2=0.6nH, Nc1=15, Np=4, ∆
=40mV, Vin=12V, io(max)=200A,

vo=Voi=0.8V for io=0A, RLL=0.8mΩ (load line), Rpcb1=0.3mΩ, Lpcb1=20pH.

5.1.2.2

Output inductors’ discharge

Voltage overshoot Δv2 (see Figure 5.1.5) is assumed to be largely dependent on
the bulk capacitors, and as such, the effect of the ceramic capacitors can be
negligible. Thus, the following relation can be readily established from the model
=1,
…
0, and
of Figure 5.1.1 assuming that io=0,
with initial conditions in the inductors being

∆

,
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1

·…

·

∆
∆
2

·

·

2

·

(5.8)

·
2

is the required number of bulk capacitors to keep ∆
In (5.8),
, ∆
being the maximum allowed transient voltage overshoot.
∆
Current
is the maximum load current and ∆ the
ripple current, which
is expressed as as,
∆

·

1

·
1

Furthermore, average voltage

(5.9)

is defined as,
·

∆
2

(5.10)

Equation (5.8) considers the worst-case scenario, namely when
is maximum
and the microprocessor goes from full to light load in no time. The inductors’
discharge period starts right after the load current has dropped to zero, that is,
when the load’s di/dt=0. Thus, current iLo is assumed to flow entirely through the
output capacitances.
During the output voltage transient, the control system turns off all CtrlFET
switches simultaneously and so the equivalent output inductance effectively
. This minimizes the energy transfer time, thereby improving the
reduces to
transient dynamic response.
Equation (5.8) is only valid as long as the following condition is met,
∆

2

·

·

(5.11)

Not satisfying (5.11) indicates that the output voltage maximum Δv2 occurs at
t=0 (i.e. at the time the load current reaches zero). In such case, the expression for
the number of capacitors becomes,

Chapter 5. Model level 3: Optimization

279

∆
1
∆

(5.12)

2
·

·

·

Finally, combining expressions, the number of bulk capacitors
defined as,
∆

2

·

·

can be

(5.13)

on . For large , condition
Figure 5.1.7 illustrates the dependence of
(5.11) is satisfied and the first summand of (5.8) dominates. It can then be clearly
identified that the position of the slope to the right of the plateau can be defined by
. Particularly, the plateau may be extended for larger
as capacitance
such that the
increases. It is therefore convenient to select a sufficiently large
falls in the plateau region, with a consequent minimization in
.
selected
must increase in proportion with the demanded .
This then implies that
When operating in the plateau, the value increase of the first summand from (5.8)
cancels out with that of the second. The established level becomes then largely
. Note that, as it will be shown later, such plateau may vanish
dependent on
.
with a sufficiently low
is
For low , condition (5.11) may no longer be fulfilled, in which case
can theoretically approach zero as the
governed by (5.12). In this regime,
compensates the induced voltage of
. The
voltage drop across
. Note,
location of this minimum on the curve can be adjusted with
however, that small tolerances causing a shift to the right of the minimum can lead
. Thus, operating in this regime appears to be reliably
to a rapid increase of
unsuitable.
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Figure 5.1.7 Minimum number Nc1 of bulk capacitors as function of output coil inductor Lo.

Figure 5.1.8 shows an example of Nc1 as function of Lo for different
commercial capacitor types. All examined parts are polymer electrolytic
capacitors [282] except for the 100μF ones, which correspond to the X5R ceramic
technology.
As it can be seen, in the range 10nH-60nH, the least number of capacitors
=40mV is obtained with the 390μF capacitors. Though
required for ∆
featuring lower ESR, the ceramic capacitors are less adequate due to an
insufficient capacitance, that is, no presence of the plateau. The 560μF capacitors
feature the highest capacitance and thus become the best choice at high Lo. The
relatively high ESR of the 330μF ones makes them unsuitable for this particular
case.
This comparison suggests that, as Lo shrinks, the ESR becomes a key parameter
together with the capacitance value. Furthermore, a proper increase of ESL can
help minimize No1, yet slight variations due to tolerances can lead to a rapid
increase of No1 when operating around the minimum. For large Lo the relevance of
ESR fades and the capacitor featuring the largest capacity per unit volume
becomes the most suitable.
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Minimum number of Nc1
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Figure 5.1.8 Required number Nc1 of bulk capacitors (high capacitive type) as function of the
output inductor. Parameter values: Vin=12V, vo=Voi=0.8V for io=0A, RLL=0.5mΩ (load line),
Rpcb1=0.3mΩ, ∆
=40mV, Lo=40nH, Np=4,
=210A, Fs=1MHz.

5.1.3

Component selection procedure

In the discussions thus far the estimation of the output filter size have been
studied individually for a number of particular cases involving either steady-state
or transient behavior. This section considers these cases altogether to minimize the
output filter size while ensuring compliance with the load requirements under all
operating conditions.
For that purpose, it is convenient at this point to define the following variables:
Nc1(d), Nc2(ss) and Nc2(sr). Variable Nc1(d) defines the required number of bulk
capacitors to avoid undue voltage overshoots during the output inductance
discharge transient, which is given by (5.13). On the other hand, Nc2(ss) is the
number of ceramic capacitors required for proper steady-state operation (see
Figure 5.1.3(a)). Regarding load current slew-rate, a different number of required
ceramic capacitors may be derived from (5.7), which will be assigned to variable
Nc2(sr). Therefore, the final number of bulk (Nc1) and ceramic (Nc2) capacitors for
all the operating conditions considered can be expressed as,
(5.14)
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,

(5.15)

It becomes clear from (5.14) that the absolute number of bulk capacitors is
uniquely defined by (5.13).
per phase
Having fixed the type and number of bulk capacitors, a maximum
, that is,
can be expressed as function of
(5.16)
per phase can be determined once all output
Similarly, a minimum
capacitors have been defined, i.e.,
,

(5.17)

Maximum output inductor Lo (nH)

Expressions (5.16) and (5.17) are the actual inverse functions of (5.14) and
(5.15), respectively, and can be readily resolved by numerical methods.
relaxes with
Based on (5.16), Figure 5.1.9 illustrates how the upper limit of
and number of interleaved phases Np. It is important to further
the increase of
is virtually independent on Fs as long as ∆
is much lower
notice that
than
, as it can be readily deduce from (5.8) and (5.12).
100
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Figure 5.1.9 Maximum required Lo as function of number Nc1 of bulk capacitors and for various Np.
Parameter values: Vin=12V, vo=Voi=0.8V for io=0A, RLL=0.5mΩ (load line), Rpcb1=0.3mΩ,
∆
=40mV,
=200A, Fs=1MHz, Co1=390μF, ESLo1=2nH, ESRo1=4mΩ (see [282] for
details on this capacitor’s technology).
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The lower boundary of
is shown in the example of Figure 5.1.10 as a
function of Nc1 and Nc2. The two cases compared highlight the benefits of phase
interleaving to reduce the output filter size. For the eight phase VR case-example
(Figure 5.1.10(a)), the output filter can be implemented with 8x390μF SMD
electrolytic capacitors, 50x4.7μF ceramic SMD capacitors and 8x48nH output
coils.
Number of bulk capacitors Nc1

Number of bulk capacitors Nc1
35nH

35nH

Number of ceramic capacitors Nc2

Number of ceramic capacitors Nc2
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26nH

18nH

20nH

(a) Minimum required Lo for Np =8
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Figure 5.1.10 Minimum required Lo as function of Nc1 and Nc2 for: (a) Four phases VR, (b) 2 phases

VR. Parameter values: Vin=12V, vo=Voi=0.8V at io=0A, RLL=0.5mΩ (load line), Rpcb1=0.3mΩ,
Lpcb1=20pH, ∆
=40mV, ∆
=5mV, SR=-2.5A/ns,
=200A, Fs=1MHz, Co1=390μF,

ESLo1=2nH, ESRo1=8mΩ (max.), Co2=4.7μF, ESLo2=0.6nH, ESRo2=15mΩ. Note that the white areas are
regions of operation not compliant with the given specifications.

On the contrary, a higher number of bulk capacitors is demanded in the two
phase design, where one possible solution involves 15x390μF SMD electrolytic
capacitors, 55x4.7μF ceramic SMD capacitors and 2x29nH output coils.
(i.e.
), the design
Among the possible values of
target from a volume size viewpoint may generally be
=
. One may
notice however that enabling the use of extremely low
(just a few tenths of
nanohenries) may strongly depend on power losses due to either high ripple
current or high switching frequency, or both. Thus, an evaluation of the converter
efficiency needs to be carried out once the filter elements have been selected. This
procedure, which will be addressed in section 5.4, will enable to systematically
determine the optimum number of phases, the switching frequency and,
ultimately, the filter components.
The following guidelines offer a selection of the output filter elements provided
that a number of circuit parameters are adopted by initial estimation. Note that
worst-case scenarios given by component tolerances, lifetime degradation, control
delays and safety margins are not rigorously taken into account. Therefore, the
resulting values may be correspondingly corrected so as to compensate for all
potential variances. The ultimate filter size may thus end up being larger than the
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initially estimated by the following procedure depending on the conservativeness
of the design.
1- Selection of a capacitor technology offering the highest capacitance per
unit volume with the lowest possible ESR (e.g. bulk electrolytic capacitors
from [282]). The capacitance value per part is typically 100μF or higher in
typical state of the art VR applications.
2- Selection of a ceramic capacitor type offering the lowest possible ESL and
footprint. The capacitance value per part is typically 100nF or higher in
state of the art VR applications.
3- Extraction of the corresponding worst-case parameter values of the
selected capacitor types considering tolerances, temperature and lifetime
degradation.
4- Use of (5.14) and (5.15) to find the number of bulk and ceramic capacitors.
To achieve this, not only the count but also the volume size and footprint
of the selected components may be taken into account as main selection
criteria.
In step 4, the number of phases, switching frequency and output filter
inductance must be provided for the calculations. The proposed loss model from
Chapter 4 can be used to estimate the values of these parameters, which strongly
depend on the minimum targeted converter efficiency and power density
operation, as it shall be shown in section 5.4.

5.2 Input filter
The specifications of the low-pass input filter design according to VRD
guidelines (see Chapter 1) are generally less stringent than the tight regulations
demanded for the output filter. It is established however that the slew-rate of the
input current must currently be limited to a maximum of 0.5A/μs. Without the
input filter, the approximately rectangular current pulses drawn from each of the
phases could potentially interfere to nearby devices and cause system
malfunctions.
The most common input filter circuit comprises a decoupling input capacitance
(resulting from a number of high frequency parallel capacitors) and a power choke
as illustrated in Figure 1.2.10 of Chapter 1. The contribution to the total size and
efficiency of the VR may depend to a great extend on the selection and location of
the input filter elements.
Firstly, the input capacitors must feature low ESL and ESR and physically be
in close proximity to the half-bridge of each phase to minimize the associated
half-bridge loop inductance. These requirements combined with the low volume
size are of upmost importance, even to the extent that the total capacitance may be
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compromised, for instance, when selecting the capacitor package and size that
offer the lowest ESR and ESL.
The implications of a too low input capacitance on the operation and
performance of the VR may become relevant as the ripple amplitude increases
significantly, as it shall be addressed later.
Once the input capacitors have been selected, a power choke shall be designed
to comply with the current slew-rate requirements. In order to calculate the value
of the inductance, a similar model to that of the output filter is used to estimate the
input waveforms. Figure 5.2.1 illustrates simulated waveforms resulting from
Fourier series calculations. The capacitors are arranged such that the half-bridge of
each phase is in close proximity to a group of 4 parallel capacitors. The highswitching frequency and interleaving operation allows minimizing the size of the
capacitance while keeping a negligible input voltage ripple. Figure 5.2.1(a) shows
the input current waveforms. The filtered input current has a maximum slew-rate
not greater than the specified 0.5A/μs with the use of just a 130nH inductor. The
low ESR of such inductor produces 140mW. It is important to design the input
filter so that the resulting inductor features small size and low DC ESR. This is
usually readily achieved at high switching frequency and with a sufficiently large
input capacitor bank.
(b) Voltage waveform
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Figure 5.2.1 Simulated input filter response to a pulsed current signal from a 4 phase VR.
Parameter values: 200A load current, Vin=12V, Vo=1V, 16x3.3uF input capacitance with 10mΩ ESR
(ESL omitted), 130nH input inductor and 4x40nH output inductors.

The relation between the required inductor, input capacitance and switching
frequency is shown in Figure 5.2.2. For each curve, a capacitance exists above
which any inductance reduction becomes marginal as a consequence of a
negligible voltage ripple. The increase of the switching frequency helps to reduce
the input filter size mainly only at relatively low capacitance, where the input
voltage ripple is large. In the given example, the value of the inductance is
strongly compromised for a total input capacitance below 1μF, particularly at low
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frequencies. This goes in detriment of the size and losses in the inductor and as
such may need to be avoided.
Nonetheless, a moderate ripple of several volts may be beneficial when falling
edge losses caused by hard-switching are the main loss contributions. In such case,
lowering the input voltage at the time the CtrlFET turns off can mitigate both
hard-switching and half-bridge charging related loss. While beneficial at the FE,
the input voltage ringing is detrimental for the LE transition as the input voltage
increases. Consequently, in cases where LE losses are high, the increase of the
input ripple voltage may not lead to an overall efficiency gain and thus, higher
input capacitance may be most adequate.
The amplitude of the input voltage ripple is shown in the example of Figure
5.2.3 as function of the capacitance and for various Fs. An input oscillation of a
few volts amplitude is possible with a total input capacitance below 1μF. This
compromises strongly the size and losses of the input inductor as seen before,
which may motivate the use of a cascade arrangement of L-C filter elements, as
shown in Figure 5.2.4. The proposed filter structure solves the problem by setting
the resonance frequency of the Li1-Ci1 lower than that for Li2-Ci2. Thus, Li2-Ci1
aims at limiting the current slew-rate, while Li2-Ci2 allows for the desired ripple
voltage.
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Figure 5.2.2 Relation of input inductor and equivalent input capacitance to meet a maximum slew
rate of 0.5A/μs at various switching frequencies. Parameter values: See example of Figure 5.2.1.
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Figure 5.2.3 Voltage ripple at the half-bridge input as function of the input capacitance and for
various switching frequencies. Parameter values: See example of Figure 5.2.1.
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Figure 5.2.4 Proposed input filter structure to allow for significant input voltage ringing.

5.3 Power MOSFETs and gate drivers
This section presents new power MOSFET FoM based on the loss model of
Chapter 4. Unlike the standard FoM, the proposed figures include relevant
parameter dependencies relative to the converter circuit, such as the parasitic
inductances and the switching frequency. Thus, these FoM allows the assessment
of MOSFET technologies for a particular application under specific operating
conditions.
To this end, some of the loss equations from model level 2 are slightly
modified for expressing loss quantities relative to the MOSFETs’ chip areas. This
is convenient as the devices optimization heavily involves the minimization of the
amount of semiconductor material required for the power conversion.
Accordingly, equations representing switching losses associated to the MOSFETs
capacitances are expressed as,
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,

(5.18), (5.19)

,

(5.20), (5.21)

and
are the effective die areas of the CtrlFET and
Note that
SyncFET, respectively. With regard to CtrlFET hard-switching, the LE transient is
independent on the die area as long as (4.26) applies. It implies an increase of the
CtrlFET gate current in proportion to the die area.
On the other hand, the FE hard-switching transient loss (equation (4.32)) is
assumed to be approximately proportional to the die area as,
_

(5.22)

_

The above expression is imprecise because the area increase enlarges Qoss(c),
thereby reducing the channel current, and with it, hard-switching losses.
Nonetheless, the impact of QGD(c) appears to be more dominant, hence making
(5.22) a valid approximation in most operating conditions of interest.
With regard to ON conduction loss, the contributions of the semiconductor and
package resistance may be expressed as (see section 4.1.4),
(5.23)
Where,
·

·

·

(5.24)

·

(5.25)

Resistance
and
correspond to the semiconductor and
package contributions, respectively. The contribution of semiconductor resistance
is given by,
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(5.26)
And similarly for the SyncFET,
(5.27)
Conversely, the ON conduction loss during the switching times is assumed to
be independent on the chip area provided that the semiconductor resistance is
predominant (see (4.42) and (4.47)).
and
Computing the first derivative of (4.51) with respect to
when considering the above dependencies yields the following expressions for the
optimum chip areas,
(5.28)

·

·

_

(5.29)

·

Finally, substituting (5.28) and (5.29) into (4.51) with the use of (5.18)-(5.27)
yields the following proposed FoM for the power MOSFETs,
2

·

·

2

·

·

(5.30)

·

_

(5.31)
_

The above figures have units of Joules and express the total MOSFET and
driver losses per switching cycle as function of all identified loss mechanisms
except the neglected reverse recovery, body diode conduction and avalanche
breakdown.
Table 5.3-I compares various state of the art MOSFETs in terms of the standard
[136]-[137] and proposed FoM. Each referenced device part is simulated both as
SyncFET and CtrlFET in an IPM application. Since only the semiconductor
switches are subject to comparison, the IPM package, PCB layout and driver
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characteristics (except RG) are common among all analyzed cases. The chip areas
are individually optimized for the particular operating conditions of FS=1MHz,
Vi=12V, Vo=1.25V and Io=30A (one phase).
The resulting data illustrate how the standard FoM may be misleading. Namely,
for case of the SyncFET, the worst performing device in terms of Qiss·RDSon (the
one with the lowest RDSon and highest Qiss) exhibits the lowest FoM(s). Because of
the very low RDSon, this device is expected to produce the least loss at heavy load
since the ON conduction loss prevails over gate charge loss under optiumum
VDRV(s). As to the CtrlFET, the presumably least lossy device part (i.e. the lowest in
FoM(c)) is 4nCmΩ higher than the best part in terms of QGD·RDSon. Such
discrepancy lays on the fact that the best FoM(c) can switch faster for its RG(c) is
0.5Ω lower than that of the best QGD·RDSon. The results of Table 5.3-I thus
exemplify the need to consider all crucial key parameters of the converter besides
those exclusively related to the semiconductor material, such as the total gate
driver resistance and the loop inductance.
Table 5.3-I FoM comparison of various commercial devices.
SyncFET

PSMN1R7‐30YL (NXP)

2.46

FoM Qiss∙RDSon
(nC∙mΩ)
85

BSB012N03MX3 (Infineon)

2.45

156

1.88

21.6

FDMS8660AS (Fairchild)

2.7

92.4

1.8

10.9

IRF6727 (IR)

2.73

105.4

2.1

27.2

Reference device

5.3.1

FoM(s) (μJ)

CtrlFET
FoM(c) (μJ)
1.75

FoM QGD∙RDSon
(nC∙mΩ)
14.8

Design guidelines

The following design procedure encompasses the optimization of all relevant
design parameters of the power MOSFETs and drivers, including voltage ranges,
chip areas and gate drivers. The method employs the proposed FoM from the
previous section as basis for the optimization. Throughout the process steps, it is
assumed that the controller manages to effectively optimize the dead times so as to
avoid body diode conduction, reverse recovery and shoot-through. Furthermore,
avalanche breakdown and gate bounce shoot-through are neglected (i.e.
vGS(s)<VTH(s) during CtrlFET conduction and dead times).
1- Derivation of the output filter parameters according to section 5.1. This
includes setting up guess values for the output filter inductor, the switching
frequency and the number of phases.
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2- Selection of the nominal load. The design is based upon a single current
operation from the entire load range, which may typically correspond to a
mid range value so as to save silicon die area and improve light load
condition [283]. When optimizing for minimum temperature operation
however, the design may be considered for the maximum load current. In
any case, reliable operation must be guaranteed under the worst-case
scenario of maximum load and board temperature.
3- Selection of the SyncFET voltage rating such that avalanche breakdown is
avoided. This may typically imply that VAB(s)≥2.5Vin. This rule of thumb
may also be applied to the CtrlFET as initial value. Voltage VAB(c) may later
be refined with (4.36).
4- Optimization of the SyncFET die area and gate voltage according to (5.28)
and (5.30).
5- Optimization of the CtrlFET die area and gate voltage according to (5.29)
and (5.31).
6- Validation of condition (4.36) and determination of minimum LHB needed
to avoid avalanche breakdown in both switches. In case LHB cannot be
further reduced, then either the increase of VAB(c) or the reduction of the
switching speed may be enforced.
7- Checking gate bounce susceptibility with PLA model (section 3.3.5) and
improve gate impedance correspondingly whenever necessary.
The procedure may be repeated from point 2 on with refined values of the gate
drive parameters and avalanche breakdown levels. Results may be later validated
or further readjusted with predictions from model levels 0 and 1.
5.3.2

Optimization case example

This section illustrates the proposed design procedure to optimize the
performance of the IPM PIP212-12M from NXP Semiconductors [284]. The
estimated maximum efficiency derived from the proposed method will be
compared to typical performance data in order to identify improvement options.
The IPM is studied under the following conditions: Vin=12V, Vo=1.25V,
FS=1MHz, Io=30A, Tj=140°C and Lo=320nH. Following the guidelines of the
previous section, resulting loss calculations suggest modifications of actual
PIP212-12M parameter values to significantly boost the converter efficiency. The
proposed new design involves the increase of the MOSFET die areas and the
reduction of half-bridge loop inductance LHB, MOSFET drivers’ voltage VDRV and
gate resistance RG.
The contour plots of Figure 5.3.1 indicate optimum IPM operation at reduced
gate drive voltages and increased chip areas. Regarding the SyncFET, the
optimum chip size at Io=30A ranges over 30mm², which represents more than
twice the area utilized in the actual PIP212-12M. As indicated earlier, for the sake
of cost effectiveness and improved light load conditions, it is common practice to
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alternatively optimize at currents lower than the maximum specified. Nonetheless,
at Io=20A, the optimum SyncFET die area is still larger than in the existing design,
as shown in Table 5.3-II. This suggests that conduction loss may be the
dominating factor even at moderate load currents.
Table 5.3-II further compares parameter values of the present design to those
resulting from the optimization procedure. Among the listed parameters, the most
critical ones involving switching losses are the gate resistances, for they provide
the strongest lever in reducing the switching times (both turn-on and turn-off)
while compromising neither ON conduction nor gate drive losses. It is clear from
(4.36) that the reduction of RG(c) is only appropriated provided that LHB is
sufficiently low such that CtrlFET avalanche is prevented. In this particular case,
the gate resistance reduction becomes a potential benefit for LHB<1nH and Io=30A.
According to the simulations of Figure 5.3.2, the proposed IPM design
outperforms the existing PIP212-12M design in the entire operating regime except
at light load, where the efficiency differences are marginal. At full load, the
energy savings reach 25%. The loss breakdown from Figure 5.3.3 provides the
grounds for such a gain (~0.6W from the filter and PCB loss contributions are not
included). The double predictions shown derive from level 1 and level 2 models,
which consistently compare for each individual loss quantity. As expected for the
existing design, ON conduction (wioON(s)) is the main contribution to SyncFET loss
with 65% rate, followed by wcHBC(s) with 19%. The portion of WDRV(s) loss is less
relevant than wcHBC(s) because, although Ciss(s)>Coss(s), it prevails that Vin>VDRV(s).
The CtrlFET loss is dominated by ON conduction (wioON(c)) and hard-switching
(wioHC(c)) with 39% and 37%, respectively.
As a consequence of the area increase in the proposed IPM design, the
SyncFET ON conduction loss reduces by 1W at full load, which in turn leaves an
equal share of conduction and switching losses. In this optimum condition, WDRV(s)
loss is 0.4W, whereas wcHBC(s) becomes the main switching loss contribution with
more than 1W. The increase of Qiss(s) is compensated with the reduction of RG(s),
which avoids the increase of the switching times and with that, the ON conduction
loss in these intervals. On the other hand, improvements in LHB and RG(c) translate
into a significant reduction of the FE hard-switching loss to as much as 0.7W.
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(a) SyncFET optimization

(b) CtrlFET optimization

Min. (PLA model)

7W

x

Min. FoM(s)

6.4W

Chip area A(c) (mm2)

Chip area A(s) (mm2)

8.5W

6W
Min. (PLA model)

x

Min. FoM(c)

5.6W

5.5W

3.5

4

Drive voltage VDRV(c) (V)

Drive voltage VDRV(s) (V)

PLOT3D( vVgS, vdieS⋅ 8.1, Mo )

PLOT3D( vVgC, vdieC⋅ 3.77, Mo )

Figure 5.3.1 Contour plots of simulated losses of an IPM as function of the drive voltage and chip
area of the power MOSFETs at 30A load current.
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Figure 5.3.2 Efficiency (a) and total converter power loss (b) comparisons between the PIP21212M from NXP Semiconductors and the proposed IPM design.
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Table 5.3-II Parameter values of the compared design examples.

PIP212‐12M
(existing design)

VDRV (V)

RG (Ω)

SyncFET

Normalized
chip area
4.3

5

1.3

CtrlFET

1

12

2.3

SyncFET

7

4.5

0.5

CtrlFET

1.7

5

0.5

LHB (nH)

1.6

Proposed IPM design

1

Power loss (W)

3.5
FE

3
2.5

PLA

LE
ON time

2
1.5

PIP212-12M

FE
Loss
model

LE

I o =30A

ON time

1
0.5
0

wioON(c)

wioHS(c) wcHBC(c) wDRV(c)
+wiHBC

wioON(s) wcHBC(s) wDRV(s)

Power loss (W)

2.5
2
1.5

FE
PLA

LE

FE
Loss
model

ON time

LE
ON time

Proposed
IPM design
I o =30A

1
0.5
0

wioON(c) wioHS(c) wcHBC(c) wDRV(c) wioON(s)
+wiHBC

wcHBC(s) wDRV(s)

Figure 5.3.3 Loss breakdown derived from both PLA and loss models of the PIP212-12M (7.75W
loss) and proposed IPM design (5.9W loss).

5.4 Selection of Fs, Lo and Np
The design guidelines presented in the previous sections set on the basis of
predefined values for the switching frequency, output inductance and number of
phases. To complete the VR design, a systematic procedure for the selection of
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these three key parameters of the power converter is proposed according to either
of the following two design criteria:
- Criteria A: Minimization of power losses for a specified converter
footprint.
- Criteria B: Minimization of the converter footprint for a specified
converter efficiency.
Depending on the system demands, one may decide to base criteria A and B on
the power density (or volume size) of the converter as opposed to its area.
Implicitly in the above statements are the thermal requirements, particularly the
maximum temperature operation that, under worst-case conditions, any of the VR
components and PCB must not exceed.
The selection procedure is illustratively described with the representative caseexamples of the next subsections.
5.4.1

Case-example 1: State of the art desktop application

VR specifications for state of the art desktop computer microprocessors were
introduced in Chapter 1 (see Table 1.1-I). To meet the requirements of this
application, the DrMOS compatible IPM PIP212-12M from NXP Semiconductors
is adopted [284] as main solution approach.
Regarding the passive filter elements, and according to the guidelines of
sections 5.1 and 5.2, the following two commercial capacitor technologies are
selected and modeled,
- 390μF special polymer electrolytic capacitors from Panasonic [286], used
in the output filter mainly as a means to filter out load transient effects.
- 4.7μF X7R ceramic capacitors from Murata [287], used in the input and
output filters for high frequency signal decoupling.
Having selected the filter capacitors and semiconductor technologies, the next
is to determine the values of the switching frequency, output inductance and
number of phases. This is carried out through the use of the models from the
previous subsections, which reflect the close interrelation between these three
parameters and the power losses. The use of contour plots aids the graphical
representation of such dependencies and the final selection of the associated
values. Regarding the proposed example, Figure 5.4.1 shows the contour plots of
the converter efficiency and power losses for the solution case of 5 phases. For
every point in the explored design space, the guidelines of sections 5.1 to 5.3 are
followed to estimate the optimum number of filter capacitors and adjust the
parameter settings of the IPM.
The widely inductance range shown in the graphs is covered through the use of
different inductor types that vary both in loss profile and volume size.
Accordingly, various families of commercially available power coils are selected
and characterized to estimate their performance in the operating conditions of
interest. Since one main purpose of reducing the inductance is the size shrinkage,
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the selection of the coil types is such that the volume increases in proportion with
the inductance while the total losses are kept constant. Of relevant importance is
the thermal resistance, which is assumed to worsen as the inductor size shrinks, as
it is usually the case in most commercial products. The later will have a significant
impact on the permissible margins of operation within the design space.
In the range of 100nH-470nH, various families of power cube and power bead
coils from Pulse [288] are chosen as referent parts for the design. Below 100nH,
small form factor, high frequency inductor types are selected from Coilcraft [289].
The characterization of all these inductors results in a database of interpolated data
containing information of the volume, footprint, maximum power dissipation, and
total estimated losses as function of the ripple current amplitude, duty cycle,
switching frequency and DC current (see Appendix E for details on loss
estimations).
Switching frequency F s (MHz)

Switching frequency F s (MHz)
0.05
30

0.05
30

77.9

46
42.2

70.4
71.7
72.9
74.2
75.4

59

76.7

Output inductor Lo (nH)

Output inductor Lo (nH)

69.2

39.6
37.1
29.5

32

26.9

39.3

(a) Converter efficiency (%)

36

34.5

(b) Converter losses (W)

Figure 5.4.1 VR efficiency (full load) and total losses as function of the switching frequency and
output inductor. Case-example of 5 phases equipped with commercial IPM PIP212-12M from NXP
Semiconductors. Simulated conditions: See 2008 specifications from Table 1.1-I of Chapter 1.
Additional parameter values of IPM: Tj=140°C, VDRV(c)=12V.

With this information the plot of Figure 5.4.2(a) is generated. The graph takes
into account the footprint of all filter elements and IPMs of the VR. Note that the
heatsinks area (in case of being used) and PCB tracks are not included.
The dotted line of Figure 5.4.1 and Figure 5.4.2 represents the power
dissipation boundary of the selected power coils. The line is originated in Figure
5.4.2(b) and projected on the other plots for further analysis. According to these
results, the inductors below 100nH can barely dissipate more that 0.5W due to
severe limitations for removing the heat of a small volume of magnetic material.
As such, the minimum switching frequency operation for the inductors below
50nH is in the MHz range since the large ripple currents will otherwise produce
excessive AC losses. For inductors in the range of 500nH, the switching frequency
can go below 100kHz while a dissipation of 1W and above can be handled by the
larger volumes of these coils.
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Switching frequency Fs (MHz)
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1
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0.64
0.73

0.55

0.45

27.8

14.5

(a) Converter area (cm²)

0.36

(b) Inductor loss (W)

Figure 5.4.2 VR footprint and inductor losses (per individual coil) as function of the switching
frequency and output coil inductance. See Figure 5.4.1 for further details on simulated conditions.

The dark dashed line in Figure 5.4.1(a) shows the optimum trajectory that
reduces footprint with a minimum possible efficiency penalty. For inductances
above 200nH, the lowest decay gradient in efficiency as the area shrinks occurs in
the region around 300kHz, where the converter efficiency is maximized. As the
inductance drops below 200nH, the trajectory gradually deviates from the
minimum gradient and proceeds along the boundary limits of operation set by the
inductor (dotted line). This suggests that the converter performance can be
significantly bounded by the limited heat dissipation capabilities of the coils.
According to criteria A, the output inductor and switching frequency can be
readily selected by projecting the trajectory of Figure 5.4.1(a) into the map of
Figure 5.4.2(a) to find the intersection with the aimed isoline. In this caseexample, the optimum trajectory meets the 20cm² isoline with Lo=180nH and
Fs=450kHz.
A similar procedure can be followed regarding design criteria B, except that the
chosen trajectory that maximizes the gradient decay of the footprint must intersect
with a specified isoline of Figure 5.4.1(a). In the given example, the minimum
achievable footprint for an efficiency of 74% is 16.5cm², which is achieved with
Lo=100nH and Fs=850kHz at the limit boundary of the inductor.
Repeating this same process for various Np yields the bar plots of Figure 5.4.3,
where, according to design criteria A, the optimum number of phases results in 7.
The efficiency however is only slightly compromised when reducing the number
of phases down to Np=5. Below this number, the heat dissipation increases above
9W per phase, which may impose the use of bulky heatsinks and fans.
The increase of the number of phases leads to the reduction of bulk capacitors
and the increase of the switching frequency. The later is required to enable the use
of smaller footprint inductors that compensate for the area increase of the new
phases. For Np>7 phases, the number of bulk capacitors reduces below 5 and the
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inductance drops below 100nH. All this translates into a significant boost of the
power density conversion. Further increasing the number of phases ends up with
excessive switching losses that inevitably cause an efficiency drop.
Switching frequency (MHz)

Power density (W/cm³)
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Figure 5.4.3 VR optimization results as function of the number of phases. Design criteria A:
Maximum efficiency out of 20cm² footprint. See Figure 5.4.1 for further details on simulated
conditions.

Simulated efficiency curves of the 5 phase solution from Figure 5.4.3 is shown
in Figure 5.4.4 for various active phase configurations. As it can be seen, the use
of phase shedding techniques provides potential energy savings at moderate and
light load conditions. In the later case, i.e. when only one phase is active, other
techniques such as PFM may further boost the efficiency. In doing so, the
converter design can be exclusively tailored for heavy load operation without
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exceedingly compromising light load efficiency, thereby minimizing power losses
(and hence Tj) under worst-case conditions. Further analysis on the advantages of
some of these operation modes will be provided in Chapter 6.

Efficiency (%)
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Load current (A)
Np =1

Np =2
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Np =4

Np =5

With phase shedding
Figure 5.4.4 Efficiency curves of the 5 phases VR design from Figure 5.4.3 for various
configurations of active phases.

5.4.2

Case example 2: State of the art laptop application

As a second example, the 2008 specifications of
Table 1.1-II are taken as reference for the VR design of state of the art laptop
applications. A discrete solution must be adopted here as the specified input
voltage is greater than the maximum rating level of typical IPM commercial
products.
The discrete MOSFET and gate driver technology equal to those employed in
the IPM module analyzed in the previous case-example. The difference between
the two solutions therefore lies on the parasitic inductances (compare values of
Table 2.5-I with those of Table 2.5-V). MOSFET paralleling is allowed to
effectively improve ON conduction when required. This is applied to the
SyncFET, which is usually composed of two parallel devices. The following
analysis employs a half-bridge configuration consisting of one discrete device for
the CtrlFET function and two parallel ones for the SyncFET unless otherwise
specified.
Furthermore, the PCB layout arrangement and packaging technology (i.e.
LFPak unless otherwise specified) are assumed to provide low parasitic
inductances in the half-bridge and gate driver paths. With a proper design, the
resulting parasitic inductances may approach the values of the IPM solution from
the previous example. The gate drivers are likewise assumed to feature automatic
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dead time reduction so that body diode conduction and reverse recovery can be
neglected.
The design procedure described in the previous example is again applied here
and generalized as follows,
1- Generation of contour plots showing the dependence of the VR efficiency
and footprint (or alternatively power density) as function of the switching
frequency and the output inductance for a predefined number of phases.
The generated loss data are based on the model of Chapter 4. Every point
in the graphs derives from the guidelines of sections 5.1 to 5.3.
2- Estimation of the limit boundaries of the converter according to the
maximum temperature operation of any element of the VR. Particularly
critical are the output inductor and MOSFET temperatures.
3- According to design criteria A: Projection of the aimed isoline of the
footprint (or power density) plot into the efficiency plot to find its
intersection with a maximum within the permissible limits of operation.
4- According to design criteria B: Projection of the aimed isoline of the
efficiency plot into the footprint (or power density) plot to find its
intersection with a minimum (or a maximum in case of power density)
within the permissible limits of operation.
5- Extraction of the output inductance and switching frequency values from
the intersected operating point.
6- Steps 1 to 5 may be repeated for various number of phases.
7- Selection of the number of phases that offer the highest efficiency
(criteria A), the highest power density (criteria B) or the smallest footprint
(criteria B).
Figure 5.4.5 summarizes the simulation results of the proposed VR
optimization procedure according to design criteria A, where the targeted footprint
is set to 10cm². Upon such premises, the number of phases that maximizes the
converter efficiency is Np=3. In this solution, the number of bulk capacitors is
reduced to just 2, and the maximum power dissipation per phase is ~4W. The
switching frequency increases along with the number of phases, reaching 700kHz
at Np=5, which results in an optimum output inductance of just 80nH.
Under these operating conditions the current ripple per phase reaches over 15A
peak-to-peak, which is higher than the maximum average inductance current. This
suggests that high current ripple operation in combination with phase interleaving
might potentially be an effective approach to boost power density conversion
while relaxing the demands of high switching frequency operation.
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Figure 5.4.5 VR optimization results as function of the number of phases. Design criteria A:
Maximum efficiency out of 10cm² footprint. See Figure 5.4.1 for further details on simulated
conditions.

Figure 5.4.6 further shows efficiency curves for the design case of Np=2 from
Figure 5.4.5. Similarly as illustrated previously for the desktop application
example, the performance of phase shedding is positively evaluated based on the
efficiency gains at light and moderate load. It is worth noticing that at light load
ZVS operation in both SyncFET and CtrlFET may be encountered as a
consequence of a negative current flow through the output coil during the LE
transition. The loss savings of this switching mode operation can be identified in
the efficiency curve of Np=2 with the sudden step around 12A. Such benefit
already at that current level can also be attributed to the relatively high ripple
currents.
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Figure 5.4.6 Efficiency curves of the 2 phases VR design from Figure 5.4.3 for various
configurations of active phases.

Results of the VR design based on criteria B are summarized in Figure 5.4.7 for
the case of a target efficiency of 75%. The number of phases featuring the
smallest footprint coincides with the highest power density at Np=2. In all cases,
the demanded switching frequency is above 1MHz, which enables the use of
reduced form factor inductors. The required footprint dramatically increases with
the number of phases, doubling the number of Np=2 at Np=6.
The minimum achieved footprint is strongly dependent on the predefined target
efficiency. Demanding lower power dissipation generally implies the use of larger
areas unless improvements in the technology are provided. With regard to the
latter, the following chapter discusses potential improvement options to most
effectively achieve significant performance enhancements.
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Figure 5.4.7 VR optimization results as function of the number of phases. Design criteria B:
Minimum achievable footprint with 75% efficiency (19W losses). See 2008 specifications from
Table 1.1-II of Chapter 1.
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Chapter 6

Roadmap targets

It is convenient at this point to recall the virtual design loop concept introduced
in Chapter 1 that aids the development process of future power management
technologies. Throughout the previous chapters, this idea has been realized with
the use of dedicated device and circuit models that, in combination with a series of
optimization guidelines, represent the cornerstones of the adopted analysis and
development methodology.
By adopting the workflow from the scheme of Figure 1.4.2, state of the art
switching converters can be characterized, modeled and consistently validated
with the support of extensive experimental measurements and FE device physics
simulations. The performed validation analysis thus far demonstrates that the
proposed models can accurately predict a number of relevant performance aspects
related to already existing VR solutions.
One crucial step further consists of identifying whether these models can also
correctly quantify the potential benefits that future technologies might bring into
the application before their actual realization. This implies that the modeling
characterization can only rely on simulated ‘virtual’ data as opposed to a
combination of both experimental and simulated results, as shown in all earlier
cases.
The main purpose of this chapter is to establish meaningful roadmap targets for
future technology developments. With the main focus set on power semiconductor
devices, both state of the art and research technologies are evaluated as candidate
solutions to fulfill the demands of VRs for next generation computer
microprocessors. Among the main characteristics assessed, the limits on power
density, footprint requirements and conversion efficiency are fundamental in
considerations of selection criteria of relevant roadmap targets and improvement
options.
The methodology of analysis establishes a baseline of comparison between a
state of the art technology and alternative future technologies. This comparative
analysis is based on parametric studies of an optimized VR solution that allow the
identification of the two following key unknowns:
- Critical parameters of the converter influencing the VR performance.
- Quantified improvement factor of each critical parameter required to
achieve a certain system performance.
As it will be shown, the latter point may yield a multiple number of
improvement options from which roadmap targets can be based upon.
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Following this conceptual circuit/device co-design approach, a new developed
trench MOSFET technology generation is presented as the successor of the
existing Trench4 generation from NXP Semiconductors. During this development
process, the benefits of the new technology could be estimated from the FE device
and circuit models. Validation results of the virtual loop analysis were available
only after the devices were fabricated and experimental results matched the model
predictions.
The explored improvement options of this chapter cover aspects not only
related to the power semiconductor device but also to the gate drivers, packaging
technology, filter components and control.
Although most of the findings concern computer desktops and workstations,
the last section of the chapter is fully devoted to mobile laptop applications, the
particular requirements of which shall be emphasized.
Throughout the analysis, the following assumptions are taken unless otherwise
stated,
- The roadmap refers to the 2014 target load specification of Table
1.1-I.
- The employed passive filter components correspond to those of the
illustration of section 5.4.1.
- The optimized designs are based upon worst-case conditions, i.e.
heavy load and maximum junction temperature of 140°C.
- The VR parameter designs derive in each case from the guidelines of
Chapter 5.
- The analysis assumes IPM solutions as reference designs. Only in
section 6.7 (i.e. laptop application) discrete solutions are considered.

6.1 Power Switches
The technology roadmap of power semiconductor devices is of vital
importance to define power conversion solutions for next generation computer
CPUs. This section starts by analyzing the performance limitations of VR
solutions based on the state of the art Trench4 technology from NXP
Semiconductors. A sensitivity analysis will follow to identify critical MOSFET
and circuit parameters as basis for the definition of roadmap targets. This will lead
to the development of the next generation Trench6 MOSFET technology from
NXP Semiconductors, the performance aspects of which will be studied and
compared to the initially defined target requirements. Further performance studies
on future technology developments will be carried out to complete the roadmap
projections. These predictions will ultimately reveal the potential of the chosen
converter topology as candidate for future VR solutions.
Throughout this section the following defined parameters shall be frequently
used: QGSsp, QGDsp and QDSsp are, respectively, the specific gate-source, gate-drain

Chapter 6. Roadmap targets

307

and drain-source parasitic FET charges in units C/m². Also, parameter FoMt is
defined as,
(6.1)

6.1.1

State of the art Trench4 MOSFET technology

The performance of the existing IPM PIP212-12M from NXP Semiconductors
is evaluated in a VR system for next generation computer microprocessors (see
2014 specifications from Table 1.1-I). The target VR solution under consideration
aims at minimizing footprint while maintaining a converter efficiency not lower
than 75%, as expected from Intel® VR guidelines [81]. To determine the
minimum area requirements upon these conditions, the data of Figure 6.1.1 are
generated from the optimization procedure of Chapter 5, where the existing IPM
design of Table 5.3-II is taken as reference. The bars refer to optimized parameters
as function of the number of phases Np. It can be seen that, although the minimum
footprint is found at Np=12, little penalty in area requirements is paid for the 10
phases solution despite of the fact that the number of bulk capacitors increases
significantly from 21 to 34.
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Figure 6.1.1 Trench4 based VR solution for next generation Desktop computer microprocessors.
Optimization results as function of the number of phases Np. Design criteria: Minimum achievable
footprint with 75% converter efficiency (33W losses). See 2014 specifications from Table 1.1-I of
Chapter 1. See Table 6.4-I for details on passive filter components.
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A look at the loss breakdown of Figure 6.1.2 corresponding to Np=10 reveals
SyncFET ON conduction as the major loss contributor, even with the use of the
largest possible semiconductor die area fitting in the package of the IPM.
(a) CtrlFET loss (0.52W)

(b) SyncFET loss (1.88W)
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Figure 6.1.2 Trench4 power MOSFET loss breakdown in the case of Np=10 from Figure 6.1.1.

As already seen in the previous chapter, the optimization results may yield
operating conditions characterized by high ripple inductor currents. Considering,
for instance, the 10 phase solution with a selected output inductor of 180nH and a
switching frequency of 300kHz, the peak-to-peak current ripple results in 10A. As
a main consequence of maximizing the overall power density, the inductor losses
may well reach the power dissipation limits of the part (e.g. ~730mW at full load).
According to these results, Trench4 may offer VR solutions of power densities
not greater than 7W/cm³. This can only be obtained with a high number of phases
(Np=13) and a limited efficiency (75%).
Further improvements in MOSFET technology can effectively boost system
performance in the way reflected in Figure 6.1.3 and Figure 6.1.4. The total
MOSFET loss reduction factor, which is relative to Trench4 under the same
examined conditions of Figure 6.1.2, shows that the power density can double
with a 30% loss reduction in both power devices. This is achieved as the switching
frequency approaches the MHz range and the output inductance lowers well below
100nH.
Of relevant importance is the barrier of 50% loss reduction, as the power
density hits the level of 15W/cm³, the footprint shrinks to 20cm² and the number
of phases reduces to 6. As it will be shown later on in section 6.6, these conditions
may enable the location of all VR phases in the PCB area right underneath the
microprocessor’s heatsink. This dramatically reduces extra space requirements on
the main board while allowing a large exploitation of the forced convection heat
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transfer mechanism produced by the heatsink’s integrated fan of the CPU. The
latter appears to be of great attractiveness as direct airflow from the
microprocessor’s fan into the VR parts may avoid the use of heavy and bulky
heatsinks and further enable the introduction of smaller form factor inductors and
limited thermal conductivity.
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Figure 6.1.3 VR performance benefits from improvements in MOSFET technology relative to
Trench4. Power density increase and footprint reduction.
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Figure 6.1.4 VR performance benefits from improvements in MOSFET technology relative to
Trench4. Reduction in number of phases.

In addition to the apparent benefits in power density, improvements in
MOSFET technology further offer a progressive reduction in bulk capacitor count,
which is primarily attributed to the reduction of the output filter inductance. As

310

Chapter 6. Roadmap targets

illustrated in Figure 6.1.6, achieving a 40% loss reduction of MOSFET losses
allows a significant cut down of 20 polymer electrolytic capacitors while virtually
keeping the same number of ceramic capacitors.
Ceramic capacitors
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Figure 6.1.5 VR performance benefits from improvements in MOSFET technology relative to
Trench4. Reduction in output filter capacitor count.

These results justify the definition of a potential performance target for the next
technology generation, which particularly aims at reducing by at least 50% the
MOSFET losses produced with Trench4 under the examined conditions of Figure
6.1.2. Meeting this goal will enable setting up the configuration of Table 6.1-I.
According to the above predictions, the power density level achieved with such
arrangement will allow the VR phases to fit underneath the microprocessor
heatsink, with the consequent aforementioned advantages. Therefore, unless
otherwise specified, the following analysis of present and future MOSFET
technologies will be based upon the conditions of Table 6.1-I.
Table 6.1-I VR target solution to achieve 15W/cm³ power density and 20cm² footprint
in next generation Desktop computer microprocessors.
Switching frequency (MHz)

1.8

Number of phases

6

Output filter inductance (nH)

40

Output filter Bulk capacitor count

14

Output filter ceramic capacitor count

55

VR efficiency (%)

≥75

IPM package

SOT684‐4 compatible

Paying close attention as to how loss savings can be most effectively attained,
Figure 6.1.6 shows the VR efficiency as function of both FoM(c) and FoM(s)
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relative to Trench4 under the defined target conditions of Table 6.1-I. The contour
plot reveals that performance improvements in the SyncFET yields larger
efficiency boosts than those associated to the CtrlFET, which suggests a dominant
contribution of ON conduction losses, also in the multi-MHz switching frequency
range.
The target isoline of 75% can be met by a number of measure combinations,
among which includes an improvement of ~80% in FoM(s) (w.r.t. Trench4)
without boosting the CtrlFET performance. Limiting however the SyncFET
performance gain to 50% implies an additional ~57% reduction in FoM(c). Over
90% efficiency may be achieved with a dramatic 90% reduction in both
MOSFET’s FoM.
FoM(s) reduction factor (%)
0

FoM (c) reduction factor (%)

90.5%
64.5%
67.1
69.7%
72.3%
75%
73%
77.5%
80.1%
82.7%
85.3%
87.9%

61.9%

Figure 6.1.6 VR efficiency boost from improvements in MOSFET technology relative to Trench4.
Increase in converter efficiency under the conditions of Table 6.1-I.

The relevant contribution of the SyncFET losses on the overall VR efficiency
suggests that reducing the MOSFET’s specific ON resistance 9 (RDS(on)sp) might be
the most determining aspect of the technology roadmap. More concretely, Figure
6.1.7 shows that the expected efficiency gain may linearly change at a rate of
-0.5%/mΩ·mm².
Further measures for enhancing system efficiency include the mitigation of the
MOSFET’s parasitic charges. Figure 6.1.8 (right) illustrates that reducing the
input charge is notably more effective than reducing the output charge.
Nevertheless, the performance gain of the input charge mitigation relative to the
benefits in RDS(on)sp reduction is of minor significance. For instance, a 50%
reduction in RDS(on)sp may result in a 6% efficiency increase, whereas the same
reduction in gate charge QGSsp produces an efficiency boost of 1.4%. The latter

9

The specific ON resistance of Trench4 is 30mΩ·mm² at Tj=25°C.
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however may involve detrimental effects on gate bounce susceptibility, which also
needs to be assessed, as it shall be seen later.
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Figure 6.1.7 Power losses and converter efficiency as function of RDS(on)sp relative to Trench4 under
the conditions of Table 6.1-I.
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Figure 6.1.8 Converter efficiency as function of QGDsp and LHB relative to Trench4 and the
recommended PIP212-12M layout design.

The transfer capacitance and half-bridge inductance strongly influence the
hard-switching loss of the converter, which may generally represent the major loss
contribution in the CtrlFET. From the latter two circuit elements, however, the
parasitic inductance appears to be the most relevant in the given target scenario as
it can be interpreted from the left contour plot of Figure 6.1.8. A great profit of
featuring reduced half-bridge loop inductance is obtained when the CtrlFET turnoff loss can be effectively mitigated without compromising CtrlFET turn-on loss.
Therefore, it may turn out convenient to reduce both parameters simultaneously
such that the resulting increase in commutation speed compensates the reduction
of LHB at turn-on. This is also reflected in the 2D plot, where an excessive LHB
reduction produces an overall efficiency loss due to a high increase in turn-on
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losses. The reduction of the relatively large transfer charge eliminates this problem
as it enables faster turn-on switching.
The potential of these identified measures can be quantified as shown in Figure
6.1.9. The chart displays the loss savings produced by five loss-dependent
parameters related to the MOSFET technology (i.e. RDS(on)sp, QDSsp and QGSsp,) and
other two from the half-bridge circuit and gate driver (i.e. LHB and VDRV(c)). Among
these parameters, improvements in RDS(on)sp offer the highest loss savings, as
expected. Thus, it is intended that the specific ON conduction resistance
undergoes the largest reduction, aiming at a 43% the RDS(on)sp of Trench4 so as to
save as much as 31% losses.
The second most sensitive parameter on power losses is LHB. In the illustrated
scenario, a reduction from 1.6nH to 0.7nH allows avoiding 12% loss associated to
hard-switching turn-off. Of minor relevance with regard to hard-switching is the
QDSsp charge, as a 20% reduction of this parasitic charge produces less than 1%
loss savings.
Gate driving loss, which represents more than 13% of the overall VR
consumption, can be effectively lowered down to 7% by halving the CtrlFET
driving voltage and reducing the input charge by 30%.
The resulting solution halves the losses of the existing Trench4 solution (i.e.
PIP212-12M), thereby meeting the targeted 75% efficiency with an equally shared
loss profile between switching and conduction losses.
3
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Figure 6.1.9 Improvement options for a 50% loss reduction relative to the existing Trench4 based
IPM solution under the conditions of Table 6.1-I.

6.1.2

Trench6 MOSFET technology

Advances in silicon technology enables the accomplishment of roadmap targets
established according to the proposed virtual loop approach, namely a
combination of device physics and circuit simulations that underlies a co-design
approach where the power MOSFET performance is assessed in the converter
circuit to best determine the technology requirements. This approach replaces the
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usual experimental/empirical efforts of physicists to elucidate the pathways
towards the most effective technological solutions.
In line with the conclusions drawn from the analysis of improvement options,
Trench6 emerges as the successor of Trench4 to meet the specifications of next
generation CPUs. It has been possible after several virtual loop iterations had been
run and the most suitable design chosen. As opposed to numerous experimental
wafer runs, simulation results have set the basis of the technology platform for the
implementation of a selected device structure candidate that has been virtually
analyzed.
As shown in Table 6.1-II, the result of the new technology platform has made
possible the implementation of a trench MOSFET device featuring significant
superior characteristics than its predecessor. Particularly, RDS(on)sp is reduced by
50%, thereby nearly reaching the required target loss reduction determined from
the analysis of the previous section (57% reduction).
Significant further improvements have been achieved in gate bounce
susceptibility, which will enable tighter dead time control schemes and faster
switching speeds in the final application.
In terms of parasitic charge, the resulting input capacitance is comparable to
that of Trench4, which differs from the target 30% reduction in QGDsp proposed in
the previous subsection. This will consequently lead to a performance deficit in
the application upon consideration as it shall be shown later. Nonetheless, the
FoM(c) and FoM(s) related to such application already indicate over 40% loss
savings.
Table 6.1-II 30V technology comparison: Trench4 vs. Trench6. Parameter values unless
otherwise specified: VGS=4.5V, VDS=12V, ID=10A and Tj=25°C.
Trench4

Trench6

QGDRDSon (nC∙mΩ)

23.5

14.5

QGtRDSon (nC∙mΩ)

104

60.5

RDS(on)sp (mΩ∙mm²)

30

15

Gate resistance Rg (Ω)

0.7

0.77

Gate bounce susceptibility GBSGS0 1

0.88

0.064

FoM(c) (μJ)2

1.9

1.2

FoM(s) (μJ)2

3.1

1.8

1

Zero initial conditions across vGS and vDS. Tj=140°C. See Chapter 3 for details on GBSGS0.

2

VR design based on IPM PIP212-12M with Np=6, Lo=40nH, Fs=1.8MHz, Vi=12V, Tj=140°C and

full load. See 2014 specifications from Table 1.1-I of Chapter 1.
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The efficiency gains of the new trench technology in the converter circuit could
be predicted before experimental realization, as it can be seen from the efficiency
plots of Figure 6.1.10 to Figure 6.1.12. The one phase PoL prototype converts 12V
to 1.1V with Fs=500kHz and 2m/s airflow. Further details of the experimental
setup are available in Appendix G.
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Figure 6.1.10 Efficiency and total loss comparison of a PoL converter based on Trench4 and
Trench6 technologies. Measurement results.
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Figure 6.1.12 Trench6 performance. Simulation and measurement results.

Similarly as carried out in the analysis of the Trench4 from the previous
subsection, Figure 6.1.13 summarizes optimization results of a Trench6 based
IPM solution for the 2014 specifications of Table 1.1-I. The estimations indicate a
maximum power density of ~14W/cm³ and minimum footprint of ~23cm² with
Np=7, Fs=1.7MHz, Lo=50nH and 15 output bulk capacitors. Although this solution
does not meet the initially proposed VR targets (see Table 6.1-I), it practically
doubles the performance of the existing Trench4 based solution in terms of power
density and main board area requirements.
This achievement, however, is conditioned to additional changes in the IPM
PIP212-12M that allow a better exploitation of the Trench6 technology as
concluded from the results of Figure 6.1.9. It is thus assumed that inductance LHB
reduces from 1.6nH down to 1nH, whereas CtrlFET driving voltage VDRV(c) lowers
from 12V to 6V. MOSFET’s die areas remain unchanged with respect to the
Trench4 solution. Once again, the optimum SyncFET die area turns out to be
slightly larger than the limits established by the package dimensions of the IPM,
which consequently determines, as in the Trench4 case, the size of the largest
switch.
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Figure 6.1.13 Trench6 based VR solution. Optimization results as function of the number of
phases. Design criteria: Minimum achievable footprint with 75% converter efficiency (33W losses).

Despite of the area limitations, a look at the loss breakdown of Figure 6.1.14
reveals that ON conduction loss is no longer the main loss mechanism since it
accounts for less than 34% of the overall losses during the ON conduction times,
whereas switching losses contribute with 29% in the LE transition and 37% in the
FE transition. The latter contribution is largely dominated by load current hardswitching losses (wioHS(c)).
The gate driver settings are optimized so that wioHS(c) cannot be reduced any
further by means of increasing the gate current, and hence the switching speed, as
otherwise the overvoltage spike across the CtrlFET will reach the level of
avalanche breakdown. The turn-off gate current is thus limited to less than 2A
during the hard-switching time.
This analysis suggests that the way to go about reducing switching losses is by
further lowering LHB. As additional measure, turn-off snubber enhancement by
way of increasing the CtrlFET output capacitance appears effective as long as the
turn-on loss is significantly lower than the turn-off loss.
Further conclusions may be drawn from the loss breakdown of Figure 6.1.14.
On the one hand, it can be observed that the CtrlFET ON conduction loss is
dominated by the switching transient times as opposed to the ON conduction time,
as it is typically the case at low Fs. The reason for that is attributed to the extreme
conversion ratio combined with high Fs, thus leading to a very short ON
conduction time, even shorter than the switching times. Therefore, the converter
approaches the lower duty cycle limit, which increases as Fs raises.
As it shall be addressed later in section 6.2, in order to further expand the
conversion ratio while maintaining (or even increasing) Fs, it may be required to
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enable faster switching speeds by improvements in the gate driver technology and
the MOSFET’s gate impedance. The latter is particularly important as it may not
only enable faster switching, but also a reduction of the gate driving loss, which
becomes increasingly relevant at high Fs. In this case-study, the gate driving loss
represents a considerable ~28% of the total switching losses.
(a) CtrlFET loss (1.6W)

(b) SyncFET loss (2.6W)
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Figure 6.1.14 Trench6 power MOSFET loss breakdown for the case of Np=7 from Figure 6.1.13.

Of equal importance appears to be the charging loss associated to the SyncFET
output capacitance (i.e. wcHBC(s)), even though the output parasitic charge may be
significantly lower than the input parasitic charge. Two different aspects make this
possible: One is the switched-node voltage swing, which may typically be slightly
higher than twice the value of the gate driver voltage in Desktop computer
applications, and even higher in laptop applications. The other aspect is related to
the strong non-linearity of the output capacitance, the shape of which worsens the
charging-up loss as it was shown in Chapter 3. Thus, wcHBC(s) may become a main
contributor at high Fs and as such the reduction of the SyncFET Coss may be a
potentially advantageous improvement option (as opposed to reducing the
CtrlFET Coss).
Furthermore, since the SyncFET losses are higher than the CtrlFET losses,
measures to reduce FoM(s) may be the most effective. This can be interpreted from
the contour plot of Figure 6.1.15, which shows the required loss savings in the
switches to meet a certain efficiency target under the conditions of Table 6.1-I.
For the minimum demanded 75% efficiency, FoM(s) may need to be reduced by as
much as 20% in case of keeping FoM(c) unchanged. On the contrary, the FoM(c)
needs an improvement of 30% to meet the same performance in case the FoM(s)
remains constant.
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According to these estimations, future technology developments may aim at a
minimum 43% reduction in either FoM(s) or FoM(c) or both to achieve 80% VR
efficiency, which represents more than a 7% efficiency boost with respect to the
Trench6 based solution.
FoMCtrlFET
(s) reduction
FoM factor (%)
0

FoM (c) reduction factor (%)

92.5%
75.2%
77.7%
80%
82%

82.6%
85%
87.6%
90%

72.8%

Figure 6.1.15 VR performance benefits from improvements in MOSFET technology relative to
Trench6. Increase in converter efficiency under the conditions of Table 6.1-I.

As in the Trench4 technology, and despite of high switching frequency
operation, the RDS(on)sp continues to be the most relevant technologic parameter
influencing the VR performance even for values below 10mΩ·mm². As it can be
deduced from Figure 6.1.16, a target efficiency of 80% may be achieved by a 77%
reduction of the RDS(on)sp of Trench6 without altering any other parameter of the
VR.
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Figure 6.1.16 Power losses and converter efficiency as function of RDS(on)sp relative to Trench6 (i.e.
15mΩ·mm²).
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Less dramatic are the efficiency improvements resulting from reducing the
MOSFET capacitances in the same order as applied to RDS(on)sp. For the particular
case of the transfer capacitance (or QGDsp), the loss reduction is strongly limited by
LHB since, in order to avoid avalanche breakdown, the switching off time cannot
lower in proportion to QGDsp. Therefore, inductance LHB continues to be one main
parameter influencing switching losses, as it is shown in Figure 6.1.17. The left
plot reveals however that for an effective measure, the LHB reduction may need to
be combined with improvements in QGDsp since the turn-on snubber may become
ineffective unless such reduction is compensated with an increase of the switching
speed.
The input capacitance associated to QGSsp can be identified from Figure 6.1.17
(right plot) as yet another relevant MOSFET parameter primarily due to the
significant loss contribution of the SyncFET gate driver. Compared to QGSsp,
reducing QDSsp is not as effective because the loss reduction achieved on wcHBC(s)
largely cancels out with the loss increase from wioHS(c). Thus, maintaining a
minimum snubber turn-off capacitance across the CtrlFET while lowering QDSsp of
the SyncFET may represent an alternative effective measure as long as wioHS(c) is
dominant over wcHBC(c).
QDSsp reduction factor (%)

LHB reduction factor (%)
0

0
75.6%
73.2%
73.6%
74%
74%
74.4%
74.8%
75.2%

0

QGSsp reduction factor (%)
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76.8%
73.2%
73.6%
74.1%
74.5%
74.5%

75%
75.4%
75.9%
76.3%

72.8%

72.8%

Figure 6.1.17 Converter efficiency as function of QGDsp and LHB relative to Trench6 and the
recommended PIP212-12M layout design (by which it is assumed that LHB=1nH).

Figure 6.1.18 displays the impact that a number of selected measures have on
the converter losses. These are broken down in three components: Hard-switching,
gate driver and ON conduction losses. The parasitic elements previously analyzed
are reduced according to their individual identified levels of relevance. Therefore,
the proposed Trench6 based improvement scenario assumes a 50% RDS(on)sp
reduction combined with 30% less LHB, 25% lower QGSsp and a 10% improvement
in QDSsp. This yields a 37.5% loss savings, 27% of which are ON conduction,
8.5% hard-switching and 2% gate driver loss. Overall, it represents an efficiency
gain of 7.2%, most of which results from improvements in RDS(on)sp and LHB.
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Figure 6.1.18 Improvement options on Trench6 to achieve 80% efficiency in next generation IPM
solutions. Reference PIP212-12M layout design recommendation for Trench6 with LHB=1nH.

Figure 6.1.19 shows an alternative approach that allows achieving 80%
efficiency. This considered option may become appropriate when limitations in
the MOSFET technology does not allow the simultaneous reduction of both
parasitic capacitances and RDS(on)sp. The proposed solution reduces gate drive
losses from the SyncFET by means of a resonant gate driver (RGD). The
advantages and drawbacks of a number of representative RGD topologies are
analyzed and compared to the conventional gate driver (CGD) in Appendix F.
According to the results of that study, a RGD topology (driver circuit (a) from
Appendix F) is selected as the most suitable driving scheme for this application.
Optimizing the parameters of both driver and MOSFET as described in Appendix
F, the gate driver losses can be reduced by as much as 40%. Improvements in
RDS(on)sp and LHB are maintained as in case of Figure 6.1.18. Nonetheless, savings
in ON conduction losses are 3% less due to the longer switching times
intrinsically produced by the chosen driver topology. Among the modifications
required to make the RGD an effective alternative solution, it includes the
reduction of the MOSFET gate resistance down to 0.2Ω. Further details regarding
the configuration of this driver are available in Appendix F.
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Figure 6.1.19 Improvement options on Trench6 to achieve 80% efficiency in next generation IPM
solutions with the use of a resonant gate driver topology for the SyncFET.

6.1.3

Next generation technologies

Looking at the technology trends in terms of standardized figures, Table 6.1-III
shows the relative performance of a number of commercially existing and under
development technologies suitable for VR applications.
With regard to conventional 30V trench MOSFET technologies, investigations
point out towards a progressive saturation of RDS(on)sp around 15mΩ·mm² (see
Figure 1.2.5). As discussed in Chapter 1, lower specific resistance can be further
achieved by exploiting the RESURF principle with structures such as the splitgate RSO and superjunctions. These technologies can offer RDS(on)sp below
10mΩ·mm² and competitive switching performance characteristics compared to
conventional trench MOSFET technologies.
A new paradigm opens up with the introduction of alternative semiconductor
materials for power conversion applications. Recent studies from
International Rectifier (IR) have demonstrated breakthroughs in RDS(on)sp and
switching speed capabilities with GaN semiconductor materials. Based on HEMT
structures, GaN technology may potentially offer RDS(on)sp well below 10mΩ·mm²
and switching FoM outperforming those of the best Si trench MOSFETs.
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Table 6.1-III 30V power device technology trends. See Table 6.1-II for further details.
QGD·RDSon
(nC·mΩ)
23.5

QGt·RDSon
(nC·mΩ)
104

RDS(on)sp
(mΩ·mm²)
30

14.5

60.5

15

Split‐gate RESURF, [294]‐[295]

4

85

8

Trench7 (NXP Semiconductor)
Superjunction RESURF, [296]

17

56

9

GaN(1) based platform, [297]‐[300]

3

15

9

Improved GaN(2) based platform,
[297]‐[300]

2

10

7

1.3

8.5

3

Trench4 (NXP Semiconductors), [291]
Trench6 (NXP Semiconductors) Field
balanced TrenchMOS, [292]‐[293]

TBD

Translating the above figures in terms of conversion efficiency under the
conditions of Table 6.1-I, Figure 6.1.20 shows the projected performance as
function of the FoMt from the chosen technologies. According to the model
predictions, RESURF technologies enable a further exploitation of the Si material
to boost the converter efficiency above 75%. Achieving efficiencies above 80%
may though be only possible with future advanced GaN based devices.
Extrapolated data indicate that in order to meet an efficiency of 85% at full load,
the required technology (still to be determined) may need to feature 3mΩ·mm² of
RDS(on)sp combined with 1.3nC·mΩ and 8.5nC·mΩ in QGD·RDSon and QGt·RDSon,
respectively. In the application, this translates into a total energy loss in the power
switches of less than 1.2μJ per switching cycle in every VR phase. It is relevant
pointing out that these estimations result from combining these emerging
technologies with improved packaging technologies that enable the reduction of
the parasitic ESL and ESR of both half-bridge and gate driver paths. These
measures are discussed in section 6.3.
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Figure 6.1.20 Projected 30V power device technology performance.

Aiming at the same target load specification, Figure 6.1.21 illustrates a series of
improved circuit and device parameters of a Trench6 based solution that allow the
increase of the switching frequency while maintaining 75% converter efficiency.
Based on the conditions of Table 6.1-I, the resulting simulations assume a constant
ripple current per phase, thereby implying a reduction of the output filter
inductance as the frequency rises. Accordingly, for a programmed ripple of ~7A,
Lo may lower from the selected 40nH at 1.8MHz to just 8nH at 9MHz. To achieve
this latter operating frequency, major improvements in the device technology may
include the reduction of RDS(on)sp, QGSsp and QGDsp to realize 4.5mΩ·mm², 1nC/mm²
and 0.5nC/mm², respectively 10.
With regard to the circuit parameters, the most important element from the loss
savings stand-point is the half-bridge loop inductance, which may need to undergo
a dramatic reduction from what it could be achieved with existing MCM (i.e.
values around 1nH) down to 300pH.
The most obvious approach to go about reducing LHB to such a level consists of
achieving a higher level of system integration. This leads to the concepts of PSiP
and PwrSoC introduced in Chapter 1 that include the integration of the passive
components either in a package or on a chip. These concepts turn out to be
potential candidate solutions to mitigate not just the ESL of the half-bridge and
gate circuits, but also the ESL of the output capacitance, thereby allowing an
effective reduction of the required output capacitance as the switching frequency
increases (see section 4.1).

10

See Table 6.1-II for comparison to existing technologies and test conditions for relative charge

values.
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Figure 6.1.21 Trench6 parameter improvements as function of the switching frequency so as to
keep 75% converter efficiency at heavy load. See 2014 specifications from Table 1.1-I regarding load
conditions.

6.2 Gate drivers
Improvements in the MOSFET technology have direct implications on the gate
drivers of both CtrlFET and SyncFET switches. As seen previously, changes may
involve not just mere readjustments of the gate voltage, but also the optimization
of the gate impedance to achieve faster switching speeds, the increase of the gate
bounce susceptibility and the implementation of extended designs that enable
asymmetric LE and FE gate current transitions.
Of particular importance to achieve high switching frequency and extremely
low duty cycle operation is to feature fast switching gate driving capabilities in the
CtrlFET switch. Figure 6.2.1 shows the maximum switching frequency as function
of the CtrlFET gate resistance, which limits the charging times from the Miller
plateau voltage to the ON state driving voltage and vice versa. The maximum
switching frequency for a given duty cycle must be such that the sum of the
charging times equals the ON time of the CtrlFET. According to the conditions
defined in the legend of Figure 6.2.1, the maximum Fs varies significantly with the
selected MOSFET technology. In future laptop applications (i.e. voltage
conversion from 19V to 0.6V) for instance, the maximum Fs practically triples
when changing from the Trench4 to the Trench7 MOSFET technology at
RG(c)=1Ω. In future desktop applications (e.g. voltage conversion from 12V to
0.5V) current state of the art technologies may only allow switching frequencies
below 2MHz. The reduction of the total gate resistance down to 0.5Ω may enable
a maximum Fs higher than 8MHz in case of the Trench7 technology. The even
lower duty cycle operation and limited switching speed (i.e. to avoid avalanche
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breakdown) in laptop applications may restrict the frequency to less than 6.5MHz
if all other driving conditions prevail as in case (a).
It is relevant to point out the challenges of reducing the gate resistance well
below 0.5Ω, firstly because of the gate spreading resistance effects across the
MOSFET area (see Chapter 2), and secondly, because the AC resistance of gate
bound wires may become significantly large as the switching times reduce to just
a few nanoseconds.
(a) Desktop application

(b) Laptop application

Maximum Fs (MHz)
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Gate resistance RG(c) (Ω)
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Figure 6.2.1 Maximum switching frequency as function of the CtrlFET gate resistance (common to
both turn-on and turn-off transients) and for various power MOSFET technologies. Both cases (a) and
(b) assume parasitic inductances as in PIP212-12M (see Table 2.5-V) and linear gate resistance. Hardswitching corresponds to a 30A load. See Table 6.1-III for details regarding the MOSFET
technologies.

One assumption of these simulations is that the parasitic gate inductance
remains unchanged regardless of the gate resistance value. In doing so, however,
problems may occur at low RG(c) due to excessive underdamped ringing that may
produce driving malfunctions. Therefore, in order to maintain an adequate gate
voltage ringing, the total parasitic gate inductance should be designed according to
the following rule of thumb,

2

0.4

(6.2)

With a damping factor greater than 0.4, the gate voltage ringing will be kept
within acceptable amplitude levels to avoid spurious turn-on and turn-off.

Chapter 6. Roadmap targets

327

With regard to the CtrlFET source inductance, presently achieved values
around 100pH with advanced packaging techniques appear to be suitable for
switching frequencies up to 5MHz. The reason for this is the presence of LHB,
which is considerably higher than Ls(c), and which primarily limits the rate of
change of the drain current during the hard-switching times. The current source
effect of the gate inductance also helps mitigating the feedback action of the
source inductance and, as a consequence, a significant reduction of LG may be
detrimental to the overall efficiency of the converter in some cases.
On the other hand, optimization results clearly indicate different driving
demands for the turn-on and turn-off transients of the CtrlFET. Namely, while the
hard-switching turn-on transient can be extremely fast, e.g. less than 2ns, the turnoff time must be moderated so as to avoid avalanche breakdown triggered by the
action of LHB. Consequently, the optimum gate driver current for turn-on and turnoff can be drastically different, as illustrated in Figure 6.2.2 for the Trench4 design
case of section 6.1.1 and Figure 6.2.3 for the Trench6 design case of section 6.1.2.
In either case, the demanded gate current increases as LHB lowers or the transfer
capacitance increases since it implies faster switching requirements in order to
maintain equal switching losses. The turn-on and turn-off gate currents may differ
by more than a factor of 2. As a consequence of the parasitic gate charge
reduction, Trench6 technology offers the advantage of lower gate current
requirements compared to Trench4.
LHB reduction factor (%)

LHB reduction factor (%)
0

0
10A
5.7A
4.6A
3.5A
2.4A

4.6A

1.3A

0

QGDsp reduction factor (%)

QGDsp reduction factor (%)

0

6A
2.7A
2A
1.4A
2.6A
0.75A

0.23A

(a) CtrlFET turn-on gate current (A)

0.1A

(b) CtrlFET turn-off gate current (A)

Figure 6.2.2 Gate driver current requirements (in absolute values) as function of QGDsp and LHB
relative to Trench4 and the recommended PIP212-12M layout design (i.e. LHB=1nH).
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(b) CtrlFET turn-off gate current (A)

Figure 6.2.3 Gate driver current requirements (in absolute values) as function of QGD and LHB
relative to Trench6 and the recommended PIP212-12M layout design (i.e. LHB=1nH).

A possible circuit implementation for asymmetric gate current operation may
employ MOSFET switches of different ON resistance to form the gate driver halfbridge. In particular, the upper gate driver switch may feature a lower resistance
than the lower switch.
In line with the aforementioned requirements, Table 6.2-I summarizes basic
gate driver specifications for IPM solutions to address the demands of next
generation computer microprocessors. In comparison to existing solutions, next
generation gate drivers may need to feature improved gate current capabilities,
asymmetric turn-on/turn-off driving speeds, lower CtrlFET driver voltage and
reduced parasitic gate impedance.
In addition to the conventional gate driver topology, resonant gate drivers have
been identified as alternative solutions to reduce the gate driver losses of the
SyncFET. The characteristics of these gate driver schemes, and more particularly,
the proposed topology for desktop applications (see section 6.1.2), are described in
Appendix F.
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Table 6.2-I Existing and proposed gate driver specifications for IPM.

Total gate resistance (Ω)

Driver voltage (V)

Source inductance (nH)

Gate inductance (nH)

Existing solution

Next generation

CtrlFET

2.3

0.75 (LE), 1.5 (FE)

SyncFET

1.2

0.5

CtrlFET

12

6

SyncFET

5

5

CtrlFET

0.1

0.1

SyncFET

0.1

0.1

CtrlFET

3

1

SyncFET

3

1

6.3 Packaging
According to the identified improvement options, future IPM package
developments should aim at reducing the parasitic inductances of both half-bridge
and gate driver loops. As already identified, the predicted performance of Figure
6.1.14 is partly achieved provided a reduction of LHB from 1.6nH to 1nH. Further
lowering this inductance down to 700pH yields additional performance gains as
Figure 6.1.18 and Figure 6.1.19 illustrate. Recent studies on packaging
technologies have shown that LHB can be as low as 500pH by means of techniques
such as embedded technologies [301]-[302], which allow avoiding the use of wire
bonds. These same techniques can be applied for the interconnection of the gate
driver with the power MOSFETs, thereby reducing the gate inductance by at least
a factor of three.
With the dramatic reduction in RDS(on)sp offered by the emerging MOSFET
technologies, packaging parasitic resistance may additionally start playing a major
role, particularly, when skin effects in the package leads and wire interconnects
become significant at the operated switching frequency. Thus, the use of packages
like the SOT684-4 from the PIP212-12M may be inadequate as the actual bond
wire resistance of the SyncFET path (see Table 2.5-V) may contribute with more
than 50% of the losses in that device.
Besides the benefits on loop inductance reduction, wireless packaging
techniques like [303] and other copper straps based approaches can potentially
minimize the ON conduction losses in cases where similar footprints are to be
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maintained and where the selected MOSFET technology may feature low RDS(on)sp
in the range of 5mΩ·mm² to 10mΩ·mm². Upon these conditions, and in order to
achieve a good exploitation of these ultra-low ohmic MOSFETs, the AC
resistance of future packaging solutions shall be below 100μΩ.

6.4 Passive filters
Two development activities on passive filter components demand special
attention. The first one makes reference to the output inductor coil and the need to
optimize miniaturized power cubes featuring (as deduced in section 6.1.1) a target
inductance of 40nH and a nominal current of 35A. Although some existing
commercial solutions [304] already offer compact designs and reduced footprints,
the expected power dissipation of these parts implies the need of enhanced thermal
dissipation means such as forced convection.
To eliminate this likely inconvenience, the reduction of skin effect losses in the
coil windings is presented as a main improvement measure given the significance
of its contribution (e.g. up to 40% at heavy load). This is, according to the FE
simulations from Appendix E, partly attributed to a strong current crowding
localized in the area nearby the airgap. Related negative implications of airgaped
inductors on power losses are reported in [305]-[306]. These results further
suggest that the use of alternative magnetic cores with distributed airgaps may
enhance current distribution and hence reduce the intrinsic dynamic resistance
[307]-[309]. This is particularly of primary importance given the relatively high
ripple content in the inductor current that is enforced by design in order to
minimize the filter size.
Combined with a wider geometric design that guarantees proper magnetic
shielding, conduction losses can be considerably mitigated, thus reducing the
overall inductor loss by as much as 300mW, according to the model estimations.
The second most relevant development activity related to passive filter
components are the advances in bulk capacitor technologies. As previously stated,
bulk aluminum electrolytic capacitors in can package form are progressively being
replaced by polymer electrolytic capacitors featuring high and stable capacitance,
low ESR and surface mount with reduced height and footprint. Existing products
are already suitable to fulfill next generation VR requirements in terms of area
occupancy and filtering capabilities against load transient responses. These
capacitors can be effective for the suppression of the longest transient times of the
output voltage. This is the case even for designs leading to relatively high ESL,
thus making feasible their location outside the microprocessor socket area, and
even on the bottom side of the mainboard. The number of bulk capacitors strongly
depends on the number of phases as well as on the output filter inductance. As the
latter lowers below 50nH, the bulk capacitor count can be reduced to ten and
below, as shown in Figure 6.1.13.
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SMD ceramic capacitors continue to be essential to filter out the high
frequency output voltage ripple as well as the load current slew rate. Of vital
importance is to develop extremely low ESL and ESR ceramic capacitors with
minimized footprint so that they can fit inside the CPU socket cavity. In line with
the previous estimations, the available X7R materials can already deliver the
demanded performance provided that both top and bottom mainboard layers can
be utilized. This, however, raises the concern as to whether the capacitors soldered
on the bottom layer may show excessively high ESL, in which case lower
footprint packages might be required in order to fit all capacitors on the top layer
and within the socket cavity.
Table 6.4-I summarizes the differences between an existing and the proposed
solution to address the challenges of next generation computer microprocessors.
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Table 6.4-I Existing and proposed passive filter component characteristics for next
generation computer microprocessors.

Output coil

Bulk capacitors

Inductance (nH)

Based on existing
technology1
150

Proposed
solution2
40

Footprint (cm²)

1.1

0.57

Volume (cm³)

0.78

0.28

Maximum power loss (W)

0.8

0.5

Capacitance (μF)

560

390

ESL (nH)

5

3

Min. ESR (mΩ)

4

2

Footprint (mm²)

40

31.4

0.15

0.09

Required number

26

14

Capacitance (μF)

10

4.7

ESL (nH)

0.8

0.6

Min. ESR (mΩ)

3

4

Footprint (mm²)

9

8

0.025

0.016

50

55

Volume (mm³)

Ceramic
capacitors

Volume (mm³)
Required number
(output filter only)
1

Trench4 MOSFET technology. See Figure 6.1.1 for the case of Np=11.

2

According to Table 6.1-I.
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6.5 Control
The VR optimization at heavy load, though leading to the minimum possible
temperature rise, can severely penalize the performance at moderate and light
loads due to excessive switching losses. To mitigate this effect it is common
practice to perform the optimization at medium load.
An alternative approach to keep the highest possible efficiency in a much wider
load range without compromising the performance at heavy loads is phase
shedding operation. Introduced in Chapter 1, phase shedding offers a control of
the active phases as function of the load current. At light load, ON conduction
losses become minor, and as such, the number of active phases can be reduced to
effectively enhance conversion efficiency by reducing the switching losses, which
dominate at low and moderate load.
One main drawback of this technique is that the advantage of ripple current
cancellation of the multiphase interleaving operation may be jeopardized since the
filter design under the new worst-case scenario (i.e. light load) may consider a
reduced number of phases. Nonetheless, recalling the design conditions of
section 5.1, the high frequency decoupling capacitor count may largely be defined
by the load current slew rate rather than the output voltage ripple. When this
condition is met, the impact of phase shedding operation on the filter capacitor
size may be low.
Furthermore, any moderate increase of the output voltage ripple under phase
shedding operation might be effectively cancelled out by a corresponding increase
of the switching frequency at light load provided that ZVS is achieved in the LE
transient (see case example of section 5.4.2). Thus, the combination of phase
shedding and switching frequency as function of the load current may allow
maximizing the efficiency throughout the entire load range without compromising
the benefits of multiphase interleaving with regard to the output filter size.
Comparing the efficiency curves of Figure 6.5.1 and Figure 6.5.2 clearly
evidences the advantages of phase shedding to enhance the converter performance
practically in the entire load range (except in deep light load). In the illustration,
this is achieved in detriment of the number of required output filter ceramic
capacitors, which increases from 55 to 70 (since the switching frequency is kept
constant and independent on the load).
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Figure 6.5.1 Efficiency curves corresponding to various power device technologies under the
conditions of Table 6.1-I.
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Figure 6.5.2 Efficiency curves corresponding to various power device technologies under the
conditions of Table 6.1-I (except that the MLCC count increases from 55 to 70) and with phase
shedding control.

In view of this outcome, phase shedding control is revealed as an additional
control feature of future IPM developments, which may need to be combined with
nonlinear hysteretic control schemes in order to produce the above estimated
results and further be complaint with the specifications of the load.
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6.6 Layout arrangement
As seen thus far, next generation MOSFET and IPM technologies will enable
meeting the target VR specifications of Table 6.1-I. As a remarkable result, the
power density of the proposed VR solution will be such that the hardware
implementation may not require additional motherboard area than the CPU load
and the associated heatsink already impose.
Figure 6.6.1 to Figure 6.6.8 illustrate one possible PCB layout arrangement of
the presented solution where all VR power elements (except the input filter
inductor) are fitted underneath the microprocessor heatsink and within the
permissible boundary limits defined by its fixture design according to Intel’s
specifications [81], [310]. Each VR phase consists out of one IPM IC with same
footprint as the PIP212-12M from NXP Semiconductors [311], and a 40nH power
coil from the SCL7649 series of Coilcraft [312].
Four out of the six phases lay along one of the longest sides of the
microprocessor socket, where the available PCB area is the largest, with ~15cm².
The remaining two phases are placed right next to one of the shortest sides of the
CPU socket with an available area of 9cm² and a maximum height of 10mm.
Without exceeding this maximum vertical distance, two dedicated low profile
heatsinks may be designed for the groups of four and two IPM ICs according to
the depicted sketch.
Besides the advantage in PCB area reduction compared to existing solutions
(see section 1.2.9), the close proximity and distributed arrangement of the VR
phases relative to the CPU socket may notably enhance the heat dissipation of
both power coils and IPM ICs as they benefit from a more direct airflow produced
by the CPU fan.
These gains are conditioned by a suitable exploitation of the mainboard’s
bottom layer, where all bulk capacitors corresponding to the output filter are
orderly located right underneath the VR phases. In line with the specifications, the
bulk capacitors must be low profile and have a maximum height of ~2.5mm. The
polymer electrolytic capacitors discussed previously are potential candidates for
their complaince with both the physical and the electrical requirements.
Both top and bottom layers are used to accommodate the high frequency
decoupling capacitors in the PCB. For the purpose of reducing the ESL, the most
suitable location is the centre socket window (the top view is not shown in the
drawings) with an area of ~2.6cm² per layer. Up to 28 ceramic capacitors of the
size 1206 can fit in each layer.
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Figure 6.6.1 3D view of a 6 phaseVR layout arrangement underneath the microprocessor fan.
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Figure 6.6.2 Top view of a 6 phase VR layout arrangement underneath the microprocessor fan.

Figure 6.6.3 Lateral view of a 6 phase VR layout arrangement underneath the microprocessor fan.
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Figure 6.6.4 Top view of a 4+2 phase VR layout arrangement. Low profile heatsinks used to
enhance heat dissipation of the IPM ICs.

Figure 6.6.5 Top view of a 4+2 phase VR layout arrangement without heatsinks.
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Figure 6.6.6 3D view of a 4+2 VR layout arrangement without microprocessor heatsink.

Figure 6.6.7 Bottom layer top view of a 4+2 phase VR layout arrangement. Ceramic capacitors
located in the PCB heatsink window for ESL reduction. Low profile polymer electrolytic capacitors
located on the sides of the PCB heatsink.
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Figure 6.6.8 Bottom layer 3D view of a 4+2 VR layout arrangements. Distribution of output filter
capacitors.

6.7 Mobile laptop applications
The technology demands for next generation laptop applications may differ to
some degree from the ones previously identified for desktop and workstations.
The following study establishes dedicated improvement options for mobile
computer VRs. Unless otherwise specified, the analysis is based upon MOSFETs
mounted in LFPak. This discrete solution employs 2 parallel devices as SyncFET
and one as CtrlFET. The gate driver and half-bridge parameters are configured
according to Table 2.5-I. The specifications of the application correspond to the
year 2014 from
Table 1.1-II.
Figure 6.7.1 shows the loss breakdown of a candidate solution employing 3
phases switching at 700kHz. Since the MOSFET devices are 30V rated and the
maximum input voltage is 19V, avalanche breakdown can only be avoided by
significantly slowing down the CtrlFET switching speed, particularly that of the
turn-off transient. This is done by adding a resistance of 0.5Ω in the gate path,
thus resulting in a total gate resistance of 2Ω at turn-on and 2.5Ω at turn-off. The
moderate switching speed explains the dominating contribution of WioHS(c), which
is slightly higher than the ON conduction losses.
Despite of the low Qoss, another significant contributor due to the high
switching frequency and increased input voltage is WioHBC(s). This portion can get
even higher than the CtrlFET turn-on hard-switching transient.
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(a) CtrlFET loss (1.65W)

(b) SyncFET loss (2W)
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Figure 6.7.1 Trench6 power MOSFET loss breakdown. Fs=700kHz, Np=3, Lo=150nH.

Largely attributed to LHB, the CtrlFET turn-off hard-switching loss is the largest
contribution from the overall switching losses. Consequently, LHB represents,
together with RDS(on)sp, the most important improvement target parameters. Along
with these measures, the reduction of Coss(s) and its strong non-linear voltage
dependence may be considered to both reduce charging-up losses and voltage
stress.
The significance of hard-switching losses renders the gate drive loss the least
relevant contribution, as it can be deduced from the loss breakdown of Figure
6.7.2. In contrast to desktop applications, hard-switching loss represents the
largest portion of all loss contributions.
Simulations indicate that a 60% reduction in LHB (from 2.8nH to 1.1nH) can
reduce hard-switching loss by almost 50%, which represents about 25% reduction
of the total MOSFET losses. Combining this measure with a reduction in RDS(on)sp
by 50% with respect to Trench6 yields an efficiency improvement of
approximately 7%.
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Figure 6.7.2 Improvement options on the case-example of Figure 6.7.1 to achieve ~85% efficiency
in next generation VR laptop solutions.

Table 6.7-I overviews the general requirements for the next generation laptop
applications based on two different solutions. The first approach is implemented
with currently available discrete devices, which results in a VR featuring 83%
efficiency and a maximum power density of 7W/cm³ with 3 interleaved phases.
The main limitation of this solution is the high number of bulk capacitors required
to fulfill the load regulations. In order to minimize the capacitor count and
increase the power density, both output filter inductance and switching period may
be reduced. Accordingly, the proposed solution aims at halving the output
inductance and increasing the switching frequency to 700kHz, thereby achieving
30% higher power density and a drastic reduction of the bulk capacitors. The
converter efficiency at heavy load lowers only slightly with the replacement of the
Trench6 by the Trench7 technology and by enabling the use of the PIP212-12M
package for 20V input voltage applications. This would effectively reduce LHB
from 2.8nH to around 1.6nH.
Additional gains in efficiency and power density may imply the use of 40V
devices to allow for higher switching speeds. Similar measures as proposed in the
previous sections may further be adopted in laptop applications as well (e.g. phase
shedding).
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Table 6.7-I Proposed roadmap for next generation laptop applications.
Existing technology

Proposed solution

Discrete LFPak

SOT684‐4

Trench6

Trench7

Output inductor (nH)

300

150

Number of bulk capacitors

18

7

Number of phases

3

3

Switching frequency (kHz)

300

700

Efficiency at full load (%)

83

82

Power density (W/cm³)

7

10

Package
MOSFET technology (NXP Semicon.)
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Chapter 7

Conclusions and future work

The contributions of this thesis work can be summarized as follows:
- Development of practical power MOSFET and SRBC models for
investigating switching phenomena in high switching frequency VR
applications.
- Implementation of a generalized design methodology to aid the
development of power conversion technologies, in particular,
modern power MOSFETs and integrated power modules for high
current, low voltage and high switching frequency operation.
- Comprehensive description of switching phenomena in high
switching frequency VRs, from which loss mechanisms can be
identified, understood and their effects quantified.
- Guidelines for the design optimization of VRs.
- Identification of power density and efficiency limitations of
conventional VR topologies to power next generation computer
microprocessors.
- Establishment of roadmap targets to fulfill the power demands of
next generation computer microprocessors.
The synchronous rectifier buck converter (SRBC) has been studied as a power
solution to fulfill the energy demands of next generation computer
microprocessors. A number of relevant technology performance requirements
have been identified that, once available, will make the SRBC based multiphase
architecture a potential candidate to power modern desktop, workstation and
server CPUs in the years to come.
Predictions indicate that efficiencies over 75% at full load can be achieved in
next generation desktop CPUs. With this minimum acceptable efficiency
(according to Intel® specifications), the occupied mainboard area may be such
that the entire VR can fit underneath the processor’s heatsink. This is provided
that,
- At least 6 VR phases are interleaved (i.e. up to 33A per phase), each of
which comprises one IPM IC.
- RDS(on)sp is further reduced by at least 30% w.r.t. the recently developed
30V Trench6 MOSFETs (from NXP Semiconductors) without
compromising the switching performance of this technology. This may
imply the following figures to be met: RDS(on)sp<10mΩ·mm²,
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QGDRDSon<15nC·mΩ and QGtRDSon<60nC·mΩ. This allows keeping the
maximum die area within the limits of existing IPM footprints (e.g.
<17mm²)
The gate driving and input impedance of power MOSFETs enable
switching frequencies of ~2MHz with extreme low duty cycles (conversion
from 12V to 0.5V).
Dedicated efficient gate drive voltage supply (i.e. 5V in both MOSFETs)
can be arranged.
Package inductance of IPM reduces further to meet LHB<1nH.
Reliable adaptive deadtime control at Fs ≤ 2MHz is enabled to eliminate
body diode conduction and shoot-through.
Gate bounce susceptibility is low enough to avoid SyncFET spurious turnon losses.
Nonlinear hysteretic control (and additionally phase shedding control for
improved performance at light load) is chosen as main regulation scheme.
Use of low profile bulk capacitors such as polymer electrolytic mounted on
the bottom layer of the mainboard.

Forecasted MOSFET and IPM technologies such as GaN power switches and
embedded active packages may potentially enable these requirements and thus
represent imminent alternatives to presently exploited mature silicon technologies.
These findings are predictions primarily based on simulations. Experimental
results (once the technology is available) should be the most obvious follow-up to
this thesis work.
Essential to achieving the demanded targets are the integrated powertrains, the
performance advantages of which have been clearly identified along the
discussions. These IPM solutions represent the potential pathways to enable faster
switching, reduced parasitic inductances, smaller footprint as well as the effective
exploitation of power saving functionalities such as automatic deadtime reduction.
Additional identified improvement options include the implementation of a
resonant gate driver topology for the SyncFET capable of reducing driver losses
by as much as 40% with a 6% penalty in ON conduction losses. These results are
possible provided that the resistance of the gate driver path can be minimized with
respect to present typical values. One of the most relevant gate resistance
contributors is that of the polysilicon gate in current MOSFET devices, which
should be reduced down to at least 0.2Ω so as to make resonant gate driver
topologies effective in this application.
Regarding optimization guidelines, it has been argued that the switching
frequency required to achieve a given target converter size (and/or dynamic
response) can be effectively minimized by allowing higher ripple current
operation. This is particularly accentuated for extreme duty cycle operation and in
those cases where the inductor size dominates the VR volume. Within certain
limits, the output current ripple increase happens to be generally more efficient
than the otherwise increase of the switching frequency needed to achieve the same
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intended performance. The output filter capacitor count is not generally affected
by a moderate increase of the output current ripple as long as it is the load
transient response (rather than the steady state ripple) what mainly determines the
size of the capacitor bank. For the conditions considered herein, optimum coil
inductances can effectively reach values down to 40nH at 2MHz, and 8nH at
9MHz with an optimum current ripple of ~7A (i.e. ~20% of the maximum current
per phase). Accordingly, in order to achieve the maximum effectiveness, low
inductance power coils should be optimized for these high frequency and high
current ripple waveforms.
Of significant importance in the optimization process is the CtrlFET gate drive
current. The benefits of arrangenging individual gate drive paths to enable
different turn-on and turn-off speeds have been identified. The limited switching
speed capabilities of both driver and MOSFET can make the existing parasitic
half-bridge loop inductance and output capacitance advantageous to minimize the
switching losses. In order to achieve the intended snubber effects, the optimum
turn-on and turn-off speeds must be adjusted according to the value of these
parasitic elements. The lower these ones become (by means, for instance, of
improvements in device and integration technologies), the higher the demands for
shorter switching times will be.
Upon such optimum operating conditions, a loss breakdown of commercial low
inductance airgaped power coils for VR shows that winding losses may dominate
over core losses at heavy load. The significance of the copper losses despite of the
extremely low DC resistance may be attributed to current crowding effects in the
conductor region near the airgap. Distributed airgap cores may emerge as
preferred alternatives to enhance current uniformity, hence reducing conduction
loss. Further investigations on power losses and heat transfer in magnetic
components may be of relevant interest as switching frequencies enable the use of
miniaturized power coils that may be integrated within the semiconductor module.
Achieving significant efficiency gains with the use of existing technologies
may only be possible by way of alternative ZVS transformer based topologies,
such as resonant converters. This is particularly the case in laptop applications, as
the large voltage conversion ratios represent one of the main barriers against high
switching frequency operation. This is supported by the following conclusive
switching analysis results of IPM-based solutions,
- The half-bridge loop inductance triggers avalanche breakdown in both
switches. In order to avoid it, the switching speed, and hence the switching
frequency, may need to be limited. The optimum switching speed may
primarily depend on the avalanche voltage level, the load current (mainly
at turn-off), the input voltage and the resonant circuit formed by the output
capacitance and the loop inductance. The nonlinearity of the output
capacitance further increases the overshoot voltage stress.
- Reducing the parasitic half-bridge loop inductance is the most effective
measure to mitigate turn-off switching losses at high currents. In most
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cases, lowering LHB further represents the most relevant improvement
option as switching off losses frequently dominate.
Because of the overshoot spikes, the maximum voltage rating of the power
MOSFETs should be limited to >30V in most cases. In laptop applications
the voltage rating may be even higher (>45V).
Overshoot spikes can be mitigated by reducing the nonlinearity of the
MOSFET’s output capacitances (for instance, with the parallel connexion
of a linear capacitance).
The SyncFET output charge may produce (due to the large chip size)
significant switching losses in the leading edge transient, particularly at
high input voltages. The nonlinearity of the SyncFET output capacitance
further increases these charging losses.

For their intrinsic features, all of the above identified issues of the SRBC can
be avoided with ZVS topologies, which may justify an in-depth exploration of
resonant converters in future VR-related research.
Proper VR operation relies on measures to shun body diode conduction and
gate bounce:
The first measure is accomplished by means of IPM equipped with integrated
adaptive dead time control that effectively allows avoiding body diode ON
conduction and reverse recovery losses. The latter loss mechanism can vanish
without enforcing shoot-through. Namely, according to the body effect, it is
sufficient that the gate voltage stays above zero volts and within the subthreshold
region prior to the CtrlFET turn-on. Therefore, the body effect relaxes the required
accuracy of the dead time control to avoid reverse recovery.
On the other hand, automatic deadtime control increases the susceptibility of
the SyncFET to gate bounce shoot-through since the gate-source capacitance at
the time of the CtrlFET turn-on is not fully discharged. The proposed definition of
gate bounce susceptibility takes into account the initial conditions in the device
and the nonlinearity of the transfer capacitance. Of primary importance is to insure
that the gate-drain capacitance is sufficiently lower than the total input capacitance
such that, under worst-case conditions, the SyncFET channel cannot be spuriously
turned on.
These conclusions rely on a number of modeling tools, the development of
which have been one main focus of this thesis work. These models represent the
foundations of the proposed co-design approach that allows examining the
behavior of power MOSFETs in the converter circuit under various control
schemes. This has been performed in an iterative development process flow
referred to as virtual design loop. Therefore, the SRBC has been comprehensively
analyzed to identify and quantify power MOSFET loss mechanisms. Combined
with FE-simulations, an improved power MOSFET technology (Trench6) has
been developed by NXP Semiconductors which has led to the validation of both
the models and the methodology. The new MOSFET structure complements the
extensive experimental characterization and measurement results presented along
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simulated data. As predicted by the virtual loop analysis, Trench6 offers
significant performance improvements primarily by way of reducing ON state
resistance and improved gate bounce susceptibility without significantly degrading
any switching characteristics.
The virtual design loop is a general methodological concept that may be
applied to other engineering disciplines. Its effectiveness lies on the accuracy and
tractability of the models employed, which constitute the main advantages of the
approach. In this study, four different models have been developed and exploited
for different purposes.
Model level 0 is presented as a behavioral circuit simulator model featuring
high accuracy and allowing a detailed description of switching phenomena. The
model has been crucial to understand switching behavior, identify switching loss
mechanisms and validate simplified models.
Model level 1 is analytical-based and describes switching waveforms by means
of piecewise linear intervals. The model effectively represents the fundamentals of
switching phenomena by ignoring second order effects and sets the basis for the
derivation of compact switching loss expressions. The accuracy of the model can
be adapted to the simulation demands by increasing the number of concatenated
linear intervals. Simulations results demonstrate that model level 1 can be accurate
and significantly faster than the SPICE simulations of model level 0.
Model level 2 is based on simplified loss expressions mostly derived from
model level 1. The equations, though being in some cases less accurate than the
numerical computations of model level 0, allow a compact description of the
converter performance from which parameter dependencies can be readily
assessed both quantitatively and qualitatively.
Model level 3 results into FoM for circuit and device optimization aiming at a
particular application. Thus, all relevant circuit and device parameters are included
in the expressions. FoM units are expressed in Joules so that different technologies
may be compared in terms of losses under optimum conditions. These FoM derive
from simplifications of the equations from model level 2. Expressions
approximate the optimum area of both SyncFET and CtrlFET for a set of electrical
conditions such as the driver voltages.
Combining these FoM with the loss estimations of both the PCB layout and
filter components sets out a series of VR design guidelines that allow a rigorous
exploration of the performance limitations of existing and future technologies.
Based on various design criteria, these guidelines offer a systematic procedure to
optimize converter circuit. This includes the estimation of parameters such as the
number of phases, the switching frequency and the filter size.

Appendix A

Third quadrant DC output
characteristics of low voltage
trench MOSFETs

The advantages of higher switching frequencies in SMPS cannot often be
realized due to switching losses. Thus, a fundamental understanding of switching
transients has become a key goal to future optimal high frequency SMPS designs.
Today, device modeling and circuit simulators are fundamental tools to carry
out transient analysis and power loss calculations of rather complex nonlinear
networks. For the synchronous buck converter used in VR applications, major
concerns are the power losses generated in the SyncFET, particularly, reverse
recovery and conduction losses in the body diode. Several studies on these loss
contributions have been published, stating the importance of reducing them and
proposing techniques to achieve it. However, in order to come up with effective
measures to mitigate SyncFET losses, further insights of the third quadrant
operation are required.
This section deals with large die size trench MOSFETs for high current, high
frequency applications, aiming at a comprehensive study of the device static
behavior in the third quadrant. The investigations demonstrate that body diode
conduction is strongly influenced by significant sub-threshold reverse channel
conduction. This intrinsic effect is fundamental and allows explaining some
switching transient behavior, as it shall be seen in Appendix B. Therefore, the
inclusion of the third quadrant output characteristics in any circuital MOSFET
model leads to a more accurate device description and improved power loss
predictions.

A.1 DC output characteristics
Semiconductor manufacturers typically specify the DC output characteristics of
power MOSFETs in datasheets, i.e. drain current iD versus voltage vDS at different
vGS voltages. Yet, such specification only refers to the operation in the first
quadrant i.e. positive vDS voltage. Regarding the third quadrant, i.e. voltage vDS is
negative, only the body diode forward characteristic is usually specified for zero
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volts vGS. No further information about the channel current in the third quadrant
and its vGS dependence is provided.
In circuit simulations where this information may be relevant, it is usually
assumed that the first and third quadrants are symmetric and that the body diode
forward characteristic is independent on vGS [315]-[316]. As shown in Figure
A.1.1, such assumption is not always valid. The plot depicts experimental results
corresponding to the output characteristics of an N-channel power trench
MOSFET (PHB96NQ03LT) for VR applications. The main characteristics of the
measured device are:
- Maximum drain current iD=75A.
- Maximum drain-to-source voltage vDS=25V.
junction
- 5mΩ RDSon at gate-to-source voltage vGS=10V and
temperature Tj=25°C.
- Typical gate-to-source threshold voltage (iD=1mA, vDS=vGS)
VGS(th)=1.5V at Tj=25°C.
Note that the measurements are performed with a curve tracer featuring fast
measurement acquisition times (<150μs for each vGS trace) and therefore selfheating effects in the device under test are minimized.
10V
5V
4V 3.5V

80

3V

iD [A]

60

40
2.5V
20
2V
1

0.5

0

0.5

1

1.5

2
-2V.. 1.5V

20

vDS [V]
-2V, -1V
40
0V

1V

2V
2.5V
1.5V
3V 4V
3.5V

Figure A.1.1 Measurement results of the output characteristics of a trench MOSFET device
(PHB96NQ03LT from NXP Semiconductors). First and third quadrants are depicted for various vGS at
25ºC.
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From the measurement results it can be observed that:
- The body diode forward characteristic seems to be modulated by
voltage vGS in the sub-threshold region, even at negative vGS values
down to -1V.
- At a given vGS in the threshold region (i.e. voltage vGS close to
VGS(th)), the drain current magnitude in the third quadrant is much
larger than that in the first quadrant, also at low vDS. For instance, at
vGS=2V and vDS=-0.5V the drain current reaches -40A. In the first
quadrant however, the maximum drain current at the same vGS is
about only a few amps.
- A symmetric characteristic between the first and third quadrant
appears to be at high vGS.
This characteristic behavior is not exclusive of trench MOS technologies as it
may also occur in other types of vertical MOSFETs such as DMOS, CoolMOSTM
and planar structures.
In the following subsections the third quadrant output characteristics is
described in more detail by looking at the internal structure of the device and
analyzing the origin of this significant reverse current conduction.

A.2 Device physics simulations vs. measurement
results
MEDICI simulations are carried out to get further insights into the device’s
fundamental behavior in the third quadrant output characteristics. Current flow
lines and carrier concentrations are analyzed under specific boundary conditions.
MEDICI is based on a finite element method approach to simulate complex
semiconductor structures. A wide variety of device technologies like vertical
MOSFETs can be analyzed. In this study, a trench MOS cell geometry
corresponding to the PHB96NQ03LT device is modeled. Due to the symmetry of
the structure, only half of the trench is modeled. The width of the channel (i.e. the
third dimension) is supposed to be very large.
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Figure A.2.1 Comparison between measurement and simulation of the output characteristics of a
trench MOSFET device (PHB96NQ03L from NXP Semiconductors). First and third quadrants are
depicted for various vGS. Both measurement and simulation refer to 25ºC.

Figure A.2.1 compares measurement and simulation results of the DC output
characteristics of the trench MOSFET. Note that the simulation data are scaled to
the corresponding size of the MOSFET die. Package resistance is not included.
The good matching between simulation and measurement demonstrates the high
accuracy that the FE simulator can offer with the simplified 2D geometrical
representation.

A.3 Comparison of the first and 3Q DC output
characteristics
Figure A.3.1 and Figure A.3.2 represents 2D numerical simulated results in 3D
graphs of the first and third quadrant DC output characteristics respectively. The
drain current difference between the first and third quadrant is depicted in Figure
A.3.3. For the representation, the first quadrant current is mirrored onto the third
one. Current difference ΔiD is therefore obtained by applying,
∆

is the third quadrant drain current and
Current
drain current mirrored into the third quadrant.

(A.1)
the first quadrant
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Figure A.3.1 Simulated 3D representation of the first quadrant DC output characteristics of a trench
MOSFET device (PHB96NQ03LT from NXP Semiconductors) at 25ºC.
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vGS [
V]

v DS

[V]

Figure A.3.2 Simulated 3D representation of the third quadrant DC output characteristics of a
trench MOSFET device (PHB96NQ03LT from NXP Semiconductors) at 25ºC.
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vG [
S V]

v DS
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Figure A.3.3 Simulated 3D representation of the current difference between third and first quadrant
of the DC output characteristics of a trench MOSFET device (PHB96NQ03LT from NXP
Semiconductors) at 25ºC. Note that for the representation, the first quadrant is mirrored into the third
quadrant.

Figure A.3.3 shows that the difference in current conduction between the first
and third quadrants is not only caused by the body diode conduction above 0.7V,
but also due to a significant current modulated by vGS in the threshold and subthreshold regions.
A further comparative study of the first and third quadrant can be made by
representing the measurement results of Figure A.1.1 in the way shown in Figure
A.3.4. Every curve in the graph corresponds to a specific drain current value and
shows the required vGS level to keep the drain current constant as function of vDS.
Therefore, the curves represent the switching trajectories of an inductive load
application where the current is impressed into the devices rather than the voltage.
According to the trajectories, in the first quadrant every curve is expected to
flatten out as the device enters the active region and vDS rises. Each vGS value
where the curve saturates corresponds to a specific point in the MOSFET´s
transfer curve.
In the third quadrant though, the curves do not flatten but continue to decrease
even further. Thus, reverse current conduction occurs below the first quadrant
threshold voltage and below the conventional body diode forward voltage
conduction. A drain current value in the active region of the first quadrant at a
given vGS is therefore always lower than that in the third quadrant for the same vGS.
At low vDS the MOSFET enters the ohmic region, leading to a symmetric
behavior between first and third quadrant.
Figure A.3.5 shows measurement results at 125°C. Temperature affects
MOSFET parameters such as RDSon, threshold voltage and forward diode
conduction. The positive thermal coefficient of the RDSon makes the MOSFET to
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be in the ohmic region at higher vDS with increase temperature. The threshold
voltage reduction as temperature rises is reflected in the third quadrant curves by a
reduction of vGS in the active region. The negative thermal coefficient of the body
diode forward voltage curve makes the diode current to be relevant at lower vDS
(absolute values) in the third quadrant.
5

4

iD3q =-3,-6 ,..-30A
iD1q =3,6, ..30A

3

vGS [V]
2

1

0

0.2

0.4

0.6

0.8

⎢vDS ⎪ [V]
Figure A.3.4 Representation of the gate-to-source voltage required to keep a certain drain current
constant at different drain-to-source voltages. Comparison between the first (iD1q) and third quadrant
(iD3q)
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Figure A.3.5. Representation of the gate-to-source voltage required to keep a certain drain current
constant at different drain-to-source voltages. Comparison between the first (iD1q) and third quadrant
(iD3q) operation. Measurement results at 125°C. MOSFET: PHB96NQ03LT

from NXP

Semiconductors.

A.4 3Q current flow through a trench cell
The aim of the following simulations is to study the current flow in the third
quadrant of the output characteristics. For this purpose, two important aspects are
considered. Firstly, the amount of electrons and holes that carry the current, and
secondly the trench cell regions from which carriers flow. Figure A.4.1 depicts the
ratio of electron to hole current at the drain (qeh, drain) and source (qeh, source)
electrodes as function of -vDS (i.e. source-to-drain voltage) and for various vGS. The
results demonstrate that the major contributors to current flow are electrons rather
than holes, not only at the drain but also at the source electrode at moderated -vDS
and with increasing vGS. At high -vDS, i.e. the body diode fully conducts, holes play
an important role in current conduction, both at the drain (as minority carriers) and
source electrodes. The electron to hole current ratio decreases at low -vDS.
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Figure A.4.1 Ratio of electron to hole current at the drain and source contacts. Device:
PHB96NQ03LT from NXP Semiconductors. Temperature: 25°C.

The current distribution through the trench cell is investigated under the six
different electrical conditions of Table A.4-I. The drain current refers to Figure
A.2.1. The vGS values are within the sub-threshold region. Three different vDS
voltages are applied. Corresponding current flow lines and electron concentration
are depicted in Figure A.4.2 to Figure A.4.7.
Figure A.4.2 indicates the location of the gate, drain and source electrodes as
well as body region in the MOSFET cell. The Y-axis corresponds to the trench cell
depth direction, whereas the X-axis refers to the cell length direction. The length of
half trench cell is 2μm. The trench cell depth including substrate and metallization
is 6μm. The trench depth is 1.5μm. Source and body are shorted at the surface with
a metal contact (i.e. source electrode).
Table A.4-I Simulated electrical conditions for the current flow line graphs.
Voltage vDS (V)

Voltage vGS (V)

Current iD (A)

‐0.1

0

‐400∙10‐12

1

‐32∙10‐6

0

‐30∙10‐6

1

‐1.2

0

‐13.8

1

‐42

‐0.4

‐0.8
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The electron concentration and current flow lines graphs show for every
electrical condition how current distributes through the cell structure, i.e. the
current distribution through body diode and channel regions.
In the simulation of Figure A.4.2 (vDS=-0.1V, vGS=0V), only a few hundred
picoamps flow. Current flow lines indicate that this small amount of current is
distributed through both body diode and channel regions even though the
inversion channel layer is not yet formed. Although the channel region is much
smaller than the body region, most of the flow lines are concentrated at the
surface, showing that an important percentage of the total current is due to channel
conduction. This is in agreements with the electron concentration graph showing
the presence of a higher electron concentration in the channel than in the body
region.
Figure A.4.3 shows the result of increasing voltage vGS from 0 to 1 volt. The
total current is still low but has increased to some tens of microamps. The electron
concentration graph shows that there has been an increase of electrons in the
channel region, whereas the electron concentration in the body region remains
virtually constant. This indicates that the total current increase is caused by
channel conduction. Since the positive vGS depletes the channel of holes, the
majority current carriers are conduction electrons in that region.
A similar behavior can also be observed at vDS=-0.4V from Figure A.4.4 and
Figure A.4.5. A higher electron concentration in the channel than in the body
region already occurs at vGS=0V, indicating that the drain current mainly flows
through the channel. The difference in work functions between the body and gate
materials (semiconductor and metal respectively) generates a partial depletion of
holes in the channel. This is the reason why free electrons are likely concentrated
in the channel region rather than in the body even without any external positive
gate-to-source potential [317]. The drain current increases dramatically above one
amp as soon as vGS is increased from zero to one volt since a large number of free
electrons from the drain are attracted to the channel. Again, the drain current rise
is essentially caused by an increase of electron concentration in the channel.
High drain current results from applying a forward voltage of 0.8 volts across
the body diode. This is depicted in Figure A.4.6. Voltage vGS is kept at zero volts
during the simulation. Figure A.4.7 shows the results of applying one volt vGS. The
electron concentration in the body region is approximately equal to that for
vGS=0V, whereas the electron concentration in the channel region has increased.
This results in a total current of 42A (28.2A higher than in case of vGS=0V). The
drain current has been amplified by 3 due to channel electron conduction.
These simulation results demonstrate that the drain current in the third quadrant
of the output characteristics is characterized by electron conduction in the channel
region, which is modulated by the gate-to-source voltage at even values below
threshold. This is in agreement with [318]-[319]. The body diode current becomes
important when it is forward biased with voltages above 0.7V (at 25°C). Below
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e- concentration (log scale)

this voltage value, the drain current is essentially caused by channel electron
conduction.

Source
electrode

Drain
electrode

body

x [µm]

Gate Channel
electrode

y [µm]
Figure A.4.2 2D numerical simulation of a half trench MOSFET cell. Sub-threshold electron
concentration and current flow lines graphs at vGS=0V and vDS=-0.1V. Note that simulated currents are
specified in A/mm2.
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Figure A.4.3. 2D numerical simulation of a half trench MOSFET cell. Sub-threshold electron

x [µm]

concentration and current flow lines graphs at vGS=1V and vDS=-0.1V.

y [µm]
Figure A.4.4. 2D numerical simulation of a half trench MOSFET cell. Sub-threshold electron
concentration and current flow lines graphs at vGS=0V and vDS=-0.4V.
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y [µm]
Figure A.4.5. 2D numerical simulation of a half trench MOSFET cell. Sub-threshold electron

x [µm]

concentration and current flow lines graphs at vGS=1V and vDS=-0.4V.

y [µm]
Figure A.4.6. 2D numerical simulation of a half trench MOSFET cell. Sub-threshold electron
concentration and current flow lines graphs at vGS=0V and vDS=-0.8V.
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Figure A.4.7. 2D numerical simulation of a half trench MOSFET cell. Sub-threshold electron
concentration and current flow lines graphs at vGS=1V and vDS=-0.8V.
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Appendix B

Reverse recovery in LV trench
MOSFETs

The optimization of power MOSFETs for high-frequency power converters
needs a precise description of their dynamics behavior and the impact in the
application. Circuit simulators are effective to analyze switching transients of
power converters, yet they require accurate models to assess the device
performance. This section presents a reverse recovery model for low voltage
trench MOSFETs [323].
A simple lumped model approach is employed to represent the dynamics of
diffusion and recombination processes of the MOSFET’s intrinsic body diode.
The parameters of the model are adjusted from reverse recovery waveforms
resulting from rather accurate finite element (FE) simulations or, alternatively,
from measurements. In either way, the required body diode diffusion current is
extracted from the drain terminal current. This involves the identification of both
channel current and MOSFET capacitance current, which are superimposed to the
body diode diffusion current.
Channel conduction is manifested by the so-called “body effect” [324]-[325]
even though the gate voltage is well below the nominal threshold voltage of the
device (see Appendix A). This channel current is proven to have a significant
impact in the reverse recovery transient curves as it provides an alternative low
ohmic path to the drain current. FE-simulations reveal the existence of this
channel conduction. Further, internal circulating currents between the body diode
and channel regions exist that cannot be observed from the terminals. The deembedding of the drain current forms the basis of a curve fitting procedure to
derive the parameter values of the diode model. FE-simulations validate the
performance of the proposed reverse recovery representation.

B.1 Impact of the body-effect in reverse recovery
transients
According to the description of Appendix A, the effective threshold voltage
reduction in the third quadrant conduction observed in the DC output
characteristics of MOSFETs is consequence of the body-effect.
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The DC current in the third quadrant may therefore result from two main
carrier transport phenomena; namely, diffusion of minority carriers in the body
diode, and drift of majority carriers in the channel even though the gate voltage
may be lower than the nominal threshold voltage (VTH0).
This static characteristic behavior has a major impact on the dynamics of
reverse recovery. Firstly, the reverse recovery current is observed to be strongly
dependent on the gate voltage in the subthreshold region because the stored charge
is affected by a split of the drain current between the channel and body diode
regions prior to switching. And secondly, since the diffusion current during
reverse recovery may alternatively flow through the channel, an internal
circulating current flow may arise that reduces the external drain current. Thus, the
measured reverse current at the drain terminal may appear significantly lower than
the actual internal body diode current.
Figure B.1.2 illustrates the impact of the body-effect in the reverse recovery
curves. The data results from FE-simulations corresponding to the resistive
reverse recovery setup and trench cell structure of Figure B.1.1. Current and
voltage waveforms are shown at three different gate voltage biases. Furthermore,
current flow lines through the MOSFETs cell are depicted at various time instants
for investigations on the current distribution.
(a)

(b)
(Source) Oxide

R
iD
vDS

vin
VGS

Si P-type
(body)

Source
implant

(Gate)

Drift

(Drain)

Figure B.1.1 (a) Resistive load reverse recovery circuit diagram. (b) 2D representation of the
simulated half-trench MOSFET cell.

As observed in the time dependent graphs, the reverse current conduction 11 in
the three considered cases are significantly different, being the simulation at
VGS=-5V the one with the longest reverse current time, and the simulation at
VGS=1V with the shortest. The current flow lines reveal that, in the latter case, the
drain current flows almost entirely through the channel region prior to switching.

11

Reverse current conduction refers to the body diode. Thus, this happens when the drain current is

positive.
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Since no diffusion current is present, the reverse current during the transient is
uniquely caused by the output capacitance charge, i.e. the depletion capacitance of
the body diode and the gate to drain oxide capacitance. Voltage VDS rapidly rises
when the current reverses, which causes the channel to block. Prior to switching at
VGS=-5V, the drain current entirely flows through the body diode, i.e. the inversion
layer is not formed. During reverse conduction, current flows from drain to source
through the body region as the drain to source voltage remains virtually constant
at -0.7V, which is a clear indication of current flow due to diffusion of minority
stored charges.
The current flow lines at VGS=0V indicate that the drain current flows through
both body diode and channel regions. Thus, the reverse current caused by charge
diffusion is lower than in case of VGS=-5V, as the initial forward current through
the body diode is lower. It is further observed an internal circulating current
between channel and body diode during reverse current conduction. Some of the
flow lines cross the p-n junction from the body diode to the drift region and return
to the source through the channel, which is conducting since VDS remains negative.
Other flow lines do not cross the p-n junction to get into the drift region, but trace
a circulating path through the body region, channel, source implant and source
metallization. It is therefore expected that the internal diffusion current is higher
than the current at the drain terminal. When the body diode blocks, VDS rises and
the drain current is predominantly capacitive.
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Figure B.1.2 Resistive reverse recovery transient curves and current flow lines for various gate
voltages. Data result from 2D FE-simulations of the trench cell of Figure B.1.1 (b) with a scale factor
corresponding to a 1mm² active area. Steady state conditions prior to switching correspond to those at
time t1.
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B.2 Reverse recovery circuit model
The main purpose of this section is to present a behavioral model that
represents reverse recovery transients according to the description given in the
previous section. The proposed model reproduces the MOSFET operation as the
sum of the diffusion and drift carrier transport phenomena, as well as the
capacitance current. The resulting circuit diagram is depicted in Figure B.2.1. The
three current contributors are independently modeled as described in [323].
The output capacitance shown in Figure B.2.2 is obtained from FE-simulations
by means of voltage ramp transients. The resulting data are table-based
represented in the circuit simulator.
For modeling the channel conduction in the third quadrant, the following
assumption based on the body-effect is taken: The increase of drain current when
the gate voltage rises is merely due to an increase of channel conduction.
According to this, channel and body diode current can be distinguished from the
output characteristics. That is, in the third quadrant there exists a gate voltage
below which the drain current gets independent of. Such drain current curve
corresponds to the diode current. The difference between the body diode current
and the total drain current is thus the channel current. Figure B.2.3 shows the deembedding of both channel and body diode currents for the present case study. As
it is depicted, the channel current reaches maximum values at VDS below -0.7V,
and tends to zero at strong body diode conduction. The resulting channel curve at
a low current level is shown in the diagram of Figure B.2.4 in comparison to the
predicted curve resulting from applying the body-effect theory [326]. The
theoretical curve is very sensitive to the concentration of holes NA in the body
region. The high non-uniformity of this concentration in the simulated trench cell
makes difficult to assign a uniform equivalent value assumed in the theory. The
channel behavior is modeled in a circuit simulator by means of a curve fitting
function.
Finally, the body diode diffusion current is modeled employing the following
empiric equation based on [327],
·

1
(B.1)

where Idio is the body diode static characteristics (see Figure B.2.3), Idiff0 is the
initial condition of the integral, and βrr and tβrr are fitting parameters. As done for
the channel current, Idio is modeled in the circuit simulator using a curve fitting
function.
Figure B.2.4 shows reverse recovery transient curves resulting from both FEand circuit simulations. Parameters βrr and tβrr are adjusted to best match the FEsimulated curves. Regarding voltage and current waveforms, the simple body
diode model together with the channel and capacitance data agree with the FE-
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simulation approach. For the case of VGS=0V, circuit simulation predicts and
quantifies the internal circulating current between channel and diode, which
results in a body diode current peak higher than the drain current.
As described in [323], the reverse recovery model can also be applied for
describing real devices by means of experimental characterization.
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Rcn
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diode

MOSFET’s reverse recovery
model at constant VGS
Figure B.2.1 Circuit diagram of the resistive load reverse recovery and MOSFET’s equivalent
circuit.

COSS
[nF]

vDS [V]

vGS [V]
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Figure B.2.2 MOSFET’s output capacitance. Data result from 2D FE-simulations of the trench cell
of Figure B.1.1 (b) with a scale factor corresponding to a 1mm² active area.
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Figure B.2.3 Third quadrant output characteristics. Drain current de-embedding. Data result from
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Figure B.2.5 Comparison of resistive reverse recovery curves resulting from FE-simulations
(Figure B.1.2) and SPICE simulations of the proposed behavioral model.

B.3 SPICE simulations of a synchronous buck
converter
The effect of channel electron conduction as majority carriers in the third
quadrant sub-threshold region may impact on both switching and conduction
losses in the application. Firstly, because as channel conduction increases, the
power loss due to the reverse recovery of the minority mobile stored charge
reduces. And secondly, because vDS voltage drop can be considerably lower than
the conventional body diode forward voltage, with a consequent conduction power
loss reduction.
The importance of this effect is illustrated by means of SPICE simulations of a
synchronous buck converter. Figure B.3.1 shows the circuit diagram under
consideration. For the sake of simplicity, the input and output of the converter is
modelled as an ideal voltage and current source respectively. Values are specified
in Table A.4-I. Note that the parasitic impedance values Lg, Rg, Ld, Rd, Ls and Rs
do not correspond to any particular circuit arrangement (package device, PCB
layout, etc.). A table based behavioural macro MOSFET model [323], [328] is
applied for modelling in SPICE switches T1 and T2. The required data (i.e.
capacitance, channel and body diode characteristics) are gathered from MEDICI
simulations corresponding to the PHB96NQ03LT device. The body diode reverse
recovery effect is modelled as proposed in [327] and integrated as a part of the
macro model.
The switching interval in which switch T2 turns off and switch T1 turns on is
analysed. In the usual operation, there exists a certain time delay between the T2
turn-off and the T1 turn-on that avoids cross conduction. The body diode of T2
takes over the output current during that delay time. Thus, reverse recovery occurs
when T1 turns on and the diode blocks. SPICE simulation results from Figure
B.3.2 to Figure B.3.4 illustrate this behaviour in detail. In of Figure B.3.2
(case (a)), driving voltage vdrv2 of T2 switches from 10V to 0V linearly. When
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vgs2 drops down to a sufficiently low value the body diode starts conducting and
partially takes over the output current i0 (at vGS=0V part of the total drain current
still flows through the channel in the third quadrant). Voltage vgs2 may
significantly bounce during current and/or voltage variation due to the gate
parasitic impedance, which affects the body diode current. Meanwhile switch T1
is turned on. Driving signal 12 vdrv1 switches from 0V to 10V linearly in 20ns. The
feedback effect of the source inductance considerably delays the commutation,
which is translated in a long quasi-plateau shape in the vgs1 waveform. During the
Miller plateau voltage vds1 rises and switch T1 conducts the output current. The
oscillatory energy generated in the commutation is dissipated in the parasitic
resistance of the circuit. Notice that the maximum peak of the voltage oscillation
across vds2 can be considerably high, even enough to cause breakthrough.
The loss energy in body diode and channel can be calculated by the subtraction
of the capacitive current from the total drain current, i.e. looking at Figure B.3.1
the subtraction leaves id1nc or id2nc [329], and multiplying the result by vDS (i.e.
vds1 or vds2 in the proposed example). It provides the power loss in the MOSFET
excluding the gate, package and pins resistance at a certain instant of time. The
loss energy is then obtained by integrating this instantaneous power along the
time. In the example this operation is calculated for switches T1 and T2 at the time
interval (0, 100ns). The resulting loss energy is 1.08μJ.
In simulation results of Figure B.3.2 (case (b)) a DC voltage of 0.5V is added
to the drive signal of switch T2. Therefore the upper limit of vdrv2 becomes 10.5V
and the lower limit 0.5V. This change alone significantly impacts on the switching
behaviour. Three relevant aspects of the resulting waveforms must be pointed out.
First, the positive voltage value across vgs2 during the third quadrant operation of
switch T2 is sufficiently high to practically eliminate body diode conduction and
thus reverse recovery. Note that during the turn-on of T1, vgs2 bounces around
0.5V, always below threshold and above zero volts. Second, the mitigation of
reverse recovery current has the direct implication of lowering down current and
voltage oscillations, which in turn reduces switching power losses in switch T1 as
well as electromagnetic interference (EMI). And third, voltage vds2 during the
third quadrant operation is slightly reduced, and so are the conduction losses. The
calculated loss energy in this case is 0.61μJ, which means a 43% reduction in
comparison to case (a).

12

The driver signals have not been optimized to reduce power losses in order to avoid effects that

are out of the subject. The setup is arranged in a way to illustrate the impact of the third quadrant effect
on the application.

Appendix B. Reverse recovery in low voltage trench MOSFETs

375

id1
Ld
Rd

T1

id1nc
ig1 Lg

Rg

vdc
vds1

vdrv1
vgs1

Rs
Ls

io

id2
Ld

vx

Rd

T2

id2nc
ig2 Lg

vds2

Rg

vdrv2
vgs2

Rs
Ls

Figure B.3.1 SPICE simulation circuit diagram of a synchronous buck converter.

In the simulation of Figure B.3.2 (case (c)), the driving voltage offset of switch
T2 is further increased to 1V, so that the lower limit corresponds to 1V. This value
is so critically close to the threshold voltage that a spurious turn on occurs due to
gate bouncing voltage [329]. The described effects taking place in case (b) are
slightly pronounced. That is, reverse recovery is completely vanished, the
amplitude of the oscillations is further reduced and the conduction in the third
quadrant is improved. This accounts for a loss reduction of about 48% in
comparison to case (a).
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Table B.3-I Specifications of the synchronous buck converter circuit of Figure B.3.1.
Operation DC‐link voltage output
current

Gate circuits (T1, T2)

Source, drain circuit (T1, T2)

DC‐link voltage vdc

10V

Output current io

10A

Total gate inductance Lg

2nH

Total gate resistance Rg

1Ω

Source inductance Ls

0.5nH

Drain inductance Ld

0.1nH

Source and drain resistance Rs, Rd

1mΩ

MOSFETs T1, T2
Channel current and inter‐electrode capacitances are functions of (vds, vgs). The body
diode current is a function of (vds, vgs, t) and comprises reverse breakdown and reverse
recovery.
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Figure B.3.2 SPICE simulations case (a) of circuit diagram of Figure B.3.1. Min(vdrv2)=0V,
max(id2)=20.8A, max(id2nc)=13.4A (reverse recovery), Eloss(T1,T2)=1.08μJ, Temperature=25°C.
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Figure B.3.3 SPICE simulations case (b) of circuit diagram of Figure B.3.1. Min(vdrv2)=0.5V,
max(id2)=9.7A, max(id2nc)=0.4A (reverse recovery), Eloss(T1,T2)=0.61μJ, Temperature=25°C.
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Figure B.3.4 SPICE simulations case (c) of circuit diagram of Figure B.3.1. Min(vdrv2)=1V,
max(id2)=9.4A, max(id2nc)=0.9A (gate bouncing), Eloss(T1,T2)=0.56μJ, Temperature=25°C.

B.4 Summary
The third quadrant DC output characteristics of a high density trench power
MOSFET is analyzed using measurements, 2D numerical simulations, SPICE and
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a table base macro MOSFET model. In contrast to the first quadrant conduction, a
substantial third quadrant current in the threshold and sub-threshold regions is
observed in measurements and analyzed in simulations. This asymmetric current
is essentially caused by channel electron conduction and not by body diode
conduction. The repercussions of this effect in the application are illustrated with
switching transient simulations of a synchronous buck converter in SPICE. The
example demonstrates that the third quadrant output characteristics may strongly
influence the converter behavior, up to the point where relevant issues such as
reverse recovery, hard switching losses and EMI can be reduced or even vanished.
Therefore, the inclusion of the third quadrant output characteristics in circuital
MOSFET models is a step forward to better understand and predict switching
transients in SMPS.
The reverse recovery transient is accurately described with a proposed
behavioral model for circuit simulators. According to the physical phenomena, the
drain current is de-embedded in three components: Diode, channel and
capacitance currents. The dynamics of the body diode is effectively modeled with
a simple empirical equation that only requires two fitting parameters. The model
approach allows assessing the impact in the reverse recovery transient curve of the
different current contributors.
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Appendix C

Reverse recovery lumped models

Lumped models for circuit simulators are widely used for approximating the
distributed effects of carrier diffusion and recombination phenomena in
semiconductor diodes. Over the last 50 years a great number of diode lumped
models has been presented. Most of the proposals are based upon the concept of
concentrated charge storage nodes, which allows for simple implementations and
fast simulation times.
Among the most relevant proposals, the lumped charge node models from
[330]-[332] are implementations of the diffusion equation employing analogous
physical variables. This feature enables a direct assessment of the circuit response
to changes in inherent device physics properties, such as geometry, materials and
doping levels. Furthermore, in these proposed models, the computation time can
be readily improved in detriment of accuracy by reducing the number of charge
nodes [331]-[332].
In most circuit simulations though, the models tend to take a rather simpler
form to describe the physical principles. The variables of these models, whose
values are typically determined from parametric measurements [333], are usually
chosen to compromise between accuracy and mathematical convenience, and thus
often do not necessarily keep a direct correlation to the physical variables of the
device [334].
While the existence of many alternatives (see [335]), the most extended
concentrated charge based model, which stands about halfway between physics
and circuit considerations, is perhaps the simplest in its form and implementation,
i.e. the charge-control model [336]. Nonetheless, even though the charge-control
concept can be entirely treated as an equivalent circuit tool, its prediction for
transient analysis can be highly inaccurate [337].
Today’s increasing demands for high performance electronic systems trigger
the need of accurate semiconductor models that allow for stringent design
optimisations. Particularly, the reverse recovery of diodes is one of the crucial
limiting factors of switching transient performance in many power switched
converters. Consequently, proposed advanced diode models that have not gained
much attention in the past years may now be potential candidates as alternatives to
the often-misused charge-control model.
In this section, lumped models for circuit simulators are investigated to
represent the body diode reverse recovery of low voltage power trench MOSFETs
in synchronous rectifier applications. Three previously presented models are
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compared in terms of internal constitution, circuit implementation, prediction
accuracy, and required computing power.
2D finite element (FE) simulations of a trench MOSFET cell underlie the
prediction accuracy study. FE simulators of semiconductor structures can
accurately model the electrical characteristics of a device from its physical
properties, which makes them suitable for the development of manufacturing
processes. However, circuit analysis based on FE simulations is cumbersome, and
requires high computation power. Thus their use is rather limited. The purpose of
this work is to obtain an equivalent accurate lumped model of the ‘virtual’ device
to effectively analyse its performance in the circuit application before it is
manufactured [334].
First, a systematic procedure is carried out to de-embed the body diode reverse
recovery current from inductive switching simulations of the 2D structure. The
resulting data are then used to adjust the parameters of the lumped models by
means of curve fitting. It is therefore exposed how effectively these lumped
models can reproduce the response from the FE simulations under different load
currents and switching speed conditions of the application.

C.1 FE simulations of power trench MOSFETs
Figure C.1.1(a) shows the 2D representation of a trench MOSFET cell. Due to
the symmetry, only half of the structure is simulated. Note that a third dimension,
z, orthogonal to x and y, is considered in order to compute the current through a
1mm² stripe. That is, although only two dimensions of half trench are simulated,
the results shown here refer to a structure that has 4μm length in the y direction,
and extends 25cm in the z direction.
To focus the study on the body diode behavior only, the experiments are
performed at a strong negative gate voltage, thereby forcing the channel to block
in both directions of the drain current, as described in [338]. Other effects of the
MOSFETs are further modeled and combined in [334]. The MOSFET can
therefore be represented by the body diode behavior in parallel to the output
capacitance of the device, as shown in Figure C.1.1(b). The body diode diffusion
current is obtained by,
(C.1)
Capacitance Coss is derived from small signal FE simulations. Figure C.1.2 (a)
shows the resulting capacitance curve.
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Table C.1-I lists the parameter values used in the FE simulations. Parameters W
and pn0 are given as approximated averaged values.
(a)

(b)

iD
Source (S)
(metal contact)

Source
implant
(Si n+-type)

Oxide

Body
(Si p+-type )

vDS

G

VGS

Gate (G)

D

S

(metal contact)

VGS<<VTH
Drift (Si n--type)

iD D
iCoss idiff

y

Drain (D)
(Si n+-type)

vDS

x

Coss
S

Figure C.1.1 (a) 2D representation of a half trench MOSFET cell for low voltage applications. (b)
Simplified lumped model representation of a MOSFET at a strong negative gate voltage.

Note that in low voltage diodes the length of the drift region is typically
significantly shorter than the diffusion length, W<<Lp, where,
(C.2)
Current idiff is mainly caused by diffusion of holes in the drift region. In order to
calculate it, the FE simulator computes the continuity equation of excess of holes
in the drift region, ,
1

·

(C.3)

in combination with the diffusion based transport equation, which is,
(C.4)
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Table C.1-I Device parameter values used in the FE-simulations.

Parameter

Value

Cross‐sectional area of the device, A

1mm²

Width of the drift region, W

3.4μm

Temperature, T

300K
109 cm‐3

Average equilibrium concentration of holes in the drift region,
pn0
Lifetime of holes in the drift region, τp

10μs

Diffusion coefficient of holes, Dp

6.5cm²/s

(a)

(b)
V DS (V)

1

VGS ≤-5V

1

0.5

COSS
(nF)

0
2

4

IDiff(DC)
(A)

VGS ≤-5V
0.1

0

5

10

15

6

VDS (V)
Figure C.1.2 FE-Simulations of a trench MOSFET cell structure. (a) Output capacitance. (b) Static
diffusion current.

The static characteristics of the body diode, shown in Figure C.1.2 (b) as
IDiff(DC)(VDS), derive from the above two equations when (C.3) is set to equal zero.
As it will be shown later, this static curve is required as input data to the lumped
models.
Figure C.1.3 illustrates the circuit diagram for the generation of the inductive
reverse recovery curves. Table C.1-II lists the parameter values of the circuit.
Inductance L is varied to adjust the ramp slope Ki of the current, which is
expressed in units A/s. Capacitance C and resistance R are used to avoid an
excessive voltage across vDS that may drive the device into avalanche. The circuit
simulation starts in static equilibrium with zero current through inductance L. The
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initial voltage ViC across capacitance C depends on current Io and the static
characteristics of the body diode (see Figure C.1.2 (b)).

R

L
iD

D

vin

C

vDS

G

VGS

Io

S

Figure C.1.3 Inductive load reverse recovery circuit diagram.

Table C.1-II Default parameter values of circuit of Figure C.1.3.

R

L

0.1Ω

C

VGS

vin

1nF

‐5V

Ideal step function
to 10V
from

Figure C.1.4 shows an example of a reverse recovery transient curve derived
from FE simulations. Current idiff is obtained from (C.1). Besides current Io and
current slope Ki, three other parameters are defined to characterize the reverse
recovery curves. These are the reverse recovery charge, Qrr, the reverse current
peak, Irp, and time trp, defined to be the time interval between the zero current
crossing and Irp, as indicated in Figure C.1.4.
Voltage (V)

Current (A)
5

30

iD

Irp
Q rr

20

0

Ki

idiff

10

vDS
5

0
0

5

10

trp

15

20

Time (ns)

Figure C.1.4 Inductive load reverse recovery waveforms corresponding to circuit diagram of Figure
C.1.3. 2D FE simulations of the trench MOSFET cell of Figure C.1.1(a).
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C.2 Circuit simulator lumped models
Three lumped models are analyzed. These are: One, the generalized lumped
model approach based on the transmission line analogy presented in [330]-[331],
two, the model based on two charge storage nodes proposed in [333], and three,
the empiric lumped model from [334]. The following subsections describe their
internal constitution and basic circuit implementation.
C.2.1

Transmission line based lumped model

The model proposed in [330]-[331] deals with a simplified 1D space problem
of the diffusion equation, in the way indicated as follows,
,

(C.5)

being the x direction in correspondence to the diagram of Figure B.1.1 (a).
Combining (C.3)-(C.5) yields the 1D diffusion equation of holes in the drift
region,
,

,

,

(C.6)

The diffusion current through the diode is calculated by,
,
(C.7)
Parameter Xp is the boundary between the depletion and quasi-neutral areas in
the drift region.
The lumped models can be obtained by identifying the existing analogy
between the diffusion equation in (C.6) and the electric transmission line equation
(or telegrapher’s equation) [332]. Figure C.2.1 shows the equivalent circuit of an
incremental transmission line section, called basic transmission line lumped cell
(TLLC).
According to the fact that two forms of energy behave identically when the
basic differential equations that describe them have the same form and the initial
and boundary conditions are identical, then applying the following equivalences,
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,

,

, ,

,

(C.8), (C.9), (C.10),
(C.11)

0

where v is the voltage across the transmission line, R its resistance per unit
length, C its capacitance per unit length and G its transverse conductance per unit
length.
The diffusion and recombination processes described by (C.6) can be precisely
modeled with the transmission line circuit of Figure C.2.2 when the number of
employed TLLCs, Nc, tends to infinite and Δx tends to 0 for each individual TLLC.

TLLC n
R

L
C

R [Ω/m]
L [H/m]
C [F/m]
G [S/m]

G

Δx
Xn-1

Xn

Figure C.2.1 Basic transmission line lumped cell (TLLC).

i(X0,t)
v(X0,t)

i(X1,t)

TLLC 1

v(X1,t)

X0

i(X2,t)

TLLC 2

v(X2,t)

X2

X1

i(XNc,t)
v(XNc,t)=0

TLLC Nc

XNc

x

Figure C.2.2 Analogue circuit lumped model of diffusion of holes in the drift region of the body
diode.

According to the following equivalences,
,

∆

(C.12), (C.13)
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It is straightforward to verify that the diode diffusion current is proportional to
the current through the transmission line of Figure C.2.2 at x=X0, as follows,
,

_

(C.14)

where idiff_TL is approximately equal to (C.7) when Nc is sufficiently high. Note
that the transmission line is terminated at x=XNc with a short so as to emulate an
idealised metal contact to the drain terminal. The boundary value at the other side
of the transmission line varies instantaneously in proportion to the static
characteristics [339], that is,
,

·

(C.15)

where Kp is a parameter of the model to be determined. IDiff(DC) in (C.15)
corresponds to the simulated steady state diffusion current from Figure C.1.2 (b),
which can be table based implemented in the circuit simulator. Parameter Kp must
be adjusted to force the steady state conditions in idiff_TL equal to IDiff(DC).
If expression (C.14) is multiplied by qA, then idiff_TL is directly equivalent to
i(X0,t)/C. Thus, numerical operations with extreme magnitudes are mitigated.
C.2.2

Lumped model based on two lumped storage nodes

The proposed model from [333] implements approximately the diffusion
current equation from (C.7) and a charge control continuity equation that derives
from (C.6). The diffusion current from (C.7) is approximated by means of two
charge storage nodes, qE and qM, as follows,
_

(C.16)

·

(C.17)

Where,
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0
(C.18)

1

1

·

(C.19)

Note that
is the unit step function. The circuit implementation of the
above equations results in a single TLLC, where the following equivalences apply,
1

,

,

0

(C.20), (C.21), (C.22)

Variable qE represents the stored charge at the boundary between the depletion
and quasi-neutral areas of the drift region, whereas qM is the concentrated lumped
charge in the quasi-neutral region. Thus, τm approximates the holes’ lifetime, and
TM the diffusion time across the quasi-static region.
Due to its arrangement, the DC static current that the model predicts differs
from IDiff(DC). The error is proportional to the following factor,
1

(C.23)

In applications where current is impressed into the device, the above error
might well be negligible in case of diodes with steep static characteristics.
C.2.3

Empirical lumped model

The empirical model from [334] aims at representing the reverse recovery of
high current power MOSFETs. As its name indicates, the model does not derive
from device physics theory. Instead, its parameters are arranged to allow for an
effective curve fitting procedure to match reverse recovery transient curves from
FE simulations and/or measurements.
The diode diffusion current of the body diode is expressed as,
·
1
_

(C.24)

where βrr and tβrr are the parameters of adjustment and Iqt=0 the initial
conditions of the integral. Rearranging it follows that,
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0

·

(C.25)

The convolution integral is composed by,
·

(C.26)

(C.27)
Looking at (24) one identifies the following,
- For the DC diffusion current to equal to IDiff(DC) the integral term plus the
initial condition must equal to (1-βrr) times the value of IDiff(DC)
- Parameter βrr controls the contribution of IDiff(DC) to the total current.
Increasing its value amplifies the current transient. Thus, βrr allows
adjusting the reverse current peak value
- Parameter tβrr controls the integral factor, that is, the rate of change of total
amount of charge being stored or removed during the transient current.
Thus, tβrr allows adjusting the reverse recovery time, particularly, the decay
curve time.
Unlike in [333], the steady state diffusion current error is not present if the
initial conditions of the integral are appropriately set.
The model can be realised in a circuit simulator by using (C.25). This requires
though that the simulator allows for numerical expressions of mathematical
formulations.

C.3 Models performance
It is of general interest to investigate how accurately the models can predict the
reverse recovery curves upon different circuit conditions, particularly, various
output current levels and switching speeds. In the way described in section C.2,
FE simulations are performed to produce inductive reverse recovery transients at
current slopes from 100 to 1000 A/μs in 1mm² trench cell. The output current is
varied from 0.5A to 5A. These might well be usual ranges in applications such as
point of load that employ multi-chip modules or advance discrete solutions. The
values must be scaled according to the total active area of the device. For example,
in a 10mm² die size, the corresponding ranges are 1 to 10 A/ns and 5 to 50 A,
respectively.
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The FE simulation curves are compared to those from the lumped models after
calibrating their parameters. The latter is particularly simple in case of the
transmission line based model, which only needs extracting parameter Kp. The rest
of parameters are directly set according to the equivalences (C.8)-(C.13) and the
physical parameter values from Table C.1-I. A single DC bias point calculation is
sufficient to find the value of Kp for matching a point in the static curve of Figure
C.1.2 (b).
The other two lumped models require the derivation of their parameters by
means of curve fitting of the reverse recovery transients. The square error of the
diffusion current with Ki=505A/μs and Io=5A is minimised. Table C.3-I lists the
extracted parameter values from the three models.
Regarding the lumped model from [333], the resulting value for τm is several
orders of magnitude lower than the lifetime of holes τp, which suggests that no
direct correlation exists between the two parameters. Parameter τm is though
expected to have a closer value to τp for long drift devices, i.e. Lp>>W, which is
typical in high voltage diodes [340]. Anyway, parameter TM cannot be deduced
from the physical properties and thus curve fitting is always required.
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Figure C.3.1 Inductive reverse recovery comparison at various current slopes and output currents.
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Figure C.3.2 Inductive load reverse recovery parameters of various models as a function of the
current slope (upper graphs), and as a function of the output current (lower graphs). From left to right:
Total reverse recovery charge, Qrr, maximum reverse recovery peak, time interval between zero current
crossing and maximum reverse current peak, trp.

Table C.3-I Simulated electrical conditions for the current flow line graphs.

Voltage vDS (V)

Voltage vGS (V)

Current iD (A)

‐0.1

0

‐400∙10‐12

1

‐32∙10‐6

0

‐30∙10‐6

1

‐1.2

0

‐13.8

1

‐42

‐0.4

‐0.8
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Table C.3-II Calibrated model parameters.

TL model [330]‐[332]

Single TLLC [333]

Empirical model from [334]

Kp=54μs/cm

TM=1.3ns, τm=6.8ns

βrr=6.5, tβrr=1ns

Figure C.3.1 and Figure C.3.2 compare reverse recovery transient curves
predicted by the lumped models and FE simulations. The lumped representations
from [333]-[334] virtually produce the same response and so the dashed curves
refer to both models. They can predict the FE simulations at the calibrated points
with virtually no error. However, when Ki is varied and Io is kept constant, i.e.
upper graphs of Figure C.3.1 and Figure C.3.2, the accuracy error increases. The
more Ki is deviated from the calibrated point, the higher the error gets. For the
ranges given in the example, the maximum accuracy error is: 35%, 30% and 16%
in predicting Qrr, Irp and trp, respectively. These errors occur when Ki is reduced by
factor of 5 from the calibrated point. When Io is varied and Ki is kept constant
(lower graphs of Figure C.3.1 and Figure C.3.2), the maximum accuracy error is
32%, 28%, and 27% for Qrr, Irp and trp, respectively. The latter worst-case
numbers result from reducing Io one order of magnitude from the calibrated point.
When comparing the computation power it is observed that the FE simulations are
two orders of magnitude slower than the lumped models from [333]-[334], which
show similar simulation times.
The transmission line based model is inaccurate at low Nc. At high Nc though
the accuracy rapidly increases, being comparable to the other two lumped models
when Nc approaches 100. The recovery decay curves at high Nc are however
slightly slower than those from FE simulations, which result in an overestimation
of Qrr, as shown in Figure C.3.2. Figure C.3.3 shows the dependency of the
accuracy error and simulation time on Nc. The error rapidly reduces when
increasing Nc up to 100. Above it the accuracy error practically does not change.
Thus, the use of 100 TLLCs appears to be optimum, considering the rapid increase
of required computation power at Nc above 100, as shown in Figure C.3.3 (b). At
Nc =100, it already doubles the computation time of the other two lumped models,
whose simulation times equal to those of a single TLLC.
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(b) Simulation time relative to Nc=1

(a) Accuracy error (%)

100

100

trp
Irp
Qrr
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1
Ki=505[A/μs]; Io=3.5[A]
0.1

1

200

400

Nc

600

1

1

10

100

1 .10

3

Nc

Figure C.3.3 Transmission line based model performance from [330]-[331] at various TLLCs. (a)
Accuracy errors with respect to FE simulations. (b) Simulation time relative to Nc=1.

C.4 Summary
Lumped diode models for circuit simulators are suitable for the representation
of the body diode dynamics of low voltage trench MOSFETs. The here considered
lumped models require as input data the DC static characteristics of the body
diode. Additionally, two parameters must be calibrated in the models from [333][334] by means of curve fitting of a reference reverse recovery transient curve.
This curve fitting involves a procedure to de-embed the diffusion current from the
total drain current. FE simulations can effectively be used to provide all the
require data for the lumped models.
It is shown that the lumped models from [333]-[334] have a very simple
structure, are easy to implement, and furthermore predict with virtually no error
the transient response of FE simulations upon the circuit conditions of the
parameters calibration. The accuracy error may though increase when these
conditions are varied. Up to 35% prediction error in Qrr is reached when the
current ramp slope is reduced by a factor of 5 from the value used in the
calibration. The parameters of these two models are not directly correlated to the
physical magnitudes of the device. As example, it is shown that the parameter
from [333] that is related to the lifetime of holes takes a value that is three orders
of magnitude lower than the real value.
The transmission line based model from [330]-[331] does not necessarily
require the curve fitting of a transient curve for parameter calibration. Instead,
only a very simple adjustment is needed. All but one model parameters can be
directly deduced from the physical magnitudes of the device. The transmission
line representation requires of at least 100 TLLCs and twice computation time to
approach the accuracy of the lumped models from [333]-[334].
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Appendix D

Loss quantification

As seen in Chapter 2, the proposed circuit models level 0 and 1 allow breaking
down the overall power losses into the individual lossy elements of the converter
circuit in the predefined switching time intervals of section 2.5.1.1. This however
does not provide a direct correlation between the separated quantities and the loss
mechanisms defined in section 2.5.1.2.
In order to quantify loss mechanisms, the dissipated power in every lossy
element is systematically regarded as the sum of individual contributions from
various current loops in the circuit, each of which can be mathematically
formulated and related to a loss mechanism.

D.1 Conceptual approach
The diagram of Figure D.1.1 represents N different current loops formed by the
path of resistor R and, paralleled to it, N additional current branches. The
instantaneous power contribution to heat dissipation in R caused by the loop of the
i-th current branch is defined as,
·

·Γ

(D.1)

Function Γ expresses the weight of loss contribution of a given loop as follows,
,

Γ
Function

·

,

(D.2)

is defined as,
,

,
0,

(D.3)
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iR
i 2 … ii

R i1

… iN-1 iN

Figure D.1.1 Basic current loops diagram of parallel current branches.

According to (D.1)-(D.3), the loops of those current branches with opposite
current direction to that of R have a null contribution to losses. The sum of all
current loop contributions must be equal to the total power dissipation in R, that is,
1

Γ

(D.4)

The above definition also applies in case the current through R is formed by a
single loop of several series interconnected circuit elements. In such case, the
currents in (D.2) must simply be replaced by the voltages across the series
elements.
Figure D.1.2 depicts an extension of the diagram of Figure D.1.1. Each current
loop may be any closed path formed by the concatenation of two or more current
branches. However, as in the simple diagram of Figure D.1.1, only those loops
containing the current branch of R are considered.
In the extended diagram, series branches (i.e. i1I, i2J, i(j-1)K, …) concatenate
groups of parallel branches in a cascade configuration. For instance, group 2
contains J-1 parallel branches and 2 series concatenating branches, i.e. i2J and i2J’.
Note that i2J=i2J’. In such arrangement, the power contribution in R of the loop
containing the i-th parallel branch of the j-th group is defined to be,
·

·Γ

·
·

Γ

,

1

·Γ

,

1

(D.5)

Function
provides the number of branches of a group minus 1, e.g.
=L in Figure D.1.2. For the particular case of the last group of the chain,
equals to the total number of parallel branches of the group since it does not
contain series branches. The defined weight of contribution Γ of a current branch
is given by,
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Γ

,

·

,

(D.6)

Note from (D.5) that the loss contribution of a current loop may be dependent
on the product of multiple Γ functions. The total number of different current loops
that include R is,
1

(D.7)

Thus, (D.7) provides the total number of loss contributors in R, each of which
corresponds to the current loop of a particular parallel current branch.
i1I

i2J

.. .

iR

…i1i …

i12

R i11

i1I-2

i1I-1

i21

i22

…i2i

i1I’

i(j-1)K

.. .
ij1

.. .

ij2

…

iji

…

i(j-1)K’

ijL-2
ijL’

i2J-2

i2J-1

i2J’

.. .

ijL

…

ijL-1

.. .

.. .

i(Q-1)M

iQ1

iQ2

…iQi …

iQN-1 iQN

i(Q-1)M’

Figure D.1.2 Diagram of concatenated groups of parallel current branches.

D.2 Implementation
The formulation of the previous section is now put in practice by deriving the
corresponding current loops diagram of each lossy element of the switched circuit.
Figure D.2.1 illustrates the case of the CtrlFET channel. It is straightforward to
verify that all current loops of the diagram that include icn(c) have a correspondence
to the circuit model of Figure 2.1.1.
Expressions (D.5) and (D.6) are applied to assess the loss contribution of the
various current loops in the form of a power quantity. Thus, for instance, the
instantaneous power loss contribution of the output current loop in the CtrlFET
channel is,
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·

·Γ

·Γ

(D.8)

by Γ
from (D.8) is the weight of the contribution of
The product Γ
the output current loop. Their individual quantities are calculated as follows,
,

Γ

(D.9)

Γ

,

Γ

,

Γ

(D.10)

,

,

,
,

+

(D.11)

,

Likewise, the loss contribution of the loops corresponding to the body diode
and avalanche breakdown branches can be calculated from their equivalent current
loops diagrams.

iD(c)

i cn(c)
vDS(c)

Rcn(c)

-idio(c)

-i AB(c)

-iDcap(c)
i D(c)’

iD(s)

-iLo

icn(s)

idio(c) iAB(s)

i Dcap(s)

iD(s)’

Figure D.2.1 Diagram of current loops corresponding to the CtrlFET channel.

The current loops diagrams corresponding to the drain and source resistances of
the MOSFETs differ according to the state of the switches. Namely, the current
flow through these resistances may be attributed to the output load, the gate circuit
path and the paths of the corresponding off state device. Regarding the OFF state
device paths, current flow may be produced by gate bounce, capacitive charge
variation, reverse recovery and avalanche breakdown. Thus, the considered
current loops in the diagram may be those containing as parallel branches the
output coil, the gate circuit and the internal branches of the OFF state device.
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Figure D.2.2 shows the diagram for RS(c) during the ON conduction time of the
CtrlFET. In the example of section 2.5.1, this time may correspond to any that is
contained in the interval [t1, t7]. Similarly, Figure D.2.3 shows the loops diagram
for RS(c) during the OFF state of the CtrlFET.
iD(c)

i D(s)

iS(c)
RS(c)

i G(c)

iLo
iD(c)’

icn(s)

idio(s) i AB(s) iDcap(s)

iD(s)’

Figure D.2.2 Diagram of current loops corresponding to the CtrlFET source resistance during the
ON state of the device.

i D(c)

iD(s)

i S(c)
RS(c)

iG(c)

iLo
iD(c)’

icn(c)

i dio(c) iAB(c)

i Dcap(c)

iD(s)’

Figure D.2.3 Diagram of current loops corresponding to the CtrlFET source resistance during the
OFF state of the device.

The deduction of the loss contribution quantities corresponding to the six
current loops of Figure D.2.2 and Figure D.2.3 is immediate employing (D.5) and
(D.6). Likewise, the calculations of the loss contributions in resistances RD(c), RD(s),
RS(s) result from similar current loop diagrams.

D.3 Loss mechanisms formulation
This section formulates the relation between the voltage and current
contributions to power losses and the different loss mechanisms defined in
Chapter 2.
D.3.1

Load current hard-switching

According to its definition, snubbed hard-switching is related to the loss
contribution of the output current loop and the CtrlFET channel voltage without
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the contribution of the half-bridge inductance voltage. This can be expressed as
follows,
· Γ
·Γ

+
Functions Γ

Γ
(D.12)

·Γ

and Γ

are the weights of loss contributions of

and
. These quantities are obtained by replacing currents for
voltages
voltages in (D.2) according to the following expression,
(D.13)
Voltage is the voltage induced across the half-bridge inductances. Note from
(D.13) that the voltages across RS and RD from both MOSFETs are, for this case,
neglected.
D.3.2

Half-bridge charging

Half-bridge charging is related to the loss contributions of the MOSFET output
capacitive currents, and the over voltage across the CtrlFET channel caused by the
half-bridge inductances during hard-switching. The latter is calculated as follows,
·Γ
Function Γ
inductances. Like Γ

·Γ

·Γ

(D.14)

is the weight of loss contribution of the half-bridge
and Γ
in (D.12), function Γ
results from

(D.2) and (D.13).
The output capacitance current contributions to heat dissipation are obtained
from (D.5) and (D.6) for each lossy element of the half-bridge, i.e. from their
corresponding current loops diagrams. For instance, the loss contribution of the
SyncFET output capacitance current loop in the CtrlFET channel is,
·

·Γ

·Γ

·Γ

(D.15)

,Γ
and Γ
is the weight of loss contribution
The product of Γ
of the SyncFET output capacitance current loop corresponding to the diagram of
Figure D.2.1.
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Gate charging

Gate charging is associated to the power loss in the gate drive circuit. It
includes the total power dissipation in the drivers and gate resistances, and also
part of the dissipation in the source resistances. The latter requires discrimination
of the loss contributions from the gate and drain currents. Thus, the following
expression is applied for the case of the CtrlFET,
·

·Γ

(D.16)

the weight of loss contribution of
Where iS(c) is the source current and Γ
the gate current. Similarly, for the case of the SyncFET,
·

D.3.4

·Γ

(D.17)

Reverse recovery

Reverse recovery is related the loss occurring in the half-bridge path during the
reverse recovery time intervals. Outside this interval, the reverse recovery tail
generates further loss in the half-bridge. For instance, the loss in the CtrlFET
channel is calculated as follows,
·

·Γ

·Γ

·Γ

(D.18)

,Γ
and Γ
is the weight of contribution of
The product of Γ
the SyncFET body diode current loop corresponding to the diagram of Figure
D.2.1. The loss contribution in the other lossy elements of the half-bridge can be
likewise calculated.
D.3.5

Gate bouncing

Gate bounce related loss is derived from the current contribution of the
MOSFET’s channel that is spuriously turned on. For instance, the loss
contribution of the SyncFET channel loop in RS(c) due to gate bounce is,
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·

·Γ

·Γ

·Γ

(D.19)

,Γ
and Γ
is the weight of contribution of
The product of Γ
the SyncFET channel loop according to the diagram of Figure D.2.2. The
contributions of this loss mechanism in the other half-bridge lossy elements are
similarly calculated.
D.3.6

Avalanche breakdown

Most of the avalanche breakdown related loss occurs in the avalanching device.
It is readily calculated as,
·

(D.20)

The avalanche current
may further generate heat dissipation in the halfbridge. For instance, the instantaneous power loss in RS(c) due to CtrlFET
avalanche is quantified as,
·

·Γ

·Γ

·Γ

(D.21)

,Γ
and Γ
is the weight of contribution of
The product of Γ
the CtrlFET avalanche current loop corresponding to the diagram of Figure D.2.3.
D.3.7

Output current ON conduction

It accounts for the loss contribution of the output current loop in the MOSFETs
throughout the ohmic and dead time intervals. Expressions (D.8)-(D.11) provide
the instantaneous loss contribution of iLo in the CtrlFET channel. The loss
contributions from the other half-bridge lossy elements result from similar
calculations.

Appendix E

Magnetic losses

This section presents illustrative calculations on magnetic losses and parasitic
impedances in a PCB track section, a power MOSFET package and an output
filter coil for high switching frequency VR converters. Magnetic fields created by
time dependent excitation currents are numerically solved by means of a FEM
software [341]-[342]. Eddy current losses are determined in the time domain by
applying typical excitation waveforms of the converter. Alternatively, harmonic
calculations leading to estimations on ESR will be used to analytically
approximate transient Eddy current losses. For simple cases, the ESR will be
analytically expressed as a function of physical parameters such as the skin depth.
Simulations in the frequency domain will also be applied to estimate the ESL
of a multilayer PCB track section and the leadframe of the power LFPak. The
latter is modelled in 3D in combination with a multilayer PCB layout from which
the source inductance will be estimated and compared to experimental results.
Simulations of the power coil include the nonlinear behaviour of the ferrite
material, in particular, the characteristics of the B-H curves, for which the
hysteresis model from Jiles-Atherton is implemented in the FE simulator. Besides
Eddy current and hysteresis losses, excess loss will be derived from specific
power loss curves of manufacturer data in combination with the FE field
calculations.

E.1 Quasi-static formulation
The quasi-static formulation of time varying electromagnetic fields is suitable
for the analysis of structures with a size much smaller than the characteristic
wavelength. The physical assumption of this situation is that the current and
charges generating the electromagnetic fields vary so slowly in time that are
practically the same everywhere within the domain structure at every instant as if
they had been generated by stationary sources.
This approximation implies that the equation of continuity can be written as,
·

0

(E.1)
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Also, the electric displacement can be disregarded in the Maxwell-Ampère’s
law, thus yielding,
(E.2)
Vector is the current density, which may be formed by an external supply and
the time varying magnetic field, i.e.,
(E.3)
Where parameter is the material’s conductivity, current vector the current
density created by an external source and the magnetic vector potential, which is
related to the magnetic field
through the curl operator. Furthermore, from
Faraday’s law, it follows that,
(E.4)
Combining (E.1) to (E.4) yields the following partial differential equation,
(E.5)
Parameter is the material’s permeability that relates and . Equation (E.5)
is solved numerically by the FE method in order to estimate the effects of Eddy
currents in parts of the converter circuit.

E.2 PCB layout
It is frequently advantageous to base the PCB layout design on multilayer
structures where the inner layer is used as return ground path in such a way that
the loop inductance is minimized. Figure E.2.1 depicts a cross-sectional view of
such layout arrangement, where the currents in the top and bottom traces are equal
in magnitude but flow in opposite directions. For simplicity, only the section to
the right of the line of symmetry is represented and simulated.
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Line of symmetry
4mm
100µm
50µm
100µm
PCB dielectric layer

PCB copper traces

Figure E.2.1 Simulated 2D cross-sectional geometry corresponding to a double-layer PCB.

Harmonic FE simulations of the PCB cross section allow calculating the
associated ESR and ESL contribution as a function of frequency. The results of
Figure E.2.2 show that the skin effect becomes significant at frequencies around
1MHz and above, reaching 10 times higher ESR at 25MHz with respect to DC
operation.
(a) PCB track ESR

(b) PCB track ESL
100

Relative inductance (nH/m)

Relative resistance (Ω/m)

10

1

0.1

0.01
−3
1×10

0.1
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10

Frequency (MHz)

1×10

3

10

1
−3
1×10

0.1

fc

10

1×10

3

Frequency (MHz)

Figure E.2.2 FE harmonic simulations of the double-layer PCB layout of Figure E.2.1.

The influence of the dielectric thickness on the ESL is reflected in the curves of
Figure E.2.3, showing that the loop area increase boosts the parasitic ESL in a
nonlinear fashion. This contrasts with the ESR, which is fairly independent of the
separation distance between the two parallel conductive layers.
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Relative inductance (nH/m)

100
200μm
100μm

10
50μm

1
−3
1×10

0.01
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1
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100

1×10

3

Frequency (MHz)
Figure E.2.3 FE harmonic simulations of the double-layer PCB layout of Figure E.2.1. Inductance
extraction for various gap thickness.

A relevant physical quantity related to magnetic losses is the skin depth, which
defines the penetration distance of the magnetic field into a conductive material.
The skin depth is defined as,
1

503

·

·

(E.6)

·

Skin depth (µm)

Figure E.2.4 shows an example of the skin depth dependence on the frequency
in the case of copper material.
1×10
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1×10

3

100
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−3
1×10

0.01

0.1

1

10

100

1×10

3

Frequency (MHz)

Figure E.2.4 Skin depth in copper material at 25°C. =16.67nm,

=1.

The AC resistance estimated from harmonic calculations can be analytically
calculated for simple geometries like that shown in Figure E.2.1. Provided that the
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current density mainly crowds in the conductor sides in contact to the dielectric
layer, the ESR may be approximately expressed as follows,

2

2·

2·

,

·

,

2·

2·

,

·

,

,

4·

(E.7)

,

·

and
are the thickness and width of the conductive layers,
Parameters
respectively (e.g. 100μm and 8mm in the example of Figure E.2.1). Comparing
FE-simulations with (E.7) as in Figure E.2.5 shows that the approximations
adopted are adequate for this particular case.

Relative resistance (Ω/m)

10

FE simulation
Analytical calculation
1

0.1
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−3
1×10
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100

1×10

3

Frequency (MHz)
Figure E.2.5 AC resistance of the double layer PCB track section of Figure E.2.1. Comparison
between FE simulations and analytical calculations, i.e. equation (E.7) with Hx=100µm and Lx=8mm.

In the application of interest, however, PCB losses may result from trapezoidal
current waveforms rather than sinusoidal excitations. The following establishes a
relation between the above calculated AC resistance and the power losses
associated to ramp current waveforms.
The transient skin effect simulations of Figure E.2.6 to Figure E.2.8 show
current crowding plots resulting from a current ramp excitation of 10A/µs.
Regardless of the magnitude of the slope, however, the current density distribution
varies as a function of time from a boundary conduction at t=0, to a quasi uniform
distribution across the cross-sectional area of the copper layers in steady-state, i.e.
as t→∞.
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Figure E.2.6 2D transient skin effect simulation of the double-layer PCB track section of Figure
E.2.1. Cross-sectional view of the right edge. Ramp excitation of 10A/µs starting with zero initial
conditions. Total current density distribution and magnetic field lines at t=10ns.

Figure E.2.7 2D transient skin effect simulation of the double-layer PCB track section of Figure
E.2.1. Cross-sectional view of the right edge. Ramp excitation of 10A/µs starting with zero initial
conditions. Total current density distribution and magnetic field lines at t=100ns.
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Figure E.2.8 2D transient skin effect simulation of the double-layer PCB track section of Figure
E.2.1. Cross-sectional view of the right edge. Ramp excitation of 10A/µs starting with zero initial
conditions. Total current density distribution and magnetic field lines at t=1000ns.

The transient time between the two states strongly depends on the geometry
and is proportional to a time constant defined by the cut-off frequency in the
harmonic domain (i.e. fc in Figure E.2.2). Steady-state operation may thus be
considered for t >5τc, where,
1
2·

(E.8)

·

The same expression can be used to relate the energy loss at any time instant to
its corresponding resistance in the frequency domain as follows,
1
2·

·

(E.9)

represents the energy loss per unit length.
where
Similarly, the equivalent ESL may be calculated from the stored magnetic
energy at any given time,
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2·
(E.10)
Figure E.2.9 depicts the close correlation between the estimated ESR and ESL
in both frequency and time domains.
(a) PCB track ESR

(b) PCB track ESL
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Figure E.2.9 Relative effective ESR and ESL of the double-layer PCB track section of Figure
E.2.1. Comparison between harmonic and transient simulations.

Expression (E.9) can be applied to approximate the PCB power loss
corresponding to a trapezoidal current waveform like shown in Figure E.2.10(a).
The approximation consists of dividing the waveform into three sections defined
by the ramp slopes and computing (E.9) in each of the resulting intervals. This is,
for the case example of Figure E.2.10, as follows,
1

10

·

·
40

·
·

(E.11)

3.3 /
This result matches the average power loss estimated from FE calculations, as
shown in the instantaneous power loss plot of Figure E.2.10 (b).
The trapezoidal signal of Figure E.2.10 (a) resembles the typical current
waveform through the CtrlFET, where the ON time is generally much shorter than
the switching period. While adequate for short ON times, expression (E.11)
becomes inaccurate for calculating the resistive losses of the SyncFET path since
the ON time of the switch is closer to the switching period. In this case the
following expression appears to be more accurate,
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Figure E.2.10 FE 2D transient skin effect simulation of the double-layer PCB track section of
Figure E.2.1. (a) Excitation current waveform of CtrlFET drain current path. (b) Instantaneous and
average power dissipation.

Currents
and
in (E.12) are the RMS and average quantities of the
impressed waveform, respectively. The second term accounts for the AC
component and vanishes as the duty cycle approaches unity.
Figure E.2.11 shows FE transient skin effect simulations of the PCB track
section of Figure E.2.1 with an impressed current that resembles that of the
SyncFET path. Applying (E.12) with the use of Figure E.2.9 yields an estimated
track section loss of 6.5W/m, which is close to the average value of the
instantaneous power curve of Figure E.2.11 (b).
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Figure E.2.11 FE 2D transient skin effect simulation of the double-layer PCB track section of
Figure E.2.1. (a) Excitation current waveform of SyncFET drain current path. (b) Instantaneous and
average power dissipation.
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For low and moderate ripple currents, empirical equation (E.12) may also be
adequately applied to approximate the resistive losses of the PCB track section
corresponding to the output filter inductor path.

E.3 Power MOSFET package: LFPak
This section presents simulation results on the LFPak impedance, in particular,
the leadframe of the source contact. This electrode contributes predominantly to
the overall package resistance as well as the source inductance. The goal is to
estimate these two parameters in a wide frequency range. In order to emulate
operating conditions similar to the application at hand, the simulations include
both package leadframe and PCB board with a ground layer that confines the
magnetic field and thus minimizes the loop inductance.
Figure E.3.1 and Figure E.3.2 show a 3D view of the simulated leadframe plus
PCB board arrangement comprising two metal layers (top and bottom) separated
by a 50μm dielectric layer. The excitation signal is impressed across the
conductive layers in the y-z plane at x=Xo, Xo being at the PCB edge furthest away
from the leadframe.
The isolines of Figure E.3.2 describe the voltage distribution across the
leadframe, which corresponds to DC operation. The total voltage across the
leadframe divided by the total current yields a source resistance of ~110μΩ. This
is a 25% of the total estimated resistance, as it can be derived from Figure
E.3.3(a).

Figure E.3.1 Simulated LFpak leadframe mounted on a double layer PCB. View of the voltage
distribution in DC operation.

414

Appendix E. Magnetic losses

Figure E.3.2 Zoom in view of the LFpak leadframe corresponding to the simulation of Figure
E.3.1.

According to the simulations of Figure E.3.3, the ESL at 1MHz is around
500pH, whereas the ESR increases to 0.9mΩ from the 0.42mΩ of DC operation.
From these total 0.9mΩ AC resistance, approximately 0.4mΩ belong to the
leadframe, which suffers a dramatic resistance increase due to Eddy currents. As
to the ESL, the PCB tracks contribute with ~150pH according to 2D simulations
like shown in section E.2. This leaves a ~350pH of source inductance in the
proposed geometrical arrangement.
(a) LFPAK+PCB track ESR

(b) LFPAK+PCB track ESL
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Figure E.3.3 FE 3D harmonic simulations of the LFpak leadframe impedance mounted on a double
layer PCB (see Figure E.3.1).
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The ESR frequency dependence is a consequence of Eddy currents in the
conductors that force the current flow to confine at the conductor boundaries as
the frequency increases. This is illustrated in Figure E.3.4 to Figure E.3.6 at
various harmonic frequencies. The plots show that Eddy currents are low at 10kHz
and below, whereas in the MHz range, strong current crowding is manifested in
the corner leads on the leadframe as shown in Figure E.3.6.

Figure E.3.4 3D FE harmonic simulation of the LFpak leadframe mounted on a double layer PCB
as shown in Figure E.3.3. Current distribution through the source leads at 10kHz.
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Figure E.3.5 3D FE harmonic simulation of the LFpak leadframe mounted on a double layer PCB
as shown in Figure E.3.3. Current distribution through the source leads at 100kHz.

Figure E.3.6 3D FE harmonic simulation of the LFpak leadframe mounted on a double layer PCB
as shown in Figure E.3.3. Current distribution through the source leads at 1MHz.
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E.4 Power coil
The purpose of this section is to illustrate the performance of a VR power
inductor for high switching frequency operation by means of FE simulations and
the theory of magnetism in ferromagnetic materials. The results provide
estimations on inductor losses in a wide range of operating conditions in the VR
circuit as described in Chapter 5 and 6. Furthermore, insights on the magnetic
field distribution and loss breakdown allow identifying potential improvement
options in the coil design.
The magnetic loss calculations presented herein are founded upon the
assumption that the overall coil losses can be decomposed into the sum of three
contributions, namely the classical Eddy current loss, hysteresis loss and excess
loss. While the first contributor is present in all materials and governed according
to the classical theory of electromagnetism, the other two portions particularly
manifest in ferromagnetic materials due to the existence of multiple magnetic
domains that may divide the medium into regions with different magnetic moment
alignments called magnetic domains. The reason of magnetic domains within the
crystal structure is that their formation reduces the magnetic free energy. The
notion of magnetic domains was initially introduced by Weiss in 1906 as a
hypothesis, and later in 1949, Williams, Borzot and Shockley demonstrated
experimentally their existence. Providing mathematical treatment to stochastic
processes and other existing mechanisms in the microscopic scale, it can be
consistently shown that the movement, rotation and interaction between the
magnetic domains at their interfaces (also called magnetic walls) are
fundamentally responsible for significant losses in the ferrite materials. The theory
of magnetic domains and domain wall motion is comprehensibly described in
[343].
The three loss components derive from macroscopic models of the magnetic
medium can be combined with the FE field calculations provided that the field
sources are known. The latter is not a generalization given the fact that magnetic
losses can influence the current waveforms, in which case the direct coupling
existing between the loss and field equations may need to be taken into account.
The following subsections briefly describe the underlying physics of magnetic
losses and the model implementation with the software package Comsol
Multiphysics [341]. The description is illustrated with modeling results referring
to the commercial power inductor of Figure E.4.1(a) [344], from which specific
material data are available. The geometry is simplified and described in 2D as
depicted in Figure E.4.1(b). Likewise, other coil structures may be analyzed based
on the same proposed methodological approach.
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Ferrite material
Air gap

Copper strap

(a) 3D power coil view

(b) Cross-sectional view

Figure E.4.1 Commercial power coil inductor for high-current, high switching frequency operation
from Coilcraft (part number SCL7649S-360KL). 3D view and 2D cross-sectional representation. Total
airgap=850μm.

E.4.1

Classical Eddy current loss model

Classical Eddy current losses are calculated from Maxwell’s equations as
described in section E.1 and illustrated for the cases of the PCB and package
impedance calculations of sections E.2 and E.3. From a macroscopic perspective,
the magnetic material is assumed to be homogeneous where the effects of
magnetic domains are averaged out.
E.4.2

Hysteresis loss model

The survey of magnetic core material models provided in [345] shows the great
diversity of approaches to describe magnetization phenomena. Among the most
widespread hysteresis models is that of Jiles-Atherton (J-A) [346], which can
predict the associated hysteresis losses by a nontrivial differential function
dependent on the magnetic field. One of the advantageous features of the J-A
model is that such differential equation is computationally efficient, simple to use
and employs few and physically related material parameters.
In the J-A model, magnetization M is represented as the sum of the irreversible
due to domain wall displacement and the reversible
magnetization
due to domain wall bending. In the ideal case, where the solid
magnetization
is free of impedances to changes in magnetization, the relation between M and
magnetic field H follows a single-valued curve referred to as the anhysteretic
(i.e. curve without hysteresis), which is represented with a modified
curve
and
take place at low H,
Langevin expression. Along this curve, both
dominates at higher H. In the region of saturation, where all domain
whereas
moments line up, domain rotation processes may dominate and be responsible for
additional quasi-static effects, which are not considered by the presented
approach.
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The model’s fundamental assumption for the cause of hysteresis in
ferromagnets is the presence of pinning sites in the solid that locally oppose the
motion of domain walls and trigger domain wall bulging. The pinning mechanism
arises as a consequence of imperfections in the material such as dislocations,
nonmagnetic inclusions within the grain and inhomogeneous strains, all of which
are identified without distinction as pinning sites or impedances to domain wall
motion.
In terms of energy balance, the magnetization energy is the difference between
the energy produced by the bulk magnetization in the lossless case and the energy
associated to the frictional type of force produced by the pinning sites. This yields
the following differential expression for the irreversible magnetization,
(E.13)
Parameter is the pinning coefficient and is related to the density of pinning
defects in the medium. Also,
, where
is an effective
field, and is analogous to the Weiss mean field experienced by the individual
magnetic moments within a domain.
due to domain wall
The total magnetization M is expressed as the sum of
due to wall displacement, i.e.,
bending and
(E.14)
The reversible component is proportional to the difference between
, giving,

and

(E.15)
The anhysteretic curve, which is the locus of global equilibrium states, is
empirically defined with a modified Langevin expression,
(E.16)
Parameter a has dimensions of magnetic field and characterizes the shape of
, whereas
defines the saturation magnetization.
Figure E.4.2 illustrates the use of the presented model to closely reproduce the
characteristic B-H curves of a commercial ferrite material. A representation of the
decomposed magnetization field is shown in Figure E.4.3.
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Figure E.4.2 Jiles-Atherton model based representation of typical B(H) loop of the 3F5 material
from Ferroxcube at 100°C. Parameter values: Ms=2.9x105 (A/m), a=115(A/m), k=280(A/m), c=0.77,

α=0.001.
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Figure E.4.3 Reversible and irreversible magnetization curves corresponding to the B(H) loop
example of Figure E.4.2.

The hysteresis model is implemented in the FE simulator. After computing the
field distribution, the hysteresis energy losses can be numerically calculated from,
(E.17)
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Equation (E.17) is expressed in J/m³. The total power loss thus results from
integrating the energy over the entire volume and multiplying the Joules quantity
by the switching frequency.
E.4.3

Excess loss model

Thus far, Eddy current losses formulated under the basis of the classical
electromagnetic field theory have been calculated in homogeneous materials such
as PCB traces and package leads. In ferromagnetic materials, however, additional
Eddy current losses arise due to the existence of magnetic domains and the
dynamics of their associated domain walls. Namely, when the excitation field
varies, the domain walls move accordingly producing changes in the
magnetization only in or near the domain walls, leaving the magnetization inside
the bulk practically unchanged. Since domain walls occupy only a small fraction
of the total volume, the change in the magnetization in and around the walls has to
be much larger than the average magnetization over the entire specimen. As a
consequence, the locally induced Eddy currents by fluctuations of the flux density
caused by domain wall motion are generally higher than those calculated on the
basis of uniform magnetization. The formed excess field Hex, which is part of the
external field needed to compensate the fields originated by the local Eddy
currents, gives rise to additional losses termed anomalous or excess losses.
The concept of magnetic object MO, corresponding to a group of neighbor
walls evolving in a highly correlated fashion, is introduced in [343] in order to
take into proper consideration the role of these short-range internal correlation
fields. It is then assumed that Hex is proportional to the velocity of variation of the
local flux induced by MO moving. This proportionality is given in (E.18), where
G expresses the MO friction coefficient and the material’s conductivity.
(E.18)

The velocity of variation of the global flux
results from the contribution of
the number
of MO taking place in the magnetization process. This is
expressed as,
(E.19)
Parameter is the cross-sectional area of the magnetic material with assumed
sheet shape. Experimental results obtained by Bertotti for several crystalline
and
magnetic materials show that there exists a linear relationship between
as,
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(E.20)
The energy loss per unit volume originated by the

MO is given by,
(E.21)

Combining expressions yields the following expression for the mean value of
excess loss in units J/m³,
(E.22)
The term outside the integral sign can be adjusted to best match the specific
power loss plots from the manufacturer datasheets [347]-[348].
E.4.4

Simulation results

Figure E.4.4 depicts the inductor current resulting from applying a zero average
square voltage as in the buck converter operation. From the ripple current, the
total inductance is estimated to be 33nH, a value within the specified range
according to the specifications of the miniaturized coil. From the total inductance,
27nH are actually resulting from the simulated cross-sectional area of the power
coil. The other 6nH are added to account for the total portion of the external leads.
The magnetic flux density plot of Figure E.4.5 reveals high stress in the interior
corners and airgap boundaries of the ferrite core that may induce local magnetic
saturation with a consequent loss increase and development of hot spot areas.
The current density distribution of Figure E.4.6 describes high current
crowding in the region nearby the airgap, thus suggesting a dramatic increase of
the conductor resistance in the MHz frequency range. The graph further indicates
that the low conductivity of the ferrite appears very effective in this frequency
range as no signs of Eddy current across the core are present.

Inductor current (A)
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Figure E.4.4 Example of simulated steady state current resulting from an applied squared voltage as
in a buck converter with Vin=12V, Vo=1V, Fs=4MHz and 23A load current.

Figure E.4.5 Magnetic flux density and field lines corresponding to the transient simulation of
Figure E.4.4 at time t=1.53μs.
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Figure E.4.6 Total current density distribution and magnetic field lines corresponding to the
transient simulation of Figure E.4.4 at time t=1.53μs.

Figure E.4.7 shows the simulated coil loss as function of the switching
frequency and load current under typical VR operating conditions. Due to thermal
limitations, the power consumption may typically be limited to a maximum of
~0.5W, which prevents the use of the inductor in the kHz range to avoid excessive
current ripple.

Switching frequency (MHz)
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0.1W
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Load current (A)

PLOT3D( vIo , vFs , Mp0 )
Figure E.4.7 Simulated losses of a buck converter coil as function of the switching frequency and
load current at Vin=12V, Vo=1V and 100°C. Reference part: SCL7649S-360 from Coilcraft.
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As the contour plot indicates, losses are weakly dependent on the switching
frequency above 3MHz since the ripple current amplitude becomes low.
Nonetheless, the maximum load current with negligible ripple current might be
lower than 40A so as to maintain the coil temperature within its specified limits.
Higher current operation may be enabled with the used of heat dissipation
enhancement measures (e.g. fans).
The loss breakdown of Figure E.4.8 shows that in a potential operating target
regime heat generation is mainly dominated by copper losses, while hysteresis and
Eddy current loss in the magnetic material may be neglected. Excess loss appears
as a significant loss mechanism with a ~30% contribution. This is consistent with
[348] and references therein.

Power losses (W)
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Copper loss

Excess loss

Hyteresis loss Eddy current loss
in magnetic core

Figure E.4.8 Estimated buck converter coil loss breakdown. Simulated conditions: Vin=12V,

Vo=0.7V, Fs=2MHz, 33.3A average coil current and 100°C coil temperature.
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Appendix F

Quality factor in resonant gate
drivers

For years, resonant gate drivers have been presented as alternatives to
conventional solutions to drive power MOSFETs with reduced energy loss. The
conceptual idea of resonant gate drivers consists of replacing by an inductance the
resistance of the path through which gate charge flows in the conventional
approach. With the absence of dissipative elements, the full energy required to
change the state of the power device can be controllably recovered and returned to
the power supply, or alternatively stored in auxiliary tanks for reuse. Several basic
circuit topologies have been proposed to most effectively implement this concept
[349]-[350].
Commonly, the inductance of the resonant gate drivers determines the
switching speed of the power MOSFET as the gate resistance does in the
conventional way. Thus, in high switching frequency applications, the use of low
lossy resonant gate drivers featuring low inductance may be of high interest, for
size and switching times need also be reduced.
On the other hand, reducing the gate inductance negatively impacts the gate
losses as soon as parasitic resistances are no longer negligible. In fact, the gate
path circuit is not exempt from dissipative elements. Parasitic resistances exist in
the polysilicon gate of the power MOSFET, in the gate switches and as equivalent
series to the gate inductance and other storage elements that may be present in the
gate circuit. Attempts in reducing the resistance may result in a loss increase due
to the parasitic charge of the gate switches. Therefore, whenever the inductance of
the resonant gate driver is to be minimized, both the gate parasitic charge and
resistance may have to be considered for optimization. This strong loss
dependency on the switching speed in resonant gate drivers contrasts to the
behavior of conventional solutions.
Quality factor Q is a measure of the rate of energy dissipation in a resonant
system. Q is defined as the ratio of energy stored in the resonant circuit and the
energy dissipated per oscillation cycle. Its use is frequent for characterizing the
quality of oscillators.
This section makes use of Q to analyze the performance of the resonant gate
driver topologies of Figure F.1.1 in terms of energy loss, resonant inductor size
and switching speed capability. Simplified resonant gate driver models are
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expressed as a function of the fundamental variable Q. It results into compact and
general analytical close-form expressions that provide easy and direct assessment
as to how the different topologies compare. The magnitudes of comparison are
given in terms of normalized quantities against performance figures of
conventional gate drivers. This further allows highlighting the differences between
resonant and conventional solutions, thereby providing further value,
generalization and compactness to the information contained in the equations.
Seeking for the circuit topology that offers maximum switching speed
capability at minimum energy loss and inductor size, conclusions reveal that such
topology does not exist among those considered. Instead, the topology of choice
must result from compromising driving requirements according to a particular
application. This is illustrated with an example and demonstrated with circuit
simulations employing a rather accurate representation of the gate driver and
power MOSFET. The model allows parameters optimization, such as power
MOSFET chip size and driving voltage, that minimizes the overall power loss in
zero voltage switching applications.

F.1 Gate driver requirements
Further loss reduction in resonant gate drivers is possible in detriment of the
switching speed, e.g. [351], [352], which usually translates into an increase of
switching losses in the power train, i.e. energy dissipation in the channel and/or
body diode of the power MOSFET. In some cases it may even occur that the loss
reduction achieved in the gate does not compensate the loss increase in the power
train. An optimum switching time must therefore exist that minimises the overall
losses.
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Figure F.1.1 Investigated resonant gate driver topologies.

Hard-switching operation of the power device usually involves faster switching
times than zero voltage switching, ZVS. Since the benefits can thus be greater, this
work focuses on the study of resonant gate drivers for ZVS applications.
In the following example, the resonant gate driver (a) from Figure F.1.1 is
designed to illustrate the demands for driving a synchronous rectifier MOSFET of
a step down converter for high current applications. Table F.1-I summarizes the
most relevant parameters of the proposed application example.
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Table F.1-I Case example. Parameter values of resonant gate driver topology (a).

Basic specifications of synchronous buck
converter

Input voltage=12V,
Output voltage=1.5V,
Average output current=15A,
Output ripple current=6A,
Switching frequency=3MHz

Power MOSFET (SyncFET)

Ciss=0.61nF/mm²,
Specific ON resistance=25mΩ/mm²,
Chip area=11mm²,
Polysilicon gate resistance=RGM=0.2Ω

MOSFET switches S1 and S2

ON resistance=RSc=0.7Ω,
Ciss=CiSc=57pF,
Coss=CoSc=57pF

2 anti‐series MOSFET switch S3

ON resistance=RSr=0.2Ω,
Ciss=CiSr=0.4nF,
Coss=CoSr=0.2nF (values of one MOSFET)

Gate driving voltages

Gate switches=VdrvS=3.5V,
Power MOSFET=7V (VS=3.5V)

Dead times

4ns for both leading and falling edges

Gate inductor LGr

25nH, negligible ESR
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Figure F.1.2 Switching cycle operation of topology (a) for a case example upon optimized power
loss conditions (see Table C.1-I).

A circuit model of both driver and power MOSFET is employed for carrying
out parameter sweeps that yield identification of minimum energy loss conditions.
Optimized parameters include the chip area of the power device, inductance LGr
and driving voltage VS. Figure F.1.2 shows simulated waveforms of the steady
state switching cycle operation upon optimized conditions 13. Both drain current id
and drain-to-source voltage vDS are accurately predicted during third quadrant
operation, when the losses in the channel and body diode are mainly generated.
Note that the third quadrant behavior is modeled according to [353] and [354].
Furthermore, the simulation incorporates dead time control functionality to
minimize body diode conduction. An algorithm controls the beginning of the turnON and OFF times such that the minimum voltage across vDS equals to a
predefined value, Vthd. In the example of Figure F.1.2, Vthd=-0.3V, which
corresponds to a dead time (td) of approximately 4ns for both leading and falling
13 The loss model is described in the following sections.
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edge transitions of vGS. Dead time td is defined as the interval between the time
instant for vDS to reach the threshold voltage VTH of the power MOSFET and the
time of reversion of vDS.
As depicted in the lowest plot of Figure F.1.2, energy loss in gate results from
current through the parasitic gate resistances during the switching times and from
the stored charge of parasitic capacitances from switches S1-S3. Note that all
parasitic elements of the gate circuit are assumed linear. Significant energy loss
also occurs across the terminals drain and source during the switching times as a
consequence of the channel resistance and current id. This loss contribution can be
reduced by further shortening the dead times, or increasing the switching speed.
The latter is possible by reducing LGr, as illustrated in Figure F.1.3, which depicts
the power loss dependence on resonant inductor LGr and for various dead times.

Power loss (W)
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50
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Resonant gate inductance LGr (nH)
Total loss (td=4ns)
Channel loss (td=4ns)
Gate drive loss

Total loss (td=11ns)
Channel loss (td=11ns)

Figure F.1.3 Power loss in both power MOSFET channel and gate circuit as function of LGr and for
various dead times.

It becomes obvious that the dead time increase significantly worsens the overall
power loss. Thus, faster switching speed is required, which limits the size of LGr.
In the given example, the optimum size of LGr varies from 25nH to just a few nH
for a dead time increase of 7ns. It indicates that the loss reduction achieved with
the use of resonant gate drivers may be extremely conditioned by the switching
speed demands.
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F.2 Formulation of basic resonant gate driver
topologies
This section describes various fundamental resonant gate drive topologies as
function of Q, and compares their performance in terms of switching speed,
energy loss and inductor size.
F.2.1

Basic resonant gate driver topologies

Figure F.1.1 shows the four different fundamental resonant gate driver
topologies under investigation. Topology (a) corresponds to [355], whereas (b) is
proposed by [356], (c) by [357] and (d) by [351].
F.2.2

Assumptions and definitions

Along the formulation it is assumed that the driven power MOSFET operates in
ZVS. Thus, its input capacitance may be assumed fairly linear. A capacitance Ciss
is defined as the average input capacitance over the operating gate voltage range.
Likewise, the output and input capacitance of the gate switches CoS and CiS are
defined as average quantities. The switches of the gate driver are MOSFETs. Their
parasitic ON resistance and capacitances are related by the figure of merits
FoMi=CiSRS and FoMo=CoSRS. ON resistance RS is assumed linear and
independent on the current flow. Further parasitic elements may also be
considered, like the equivalent series resistance of the resonant inductor and the
gate resistance of the power MOSFET. The turn-on and turn-off times of the gate
switches are assumed ideally zero.
Topologies (a) and (b) require switch S3 to be bidirectional. Such feature is
realized by means of two anti-series MOSFETs.
In the next sections, the energy loss and switching speed of the resonant gate
drivers are expressed as normalized quantities against those of conventional gate
drivers, which are given by,
1
2

2

5

(F.1)

(F.2)

Parameters CiSc, CoSc and RSc are the input capacitance, the output capacitance
and the ON resistance of the gate switches, respectively. Voltage VdrvS is the
driving voltage of the gate switches. The energy loss of (F.1) corresponds to one
switching transient. The switching time of (F.2) is defined as the time required to
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reach 99.3% the final value after beginning of commutation. Note that the impact
of the parasitic inductances on the switching time is neglected.
F.2.3

Resonant gate driver (a)

The principle of operation of this resonant gate driver is described in the
example of Figure F.1.2. Power loss occurs due to three different causes: The
stored charge in the gate switches S1-S3, the resonant current through the parasitic
resistances during the charge of Ciss, and the voltage clamping across Ciss at the
end of the resonant transitions. Based on the aforementioned assumptions the
following normalized energy loss expression for one switching transition can be
obtained,
1

1
2

2
1

,

2

2

(F.3)

2

,

(F.4), (F.5), (F.6),
(F.7)

,

As indicated in Table C.1-I, RSc and CoSc refer to clamping switches S1 and S2.
RSr is the ON resistance of any of the two MOSFETs constituting bidirectional
switch S3. VdrvS is the driving voltage of gate switches S1-S3. As α increases,
expression (F.3) tends to,
1
1
2

(F.8)

The series equivalent resonant capacitance is approximated as the sum of Ciss
and CoSc, which yields the following quality factor,
1
2

2

(F.9)

Resistances RL and RGM are the parasitic equivalent series resistances (ESRs) of
and the power MOSFET, respectively.
The normalized switching time can also be analytically calculated as function
of Q as follows,
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1

1
5

(F.10)

2

(F.11)

2

The first term in (F.10) refers to the time during the resonant transition,
whereas the second one accounts for the time after the activation of the clamping
switch, i.e. S1 at turn-on, and S2 at turn-off. This latter term is valid as long as the
voltage across Ciss at the end of the resonant transition has not yet arrived at the
99.3% of its final value. It should otherwise be ignored, that is, whenever the term
within the logarithm becomes lower than one.
Due to the assumed linearity at the transitions, equations (F.3)-(F.11) apply to
both turn-on and turn-off transients.
F.2.4

Resonant gate driver (b)

This topology is conceptually equal to (a) with respect to the resonant charge
duration, i.e. half resonant period, as well as the clamping means. The main
difference lays in its realization, which allows the use of a single power supply.
For an optimum operation, capacitance C is set to equal to Ciss, whereas the output
capacitance of switches S1 and S2 should equal half value from that of switch S4.
The principle of operation is as follows: Prior to turn-off, switch S4 resets
voltage across C. At turn-off, the stored energy in Ciss is resonantly transferred to
C through switch S3. Switch S2 clamps vGS to zero at the end of the resonant semicycle. The stored energy in C is sent back to Ciss at turn-on. Switch S1 clamps the
ON state to voltage VS as soon as current iGr reaches zero at the end of the resonant
semi-cycle.
Similarly to topology (a), the normalized energy loss against (F.1) can be
calculated by,
1

2

1
16

2 1
1

2

4

1
(F.12)
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2√2

,

(F.13), (F.14)

1
2√2

1
2

1
3
4

(F.15)

2

2

(F.16)

Expression (F.12) simplifies to (F.16) for large α. The switching time results,
after normalization, in,
√

2

2
5

1
5

√

1
2

2

(F.17)

(F.18)

As in topology (a), the second term in (F.17) should be ignored whenever it
becomes negative.
The symmetry of the turn-on and turn-off transitions allows the use of
(F.12)-(F.18) to obtain the total power loss in gate.
F.2.5

Resonant gate driver (c)

As in drivers (a) and (b), topology (c) resonantly charges Ciss. The duration of
the transition is though approximately one quarter of the resonant period, just
when vGS is clamped by the action of the diodes. The remaining stored energy in
LGr is delivered to VS after the resonant interval. The normalized energy loss
within one switching interval can be derived from the following expression,
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2

0.5
0.5

(F.19)

where,
1

2

(F.20)

1

1
2

1

(F.21)

1

2

1

tan

1

1
2

2
1
2

2

,

2

1

(F.22)

(F.23)

(F.24), (F.25)

Voltage
in (F.25) is the forward voltage of the diodes. Their ESR is
neglected. The quality factor differs from topologies (a) and (b) as,
1

(F.26)

The normalized energy losses of (F.20) to (F.22) are related to the resonant
transition, the time interval of energy recovery of LGr, and the contribution of the
clamping diodes, respectively.
Finally, the normalized switching time is,
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1
5

(F.27)

(F.28)
Equations (F.19)-(F.28) are applicable to both turn-on and turn-off switching
times. For large α, (F.19) simplifies to the sum of (F.20) to (F.22).
F.2.6

Resonant gate driver (d)

Unlike topologies (a) to (c), this resonant gate driver employs LGr as a constant
current means to charge Ciss. One of the conditions to guarantee the principle of
operation is that the time constant formed by LGr and the parasitic resistances of
the charging path has to be much larger than the converter’s switching period. For,
say, a factor 5 higher, the following minimum Q is required,
5

√2

(F.29)

1
Where

is defined as,
1

6 ·

6

(F.30)

Furthermore, d is the duty cycle and p is the ratio switching time to the
switching period. Resistance RC is the ESR of blocking capacitor C. The quality
factor is, for this topology,
1
2

(F.31)

Approximating the input capacitance of the power MOSFET as the sum of Ciss
and 2CoSc, and following the assumptions from [351] yield the following
expressions for the normalized energy loss,
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2

2
2
2

1

2

2

1

(F.32)

(F.33)

6
The normalized switching time is,
2

1

2
1

5

(F.34)

(F.35)
Finally, combining (F.29) and (F.35) yields the minimum normalized switching
time capability of the driver,
2

1
1

2
(F.36)

F.3 Topology comparison
The formulation provided previously is used in this section to compare the
proposed topologies. Table F.3-I summarizes the values assigned to the gate driver
parameters, which may correspond to an application example similar to that of
section F.2. Note that parameter α may rather be higher in topologies (a) and (b)
than in (c) and (d) as the ON resistance of clamping switches S1 and S2 of the first
ones do not affect Q (see (F.9), (F.15), (F.26) and (F.31)).
Figure F.3.1 compares the required quality factor among the 4 topologies. As
already indicated, Q increases monotonically with the switching time in all cases,
that is to say, the switching time increases with LGr.
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Table F.3-I Parameter values of the analyzed resonant gate drivers.

Topology (a)

=100, =1, =1,

=2,

=1

Topology (b)

=100, =1, =1,

=2,

=1

Topology (c)

=50, =1, =1,

=0.5,

=0.95,

Topology (d)

=50, =1, =1,

=1.2,

( =5%)=1, =50%

=0.1

1 .10

Quality factor
factor Q
Q

3

100

(a)
(b)
(c)
(d) p=6%
(d) p=2%

10

1
0.1

1

10

100

Normalised switching time
Figure F.3.1 Quality factor vs. normalized switching time of the proposed resonant gate driver
topologies.

However, there exist large differences in the required Q depending on the
topology of choice. Topology (a) features the lowest required Q, whereas topology
(d) may need as much as a factor 10 higher than (a) for low p. This translates into
an inductance 100 times larger for equal values of C and R in Q.
Somewhere in between is found topology (c), which offers the shortest
switching times, even shorter than conventional gate drivers at very low Q.
Topology (d) has the lowest switching speed capability, limited to a factor 7
slower than conventional gate drivers in the given example. It is followed by
topology (a), with a factor 1.5 slower at Q=0.5.
Figure F.3.2 compares the loss reduction as function of the switching speed.
Requiring the largest Q, topology (d) features the highest energy reduction at low
switching times. The overall performance of this driver in terms of loss reduction
and Q improves as p increases. Its use is though limited to rather large switching
times.
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Topology (a) provides the second best energy loss reduction capability at
moderate and high switching times.
On the other hand, topologies (b) and (c) show the best performance in
switching speed, though in detriment of rather high energy losses, e.g. close to
70% for topology (c) at normalized switching time equal to one.
In general terms, Table F.3-II summarizes the information contained in Figure
F.3.1 and Figure F.3.2.

Normalised energy loss (%)

100

(a)
(b)
(c)
(d) p=6%
(d) p=2%
10
0.1

1

10

100

Normalised switching time
Figure F.3.2 Normalized energy loss vs. normalized switching speed of the proposed resonant gate
driver topologies.

Table F.3-II Summary of the topology comparison study.

Switching speed

Inductance size

Loss savings

Topology (a)
Topology (b)

⌧

Topology (c)

⌧

Topology (d)
: Pros; ⌧: Cons

⌧

⌧
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F.4 Application example
The above analysis suggests that the topology of choice must be dependent on
the application. This implies to know a priori the characteristics of the power
MOSFET, its mode of operation as well as the particular electrical conditions in
the power train.
This section compares the performance of a conventional gate driver with
topologies (a) and (c) for the application example given in section F.2. In order to
ensure minimum power losses, circuit parameters are optimized accordingly, as
described in section F.2. Results are shown in Table F.4-I and Table F.4-II for
topology (c) and a conventional gate driver, respectively. The optimization results
of topology (a) are given in Table C.1-I.
Power losses are calculated from simulated waveforms like shown in Figure
F.1.2, Figure F.4.1 and Figure F.4.2. The gate drive losses result in the magnitudes
predicted by the equations of section F.3. Gate charge losses are obtained
considering the assumptions of section F.3.
Figure F.4.3 shows the overall power loss for each case upon optimized
conditions. Topology (c) improves the overall losses (i.e. channel and driver) by
23%, whereas topology (a) does it by 34%. The main improvement with respect to
the conventional solution lays on the gate driver part, though channel losses are
also reduced. The latter is achieved in topology (a) with a smaller chip size power
MOSFET due to a significantly higher VS value.
Table F.4-I Optimized circuit parameters of topology (c).

Clamping switches S1 and S2

Input RDSon=RSc=0.3Ω, FoMi=FoMo=40ps

Power MOSFET (SyncFET)

Chip area=13mm²

Gate driving voltage

Gate switches VdrvS=5.5V,
Power MOSFET VS=5.5V

Resonant gate inductor LGr

50nH, negligible ESR

Table F.4-II Optimized circuit parameters of a conventional gate driver.

Clamping switches S1 and S2

Input RDSon=RSc=0.4Ω, FoMi=FoMo=40ps

Power MOSFET (SyncFET)

Chip area=13.5mm²

Gate driving voltage

Gate switches VdrvS=4.5V,
Power MOSFET VS=4.5V
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0
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Figure F.4.1 Switching cycle operation of topology (c) for a case example upon optimized power
loss conditions.

The optimum switching time of the resonant gate drivers is relatively high, e.g.
60ns in case of topology (a). As illustrated in section F.2, this relaxed switching
speed requirements are influenced by the soft switching operation of the power
MOSFET as well as the short dead times. Thus, according to Figure F.3.2,
topologies (a) and (d) provide higher loss reduction than (b) and (c). This agrees
with the results of Figure F.4.3. The optimized inductance results are also
consistent with the predictions of Figure F.3.1, i.e. topology (a) offers the lowest
inductance, just 25nH, which might well be suitable for integration. This contrasts
with typical inductances for topology (d), which may provide even higher loss
reduction, yet in detriment of a significantly higher inductance.
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Figure F.4.2 Switching cycle operation of a conventional gate driver for a case example upon
optimized power loss conditions. Switches S1 and S2 refer to the upper and lower switch, respectively.
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Figure F.4.3 Power loss comparison of various optimized gate drivers.
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F.5 Experimental results
The circuit model and equations of section F.3 corresponding to the
conventional gate driver and topology (a) are experimentally validated. Figure
F.5.1 shows the good agreement between experimental and simulated waveforms
as well as measured and predicted power losses upon various operating conditions.
Note that the gate drive losses of the gate switches are not considered.
In order to validate (F.1), Figure F.5.2 compares the measured and predicted
power loss of a conventional gate driver. Table F.5-I provide information of the
measurement setup.
Table F.5-I Experimental setup data.

Clamping switches S1 and S2 (used for
conventional gate driver as well)

2xN‐channel MOSFETs TN0200T from
Vishay, RDSon=0.25Ω, Coss=160pF

Bidirectional switch S3 (2 anti‐series
MOSFETs)

2xN‐channel MOSFETs PHN110 from NXP
Semiconductors, RDSon=0.1Ω, Coss=400pF

Power MOSFET (SyncFET)

Replaced by a ceramic capacitor:
Negligible RGM, Ciss=6.9nF

Gate driving voltage Vs

10V

Switching frequency Fs

1MHz (Unless otherwise specified)

Resonant gate inductor LGr

See Figure F.5.1, negligible ESR
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Figure F.5.1 Measured and simulated data of topology (a) for various LGr.
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Figure F.5.2 Conventional gate driver losses as function of switching frequency.
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F.6 Discussion and conclusions
Several aspects shall be considered: First, the polysilicon gate resistance RGM
strongly impacts power losses and thus it should be reduced. Current typical
values are near to 1Ω, which may yield to a poor loss reduction, as illustrated in
Figure F.6.1. Note that the sudden gradient change in the channel loss curve at
around 0.45Ω is entirely attributed to artifacts of the dead time controller. Second,
the switching speed of conventional gate drivers is typically limited by the
saturation of the gate switches due to the high current peaks. This may be
mitigated in resonant gate drivers since current peaks are lower. Third, slowing
down the switching speed may limit the use of extreme duty cycles. Four,
miniaturization is typically the main motivation for going into high switching
frequency operation. Topologies (a) and (b) may offer the lowest inductance, that
is, the smallest size. Yet, both circuit and mode of operation are in principle more
complex than topologies (c) and (d). When size and switching speed are less
demanding, then topology (d) may be the most appropriate choice, for its
simplicity and reduced power loss. Five, considerations of the power MOSFET’s
operating conditions are crucial to identify the topology of choice and optimize
design parameters.
40

30
0.5
20

0

0

Loss reduction (%)

Power loss (W)

1

10
1

0.5

Power MOSFET gate resistance RGM (Ω)
Total loss
Channel loss

Gate drive loss
Loss reduction (%)

Figure F.6.1 Influence of power MOSFET gate resistance on power losses. Results refer to
application example of section F.2 employing topology (a).
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Appendix G

Experimental prototypes

This section presents the circuit diagrams and PCB layouts of the prototype
boards employed throughout this thesis work. Three different converter circuits
are experimented with for different purposes:
- Synchronous buck converter prototype for switching measurements
- Point-of-load converter based on discrete LFPak based MOSFETs for
efficiency measurements
- Multi-phase buck converter based on the IPM PIP212-12M for efficiency
measurements

G.1 Synchronous buck converter board
Experimental switching waveforms presented in the model validation section of
Chapter 2 are based on the following circuit board. Furthermore, MOSFET
characterization parameters such as reverse recovery are also performed with this
PCB as it allows both current and voltage measurements in practically all relevant
loops and nodes of the switched converter. The board is designed for 30V
MOSFET devices and it allows high current, high frequency switching operation.
MOSFETs temperature control is enabled by means of thermal pads on the bottom
layer, right underneath the switch devices. External pulse generator for the
individual control of the switches is required.
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Figure G.1.1 Synchronous buck converter prototype board. Designed by Dr. Tobias Tolle from
Philips Research.
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Figure G.1.2 Circuit diagram of a synchronous buck converter prototype board of Figure G.1.1.
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Figure G.1.3 PCB design of top layer corresponding to the test board of Figure G.1.1.
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Figure G.1.4 PCB design of inner layer corresponding to the test board of Figure G.1.1.
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Figure G.1.5 PCB design of bottom layer corresponding to the test board of Figure G.1.1.
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Figure G.1.6 PCB design of top overlay corresponding to the test board of Figure G.1.1.
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G.2 Point-of-load demo board
The main purpose of this demo board for LFPak MOSFETs is to demonstrate
the highest possible efficiency in an industry standard module size of 33x14.2mm
with the existing device technologies. Simulation results comparing Trench4 with
Trench6 in Chapter 6 are performed on this test board, which is designed to
feature low parasitic inductances and allow load currents up to 20A. The PoL is
equipped with a commercial synchronous buck converter regulator for high
switching frequency operation with automatic dead time reduction and other loss
saving features.

Figure G.2.1 Point-of-load demo board. Designed by Victor Guijarro from Philips Semiconductors.
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Figure G.2.2 Circuit diagram of a synchronous buck converter prototype board of Figure G.2.1.
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Figure G.2.3 PCB layer design corresponding to the demo board of Figure G.2.1.
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Figure G.2.4 Measured switched-node waveform from PoL demo board of Figure G.2.1. Employed
MOSFETs: PH3330L (SyncFET) and PH8030L (CtrlFET). Conditions: Vin=12V, Vo=2.5V, Io=17A.
Scope settings: 500ns/div.

Figure G.2.5 Measured switched-node waveform from PoL demo board of Figure G.2.1. Employed
MOSFETs: PH3330L (SyncFET) and PH8030L (CtrlFET). Conditions: Vin=12V, Vo=2.5V, Io=17A.
Scope settings: 100ns/div.
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G.3 Multiphase VR demo board
This VR demo board allows performance evaluations of the IPM PIP212-12M
in multiphase operation driving load currents up to 140A. The nominal source
voltage is 12V and can be converter down to 0.8V. Phases are controlled by a
central unit and can be individually disabled. The demonstration board contains a
low power onboard switching regulator to provide the gate drive voltage of the
SyncFET and drive a series of LED indicators, which are turned-off for efficiency
measurements. The experimental curves of the PIP212-12M from Chapter 3 are
based on this test board.

Figure G.3.1 Multiphase voltage regulator test board. Designed by Dr. Phil Good, from Philips
Semiconductors.

Figure G.3.2 Circuit diagram of the multiphase VR test board of Figure G.3.1. Multiphase regulator
section.
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Figure G.3.3 Circuit diagram of the multiphase VR test board of Figure G.3.1. Converter phases.
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Figure G.3.4 Circuit diagram of the multiphase VR test board of Figure G.3.1. Low power
regulator and signal LED circuitry.
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Figure G.3.5 PCB design of top layer corresponding to the test board of Figure G.3.1.
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Figure G.3.6 PCB design of inner layer1 corresponding to the test board of Figure G.3.1.
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Figure G.3.7 PCB design of inner layer 2 corresponding to the test board of Figure G.3.1.
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Figure G.3.8 PCB design of bottom layer corresponding to the test board of Figure G.3.1.
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Figure G.3.9 PCB design of top overlay corresponding to the test board of Figure G.3.1.
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Figure G.3.10 PCB design of bottom overlay corresponding to the test board of Figure G.3.1.
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